ELECTRONICS
Handbook mi

i



POWER
ELECTRONICS
HANDBOOK




This page intentionally left blank



POWER
ELECTRONICS
HANDBOOK

DEVICES, CIRCUITS, AND APPLICATIONS

Third Edition

Edited by
Muhammad H. Rashid, Ph.D.,

Fellow IET (UK), Fellow IEEE (USA)
Professor

Electrical and Computer Engineering
University of West Florida
11000 University Parkway

Pensacola, FL 32514-5754, U.S.A.
Phone: 850-474-2976

e-mail: mrashid@uwf.edu

AMSTERDAM e BOSTON e HEIDELBERG e LONDON e NEW YORK e OXFORD
PARIS e SAN DIEGO e SAN FRANCISCO e SINGAPORE e SYDNEY e TOKYO

Butterworth-Heinemann is an imprint of Elsevier



Butterworth-Heinemann is an imprint of Elsevier
30 Corporate Drive, Suite 400, Burlington, MA 01803, USA
Linacre House, Jordan Hill, Oxford OX2 8DP, UK

Second edition 2007
Third edition 2011

Copyright © 2011, Elsevier Inc. All rights reserved.

No part of this publication may be reproduced, stored in a retrieval system, or transmitted in any form or by any
means, electronic, mechanical, photocopying, recording, or otherwise, without the prior written permission of
the publisher.

Permissions may be sought directly from Elsevier’s Science & Technology Rights Department in Oxford, UK:
phone: (+44) 1865 843830, fax: (+44) 1865 853333, E-mail: permissions@elsevier.com. You may also complete
your request online via the Elsevier homepage (http://elsevier.com), by selecting “Support & Contact” then
“Copyright and Permission” and then “Obtaining Permissions.”

Library of Congress Cataloging-in-Publication Data
Power electronics handbook : devices, circuits, and applications handbook / edited by
Muhammad H. Rashid. — 3rd ed.
p. cm.
ISBN 978-0-12-382036-5

1. Power electronics — Encyclopedias. I. Rashid, M. H.

TK7881.15.P6733 2010

621.31'7—dc22

2010038332

British Library Cataloguing-in-Publication Data
A catalogue record for this book is available from the British Library.

ISBN: 978-0-12-382036-5

For information on all Butterworth-Heinemann publications
visit our Web site at www.elsevierdirect.com

Printed in the USA
101112 10987654321

Working together to grow
libraries in developing countries

www.clsevier.com | www.bookaid.org | www.sabre.org

ELSEVIER  BQOKAID  qaphre Foundation



Dedication

To those who promote power electronics and inspire students for finding applications for
the benefits of the people and the environment in the global community



This page intentionally left blank



Chapter 1

Table of Contents

Introduction

Philip T. Krein

Department of Electrical and Computer Engineering
University of Illinois

Urbana, Illinois, USA

Section I: Power Electronics Devices

Chapter 2

Chapter 3

Chapter 4

Chapter 5

The Power Diode

Ali 1. Maswood

School of EEE

Nanyang Technological University
Nanyang Avenue, Singapore

Power Bipolar Transistors

Marcelo Godoy Simoes
Engineering Division
Colorado School of Mines
Golden, Colorado, USA

The Power MOSFET

Issa Batarseh

School of Electrical Engineering and Computer Science
University of Central Florida

4000 Central Florida Blvd.

Orlando, Florida, USA

Insulated Gate Bipolar Transistor

S. Abedinpour and K. Shenai

Department of Electrical Engineering and Computer Science
University of Illinois at Chicago

851, South Morgan Street (M/C 154)

Chicago, Illinois, USA

17

29

43

73

vii



viii

Chapter 6

Chapter 7

Chapter 8

Chapter 9

Thyristors

Angus Bryant

Department of Engineering
University of Warwick
Coventry CV4 7AL, UK

Enrico Santi

Department of Electrical Engineering
University of South Carolina
Columbia, South Carolina, USA

Jerry Hudgins

Department of Electrical Engineering
University of Nebraska

Lincoln, Nebraska, USA

Patrick Palmer
Department of Engineering
University of Cambridge
Trumpington Street
Cambridge CB2 1PZ, UK

Gate Turn-off Thyristors

Muhammad H. Rashid

Electrical and Computer Engineering
University of West Florida

11000 University Parkway
Pensacola, Florida 32514-5754, USA

MOS Controlled Thyristors (MCTs)

S. Yuvarajan

Department of Electrical Engineering
North Dakota State University

P.O. Box 5285

Fargo, North Dakota, USA

Static Induction Devices

Bogdan M. Wilamowski

Alabama Microelectronics Science and Technology Center
Auburn University

Alabama, USA

Section II: Power Conversion

Chapter 10

Diode Rectifiers

Yim-Shu Lee and Martin H. L. Chow

Department of Electronic and Information Engineering
The Hong Kong Polytechnic

University Hung Hom

Hong Kong

Table of Contents

91

117

125

135

149



Table of Contents

Chapter 11

Chapter 12

Chapter 13

Chapter 14

Chapter 15

Chapter 16

Chapter 17

Single-phase Controlled Rectifiers

José Rodriguez, Pablo Lezana,

Samir Kouro, and Alejandro Weinstein
Department of Electronics

Universidad Técnica Federico

Santa Maria, Valparaiso, Chile

Three-phase Controlled Rectifiers

Juan W. Dixon

Department of Electrical Engineering
Pontificia Universidad Catdlica de Chile
Vicufia Mackenna 4860, Santiago, Chile

DC-DC Converters

Dariusz Czarkowski

Department of Electrical and Computer Engineering
Polytechnic University

Brooklyn, New York, USA

DC/DC Conversion Technique and Twelve Series Luo-converters

Fang Lin Luo

School of EEE, Block S1

Nanyang Technological University
Nanyang Avenue, Singapore

Hong Ye

School of Biological Sciences, Block SBS
Nanyang Technological University
Nanyang Avenue, Singapore

Inverters

José R. Espinoza

Departamento de Ingenieria Eléctrica, of. 220
Universidad de Concepcién Casilla 160-C, Correo 3
Concepcidn, Chile

Resonant and Soft-switching Converters

S. Y. (Ron) Hui and Henry S. H. Chung
Department of Electronic Engineering
City University of Hong Kong

Tat Chee Avenue, Kowloon

Hong Kong

Multilevel Power Converters

Surin Khomfoi
King Mongkut’s Institute of Technology Ladkrabang
Thailand

Leon M. Tolbert

The University of Tennessee

Department of Electrical Engineering and Computer Science
Knoxville, Tennessee, USA

ix

183

205

249

265

357

409

455



X

Chapter 18

Chapter 19

Chapter 20

AC-AC Converters

A. K. Chattopadhyay

Department of Electrical Engineering
Bengal Engineering ¢ Science University
Shibpur, Howrah, India

Power Factor Correction Circuits

Issa Batarseh and Huai Wei

School of Electrical Engineering and Computer Science
University of Central Florida

4000 Central Florida Blvd.

Orlando, Florida, USA

Gate Drive Circuitry for Power Converters

Irshad Khan

University of Cape Town
Department of Electrical Engineering
Cape Town, South Africa

Section III: General Applications

Chapter 21

Chapter 22

Chapter 23

Chapter 24

Power Electronics in Capacitor Charging Applications

William C. Dillard

Archangel Systems, Incorporated
1635 Pumphrey Avenue Auburn
Alabama, USA

Electronic Ballasts

J. Marcos Alonso

Electrical Engineering Department
University of Oviedo

Campus de Viesques s/n

Edificio de Electronica

33204 Gijon, Asturias, Spain

Power Supplies

Y. M. Lai

Department of Electronic and Information Engineering
The Hong Kong Polytechnic University

Hong Kong

Uninterruptible Power Supplies

Adel Nasiri

Power Electronics and Motor Drives Laboratory
University of Wisconsin-Milwaukee

3200 North Cramer Street

Milwaukee, Wisconsin, USA

Table of Contents

487

523

549

567

573

601

627



Table of Contents

Chapter 25

Chapter 26

Automotive Applications of Power Electronics

David J. Perreault

Massachusetts Institute of Technology

Laboratory for Electromagnetic and Electronic Systems
77 Massachusetts Avenue, 10-039

Cambridge, Massachusetts, USA

Khurram Afridi
Techlogix, 800 West Cummings Park
1925, Woburn, Massachusetts, USA

Iftikhar A. Khan

Delphi Automotive Systems
2705 South Goyer Road
MS D35 Kokomo

Indiana, USA

Solid State Pulsed Power Electronics

Luis Redondo

Instituto Superior de Engenharia de Lisboa

DEEA, and Nuclear Physics Center fom Lisbon University
Av. Prof. Gama Pinto 2, 1649-003 Lisboa, Portugal

J. Fernando Silva

TU Lisbon, Instituto Superior Técnico, DEEC, A.C. Energia,
Center for Innovation on Electrical and Energy Engineering
AV. Rovisco Pais 1, 1049-001 Lisboa, Portugal

Section IV: Power Generation and Distribution

Chapter 27

Chapter 28

Photovoltaic System Conversion

Dr. Lana El Chaar, Ph. D.
Electrical Engineering Department
The Petroleum Institute

P.O. Box 2533, Abu Dhabi, UAE

Power Electronics for Renewable Energy Sources

C. V. Nayar, S. M. Islam

H. Dehbonei, and K. Tan

Department of Electrical and Computer Engineering
Curtin University of Technology

GPO Box U1987, Perth

Western Australia 6845, Australia

H. Sharma

Research Institute for Sustainable Energy
Murdoch University

Perth, Western Australia, Australia

X1

643

669

711

723



Xii

Chapter 29

Chapter 30

Chapter 31

Chapter 32

High-Frequency Inverters: From Photovoltaic, Wind,
and Fuel-Cell-Based Renewable- and Alternative-Energy
DER/DG Systems to Energy-Storage Applications

S. K. Mazumder

Department of Electrical and Computer Engineering

Director, Laboratory for Energy and
Switching-Electronics Systems (LESES)
University of Illinois

Chicago, USA

Wind Turbine Applications

Juan M. Carrasco, Eduardo Galvin, and
Ramén Portillo

Department of Electronic Engineering
Engineering School, Seville University, Spain

HVDC Transmission

Vijay K. Sood
Hydro-Quebec (IREQ), 1800 Lionel Boulet
Varennes, Quebec, Canada

Flexible AC Transmission Systems

E. H. Watanabe

Electrical Engineering Department
COPPE/Federal University of Rio de Janeiro
Brazil, South America

M. Aredes

Electrical Engineering Department
Polytechnic School and COPPE/
Federal University of Rio de Janeiro
Brazil, South America

P. G. Barbosa

Electrical Engineering Department
Federal University of Juiz de Fora
Brazil, South America

F. K. de Aratijo Lima

Electrical Engineering Department
Federal University of Ceara

Brazil, South America

R. E. da Silva Dias

Pos-doctoral Fellow at Toronto

University supported by Capes Foundation
Ministry of Education

Brazil, South America

G. Santos
Eneltec- Energia Elétrica e Tecnologia
Brazil, South America

Table of Contents

767

791

823

851



Table of Contents

Section V: Motor Drives

Chapter 33

Chapter 34

Chapter 35

Drives Types and Specifications

Yahya Shakweh
Technical Director
FKI Industrial Drives ¢& Controls, England, UK

Motor Drives

M. E Rahman

School of Electrical Engineering and Telecommunications
The University of New South Wales, Sydney

New South Wales 2052, Australia

D. Patterson

Northern Territory Centre for Energy Research
Faculty of Technology

Northern Territory University

Darwin, Northern Territory 0909, Australia

A. Cheok

Department of Electrical and Computer Engineering
National University of Singapore

10 Kent Ridge Crescent

Singapore

R. Betz

Department of Electrical and Computer Engineering
University of Newcastle, Callaghan

New South Wales, Australia

Novel Al-Based Soft Computing Applications in Motor Drives

Adel M. Sharaf and Adel A. A. El-Gammal
Centre for Engineering Studies,

Energy Research, University of

Trinidad and Tobago UTT

Point Lisas Campus, Esperanza Road
Brechin Castle, Couva. P.O. Box 957

Section VI: Control

Chapter 36

Advanced Control of Switching Power Converters

J. Fernando Silva and
Sénia Ferreira Pinto
TU Lisbon, Instituto Superior Técnico, DEEC

A.C. Energia, Center for Innovation on Electrical and Energy Engineering

AV. Rorisco Pais 1
1049-001 Lisboa, Portugal

Xiii

881

915

993

1037



Xiv

Chapter 37

Chapter 38

Chapter 39

Fuzzy Logic Applications in Electrical Drives and Power Electronics

Ahmed Rubaai
Electrical and Computer Engineering Department

Howard University, Washington
DC 20059, USA

Paul Young
RadiantBlue Technologies, 4501
Singer Ct, Ste 220, Chantilly, VA 2015

Abdu Ofoli

Electrical Engineering Department

The University of Tennessee at Chattanooga
Chattanooga, TN 37403, USA

Marcel J. Castro-Sitiriche

Electrical and Computer Engineering Department
University of Puerto Rico at Mayagiiez

Mayagiiez, Puerto Rico, 00681

Artificial Neural Network Applications in Power Electronics and Electrical Drives

B. Karanayil and M. F. Rahman

School of Electrical Engineering and Telecommunications
The University of New South Wales

Sydney, New South Wales 2052, Australia

DSP-based Control of Variable Speed Drives

Hamid A. Toliyat

Electrical and Computer Engineering Department
Texas AM University, 3128 Tamus

216g Zachry Engineering Center

College Station, Texas, USA

Mehdi Abolhassani

Black & Decker (US) Inc.
701 E Joppa Rd., TW100
Towson, Maryland, USA

Peyman Niazi

Maxtor Co.

333 South St., Shrewsbury
Massachusetts, USA

Lei Hao

Wavecrest Laboratories

1613 Star Batt Drive

Rochester Hills, Michigan, USA

Section VII: Power Quality and EMI Issues

Chapter 40

Power Quality

S. Mark Halpin and Angela Card

Department of Electrical and Computer Engineering
Auburn University

Alabama, USA

Table of Contents

1115

1139

1155

1179



Table of Contents

Chapter 41

Chapter 42

Section VIII:

Chapter 43

Chapter 44

Active Filters

Luis Mordn

Electrical Engineering Dept.
Universidad de Concepcién
Concepcién, Chile

Juan Dixon

Electrical Engineering Dept.
Universidad Catélica de Chile
Santiago, Chile

EMI Effects of Power Converters

Andrzej M. Trzynadlowski
Electrical Engineering Department
University of Nevada

260 Reno, Nevada, USA

Simulation and Packaging

Computer Simulation of Power Electronics and Motor Drives

Michael Giesselmann, P. E.

Center for Pulsed Power and Power Electronics
Department of Electrical and Computer Engineering
Texas Tech University, Lubbock

Texas, USA

Packaging and Smart Power Systems

Douglas C. Hopkins

Dir.—Electronic Power and Energy Research Laboratory
University at Buffalo

332 Bonner Hall

Buffalo, New York, USA

Section IX: Energy Sources, Storage and Transmission

Chapter 45

Energy Sources

Dr. Alireza Khaligh and Dr. Omer C. Onar*

Energy Harvesting an Renewable Energies Laboratory (EHREL)
Electric Power and Power Electronics Center (EPPEC)

Electrical and Computer Engineering Department

Hllinois Institute of Technology

Chicago, IL

*Oak Ridge National Laboratory
Oak Ridge, TN

XV

1193

1229

1249

1275

1289



xvi Table of Contents

Chapter 46 Energy Storage 1331

Sheldon S. Williamson and Pablo A. Cassani

Power Electronics and Energy

Research (PEER) Group, P. D.

Ziogas Power Electronics Laboratory

Department of Electrical and Computer Engineering
Concordia University, Montreal

Quebec, Canada

Srdjan Lukic

Department of Electrical and
Computer Engineering, North
Carolina State University
Raleigh, North Carolina, USA

Benjamin Blunier
Universite de Technologie de
Belfort-Montbeliard, Belfort
Cedex, France

Chapter 47 Electric Power Transmission 1357

Ir. Zahrul Faizi bin Hussien,
Azlan Abdul Rahim, and
Noradlina Abdullah
Transmission and Distribution
TNB Research, Malaysia

Index 1375



Preface for Third Edition

Introduction

The purpose of Power Electronics Handbook is to provide a
reference that is both concise and useful for engineering stu-
dents and practicing professionals. It is designed to cover a wide
range of topics that make up the field of power electronics in a
well-organized and highly informative manner. The Handbook
is a careful blend of both traditional topics and new advance-
ments. Special emphasis is placed on practical applications;
thus, this Handbook is not a theoretical one, but an enlighten-
ing presentation of the usefulness of the rapidly growing field
of power electronics. The presentation is tutorial in nature in
order to enhance the value of the book to the reader and foster
a clear understanding of the material.

The contributors to this Handbook span the globe, with
fifty-four authors from twelve different countries, some of
whom are the leading authorities in their areas of expertise. All
were chosen because of their intimate knowledge of their sub-
jects, and their contributions make this a comprehensive state-
of-the-art guide to the expanding field of power electronics and
its applications covering the following:

o the characteristics of modern power semiconductor
devices, which are used as switches to perform the power
conversions from ac-dc, de-dc, dc-ac, and ac-ac;

« both the fundamental principles and in-depth study of
the operation, analysis, and design of various power
converters; and

« examples of recent applications of power electronics

Power Electronics Backgrounds

The first electronics revolution began in 1948 with the inven-
tion of the silicon transistor at Bell Telephone Laboratories
by Bardeen, Bratain, and Schockley. Most of today’s advanced
electronic technologies are traceable to that invention, and
modern microelectronics has evolved over the years from
these silicon semiconductors. The second electronics revolu-
tion began with the development of a commercial thyristor

by the General Electric Company in 1958. That was the
beginning of a new era of power electronics. Since then, many
different types of power semiconductor devices and conversion
techniques have been introduced.

The demand for energy, particularly in electrical forms, is
ever-increasing in order to improve the standard of living.
Power electronics helps with the efficient use of electricity,
thereby reducing power consumption. Semiconductor devices
are used as switches for power conversion or processing, as
are solid state electronics for efficient control of the amount
of power and energy flow. Higher efficiency and lower losses
are sought for devices used in a range of applications, from
microwave ovens to high-voltage dc transmission. New devices
and power electronic systems are now evolving for even more
effective control of power and energy.

Power electronics has already found an important place in
modern technology and has revolutionized control of power
and energy. As the voltage and current ratings and switching
characteristics of power semiconductor devices keep improv-
ing, the range of applications continue to expand in areas, such
as lamp controls, power supplies to motion control, factory
automation, transportation, energy storage, multimegawatt
industrial drives, and electric power transmission and dis-
tribution. The greater efficiency and tighter control features
of power electronics are becoming attractive for applications
in motion control by replacing the earlier electromechanical
and electronic systems. Applications in power transmission
and renewable energy include high-voltage dc (VHDC) con-
verter stations, flexible ac transmission system (FACTS), static
var compensators, and energy storage. In power distribution,
these include dc-to-ac conversion, dynamic filters, frequency
conversion, and custom power system.

Almost all new electrical or electromechanical equipments,
from household air conditioners and computer power sup-
plies to industrial motor controls, contain power electronic
circuits and/or systems. In order to keep up, working engi-
neers involved in control and conversion of power and energy
into applications ranging from several hundred voltages at a
fraction of an ampere for display devices to about 10,000 V at
high-voltage dc transmission should have a working knowledge
of power electronics.

xvii



XViii

Organization

The Handbook starts with an introductory chapter and moves
on to cover topics on power semiconductor devices, power
converters, applications, and peripheral issues. The book is
organized into nine areas, the first of which includes chap-
ters on operation and characterizations of the following power
semiconductor devices: power diode, thyristor, gate turn-off
thyristor (GTO), power bipolar transistor (BJT), power MOS-
FET, insulated gate bipolar transistor, MOS-controlled thyris-
tor (MCT), and static induction devices. The next topic area
includes chapters covering various types of power converters,
the principles of operation, and the methods for the analysis
and design of power converters. This also includes gate drive
circuits and control methods for power converters. The next
two chapters cover applications in power supplies, electronic
ballasts, HVDC transmission, VAR compensation, pulse power,
and capacitor charging.

The following two chapters focus on the operation, theory,
and control methods of motor drives and automotive systems.
We then move on to two chapters on power quality issues and
active filters, and two chapters on computer simulation, pack-
aging and smart power systems. The final chapter is on energy
sources, storage, and transmission.

Changes in the Third Edition

The five new contributions are added in keeping with the new
development and applications.

e Solid State Pulsed Power Electronics

« Novel Al-Based Soft Computing Applications In Motor
Drives

o Energy Sources

o Energy Storage

o Electric Power Transmission

The following eleven chapters are revised, and the contribu-
tions are reorganized under nine chapters.

e Introduction to Power Electronics

o Static Induction Devices

o Multilevel Converters

o AC-AC Converters

o Power Electronics in Capacitor Charging Applications
o Solar Power Conversion

o Fuel-Cell Power Electronics for Distributed Generation
o Flexible AC Transmission

o Control Methods for Power Converters

Preface for Third Edition

o Fuzzy Logic in Electric Drives
o EMI Effects of Power Converters

Locating Your Topic

A table of contents is presented at the front of the book, and
each chapter begins with its own table of contents. The reader
should look over these tables of contents to become familiar
with the structure, organization, and content of the book.

Audience

The Handbook is designed to provide both students and prac-
ticing engineers with answers to questions involving the wide
spectrum of power electronics. The book can be used as a text-
book for graduate students in electrical or systems engineering,
or as a reference book for senior undergraduate students and
for engineers who are interested and involved in operation,
project management, design, and analysis of power electronic
equipment and motor drives.
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dedication of outstanding authors from throughout the world.
I gratefully acknowledge the personnel at Elsevier Publishing
who produced the book, including Jill Leonard. In addition,
special thanks are due to Ken McCombs, the executive edi-
tor for this book. Finally, I express my deep appreciation to
my wife, Fatema Rashid, who graciously puts up with my
publication activities.

Muhammad H. Rashid, Editor-in-Chief

Any comments and suggestions regarding this book are
welcome. They should be sent to

Dr. Muhammad H. Rashid

Professor

Department of Electrical and Computer Engineering
University of West Florida

11000 University Parkway

Pensacola. FL 32514-5754, USA

e-mail: mrashidfl@gmail.com

Web: http://uwf.edu/mrashid



Introduction

Philip T. Krein, Ph.D. 1.1

Department of Electrical and 1.2
Computer Engineering,
University of Illinois, Urbana,

Ilinois, USA and Integration

Power Electronics DefINed .........iuiniuiiniiiiiiiie et 1

Key Characteristics ...
1.2.1 The Efficiency Objective — The Switch e 1.2.2 The Reliability Objective — Simplicity

1.3 Trends in POWer SUPPLES ...c..uiiiuuiiiiiiiii i 4

1.4 Conversion Examples

1.4.1 Single-Switch Circuits e 1.4.2 The Method of Energy Balance
1.5 Tools for Analysis and Design ......cc.uuvieieiiiiiiiiiiiieeiiiiiiie et 7
1.5.1 The Switch Matrix e 1.5.2 Implications of Kirchhoff’s Voltage and Current
Laws e 1.5.3 Resolving the Hardware Problem — Semiconductor Devices e 1.5.4 Resolving
the Software Problem — Switching Functions e 1.5.5 Resolving the Interface Problem — Lossless

Filter Design

1.6 Sample Applications

1.7 Summary
References

1.1 Power Electronics Defined!

It has been said that people do not use electricity, but rather
they use communication, light, mechanical work, entertain-
ment, and all the tangible benefits of energy and electronics.
In this sense, electrical engineering as a discipline is much
involved in energy conversion and information. In the general
world of electronics engineering, the circuits engineers design
and use are intended to convert information. This is true of
both analog and digital circuit design. In radio-frequency appl-
ications, energy and information are on more equal footing,
but the main function of any circuit is information transfer.
What about the conversion and control of electrical energy
itself? Energy is a critical need in every human endeavor.
The capabilities and flexibility of modern electronics must
be brought to bear to meet the challenges of reliable, effi-
cient energy. It is essential to consider how electronic cir-
cuits and systems can be applied to the challenges of energy
conversion and management. This is the framework of
power electronics, a discipline defined in terms of electrical

IPortions of this chapter are taken from P. T. Krein, Elements of Power
Electronics. New York: Oxford University Press, 1998. © 1998, Oxford
University Press. Used by permission.

Copyright (© 2007, 2001, Elsevier Inc.
All rights reserved. DOI: 10.1016/B978-0-12-382036-5.00001-X

energy conversion, applications, and electronic devices. More
specifically,

DEFINITION  Power electronics involves the study of
electronic circuits intended to control the flow of elec-
trical energy. These circuits handle power flow at levels
much higher than the individual device ratings.

Rectifiers are probably the most familiar examples of circuits
that meet this definition. Inverters (a general term for dc—ac
converters) and dc—dc converters for power supplies are also
common applications. As shown in Fig. 1.1, power electronics
represents a median point at which the topics of energy sys-
tems, electronics, and control converge and combine [1]. Any
useful circuit design for an energy application must address
issues of both devices and control, as well as of the energy
itself. Among the unique aspects of power electronics are its
emphasis on large semiconductor devices, the application of
magnetic devices for energy storage, special control methods
that must be applied to nonlinear systems, and its fundamen-
tal place as a central component of today’s energy systems and
alternative resources. In any study of electrical engineering,
power electronics must be placed on a level with digital, analog,
and radio-frequency electronics to reflect the distinctive design
methods and unique challenges.

Applications of power electronics are expanding exponen-
tially. It is not possible to build practical computers, cell
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FIGURE 1.1 Control, energy, and power electronics are interrelated.

phones, personal data devices, cars, airplanes, industrial pro-
cesses, and a host of other everyday products without power
electronics. Alternative energy systems such as wind generators,
solar power, fuel cells, and others require power electronics
to function. Technology advances such as electric and hybrid
vehicles, laptop computers, microwave ovens, flat-panel dis-
plays, LED lighting, and hundreds of other innovations were
not possible until advances in power electronics enabled their
implementation. Although no one can predict the future, it is
certain that power electronics will be at the heart of fundamen-
tal energy innovations.

The history of power electronics [2-5] has been closely allied
with advances in electronic devices that provide the capabil-
ity to handle high power levels. Since about 1990, devices have
become so capable that a transition from a “device-driven” field
to an “applications-driven” field continues. This transition has
been based on two factors: (1) advanced semiconductors with
suitable power ratings exist for almost every application of wide
interest, and (2) the general push toward miniaturization is
bringing advanced power electronics into a growing variety
of products. Although the devices continue to improve, their
development now tends to follow innovative applications.

1.2 Key Characteristics

All power electronic circuits manage the flow of electrical
energy between an electrical source and a load. The parts
in a circuit must direct electrical flows, not impede them. A
general power conversion system is shown in Fig. 1.2. The func-
tion of the power converter in the middle is to control the
energy flow between a source and a load. For our purposes, the

P. T. Krein
Electrical
energy Power Electrical
source —> converter —> load

FIGURE 1.2 General system for electric power conversion. (From [2],
© 1998, Oxford University Press, Inc.; used by permission.)

power converter will be implemented with a power electronic
circuit. Because a power converter appears between a source
and a load, any energy used within the converter is lost to
the overall system. A crucial point emerges: to build a power
converter, we should consider only lossless components. A
realistic converter design must approach 100% efficiency.

A power converter connected between a source and a load
also affects system reliability. If the energy source is perfectly
reliable (it is available all the time), then a failure in the con-
verter affects the user (the load) just as if the energy source
had failed. An unreliable power converter creates an unreli-
able system. To put this in perspective, consider that a typical
American household loses electric power only a few minutes
a year. Energy is available 99.999% of the time. A converter
must be better than this to prevent system degradation. An
ideal converter implementation will not suffer any failures over
its application lifetime. Extreme high reliability can be a more
difficult objective than high efficiency.

1.2.1 The Efficiency Objective — The Switch

A circuit element as simple as a light switch reminds us that
the extreme requirements in power electronics are not espe-
cially novel. Ideally, when a switch is on, it has zero voltage
drop and will carry any current imposed on it. When a switch
is off, it blocks the flow of current regardless of the voltage
across it. The device power, the product of the switch voltage
and current, is identically zero at all times. A switch therefore
controls energy flow with no loss. In addition, reliability is also
high. Household light switches perform over decades of use
and perhaps 100,000 operations. Unfortunately, a mechanical
light switch does not meet all practical needs. A switch in a
power supply may function 100,000 times each second. Even
the best mechanical switch will not last beyond a few million
cycles. Semiconductor switches (without this limitation) are
the devices of choice in power converters.

A circuit built from ideal switches will be lossless. As a
result, switches are the main components of power converters,
and many people equate power electronics with the study of
switching power converters. Magnetic transformers and loss-
less storage elements such as capacitors and inductors are also
valid components for use in power converters. The complete
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FIGURE 1.3 A basic power electronic system. (From [2], © 1998,
Oxford University Press, Inc.; used by permission.)

concept, shown in Fig. 1.3, illustrates a power electronic sys-
tern. Such a system consists of an electrical energy source, an
electrical load, a power electronic circuit, and a control function.

The power electronic circuit contains switches, lossless
energy storage elements, and magnetic transformers. The con-
trols take information from the source, the load, and the
designer, and then determine how the switches operate to
achieve the desired conversion. The controls are built up with
low-power analog and digital electronics.

Switching devices are selected based on their power handl-
ing rating — the product of their voltage and current ratings —
rather than on power dissipation ratings. This is in contrast to
other applications of electronics, in which power dissipation
ratings dominate. For instance, a typical stereo receiver per-
forms a conversion from ac line input to audio output. Most
audio amplifiers do not use the techniques of power electron-
ics, and the semiconductor devices do not act as switches. A
commercial 100-W amplifier is usually designed with transis-
tors big enough to dissipate the full 100 W. The semiconductor
devices are used primarily to reconstruct the audio informa-
tion rather than to manipulate the energy flows. The sacrifice
in energy is large — a home theater amplifier often functions at
less than 10% energy efficiency. In contrast, emerging switching
amplifiers do use the techniques of power electronics. They pro-
vide dramatic efficiency improvements. A home theater system
implemented with switching amplifiers can exceed 90% energy
efficiency in a smaller, cooler package. The amplifiers can even
be packed inside the loudspeakers.

Switches can reach extreme power levels, far beyond what
might be expected for a given size. Consider the following
examples.

EXAMPLE 1.1 The NTP30N20 is a metal oxide semi-
conductor field effect transistor (MOSFET) with a drain
current rating of 30 A, a maximum drain source break-
down voltage of 200V, and a rated power dissipation of
up to 200 W under ideal conditions. Without a heat sink,
however, the device can handle less than 2.5 W of dissipa-
tion. For power electronics purposes, the power handling
rating is 30 A x 200V = 6kW. Several manufacturers
have developed controllers for domestic refrigerators, air

conditioners, and high-end machine tools based on this
and similar devices. The second part of the definition of
power electronics in Section 1.1 points out that the cir-
cuits handle power at levels much higher than that of
the ratings of individual devices. Here a device is used
to handle 6000 W — compared with its individual rating
of no more than 200 W. The ratio 30:1 is high, but not
unusual in power electronics contexts. In contrast, the
same ratio in a conventional audio amplifier is close to
unity.

EXAMPLE 1.2 The IRGPS60B120KD is an insulated
gate bipolar transistor (IGBT) — a relative of the bipolar
transistor that has been developed specifically for power
electronics —rated for 1200 V and 120 A. Its power handl-
ing rating is 144 kW which is sufficient to control an
electric or hybrid car.

1.2.2 The Reliability Objective — Simplicity
and Integration

High-power applications lead to interesting issues. In an
inverter, the semiconductors often manipulate 30 times their
power dissipation capability or more, which implies that only
about 3% of the power being controlled is lost. A small design
error, unexpected thermal problem, or minor change in layout
could alter this somewhat. For instance, if the loss turns out
to be 4% rather than 3%, the device stresses are 33% higher,
and quick failure is likely to occur. The first issue for reliability
in power electronic circuits is that of managing device voltage,
current, and power dissipation levels to keep them well within
rating limits. This is challenging when power-handling levels
are high.

The second issue for reliability is simplicity. It is well estab-
lished in electronics design that the more parts there are in a
system, the more likely it is to fail. Power electronic circuits
tend to have few parts, especially in the main energy flow paths.
Necessary operations must be carried out through shrewd use
of these parts. Often, this means that sophisticated control
strategies are applied to seemingly simple conversion circuits.

The third issue for reliability is integration. One way to
avoid the reliability—complexity tradeoff is to integrate multi-
ple components and functions on a single substrate. A micro-
processor, for example, might contain millions of gates. All
interconnections and signals flow within a single chip, and
the reliability is near that of a single part. An import-
ant parallel trend in power electronic devices involves the
integrated module [6]. Manufacturers seek ways to pack-
age multiple switching devices, with their interconnections
and protection components, together as a unit. Control cir-
cuits for converters are also integrated as much as possible
to keep the reliability high. The package itself is a factor
in reliability, and one that is a subject of active research.
Many semiconductor packages include small bonding wires
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that can be susceptible to thermal or vibration damage.

The small geometries also tend to enhance electromagnetic
interference among the internal circuit components.

1.3 Trends in Power Supplies

Two distinct trends drive electronic power supplies, one of the
major classes of power electronic circuits. At the high end,
microprocessors, memory chips, and other advanced digital
circuits require increasing power levels and increasing perfor-
mance at very low voltage. It is a challenge to deliver 100 A
or more efficiently at voltages that can be less than 1V. These
types of power supplies are expected to deliver precise voltages,
even though the load can change by an order of magnitude in
nanoseconds.

At the other end is the explosive growth of portable devices
with rechargeable batteries. The power supplies for these
devices and for other consumer products must be cheap and
efficient. Losses in low-cost power supplies are a problem
today; often, low-end power supplies and battery chargers draw
energy even when their load is off. It is increasingly important
to use the best possible power electronics design techniques for
these supplies to save energy while minimizing costs. Efficiency
standards such as the EnergyStar program place increasingly
stringent requirements on a wide range of low-end power
supplies.

In the past, bulky “linear” power supplies were designed with
transformers and rectifiers from the ac line frequency to pro-
vide dc voltages for electronic circuits. In the late 1960s, use
of dc sources in aerospace applications led to the development
of power electronic dc—dc conversion circuits for power sup-
plies. In a well-designed power electronics arrangement today,
called a switch-mode power supply, an ac source from a wall
outlet is rectified without direct transformation. The resulting
high dc voltage is converted through a de—dc converter to the
1, 3,5, and 12V, or other levels required. A personal computer
commonly requires multiple 3.3- and 5-V supplies, 12-V sup-
plies, additional levels, and a separate converter for 1-V delivery
to the microprocessor. This does not include supplies for the
video display or peripheral devices. Only a switch-mode sup-
ply can support such complex requirements with acceptable
costs.

Switch-mode supplies often take advantage of MOSFET
semiconductor technology. Trends toward high reliability, low
cost, and miniaturization have reached the point where a
5-V power supply sold today might last more than 1,000,000 h
(more than a century), provide 100 W of output in a pack-
age with volume less than 15 cm?, and sell for a price less than
US$ 0.10/W. This type of supply brings an interesting dilemma:
the ac line cord to plug it in takes up more space than the power
supply itself. Innovative concepts such as integrating a power
supply within a connection cable will be used in the future.

P. T. Krein

Device technology for power supplies is also being driven by
expanding needs in the automotive and telecommunications
industries as well as in markets for portable equipment. The
automotive industry is making a transition to higher voltages
to handle increasing electric power needs. Power conversion for
this industry must be cost effective, yet rugged enough to sur-
vive the high vibration and wide temperature range to which
a passenger car is exposed. Global communication is possi-
ble only when sophisticated equipment can be used almost
anywhere. This brings with it a special challenge, because elec-
trical supplies are neither reliable nor consistent throughout
much of the world. Although voltage swings in the domestic
ac supply in North America are often 5% around a nominal
value, in many developing nations the swing can be £25% —
when power is available. Power converters for communications
equipment must tolerate these swings and must also be able to
make use of a wide range of possible backup sources. Given the
enormous size of worldwide markets for mobile devices and
consumer electronics, there is a clear need for flexible-source
equipment. Designers are challenged to obtain maximum per-
formance from small batteries and to create equipment with
minimal energy requirements.

1.4 Conversion Examples

1.4.1 Single-Switch Circuits

Electrical energy sources take the form of dc voltage sources
at various values, sinusoidal ac sources, polyphase sources,
among others. A power electronic circuit might be asked to
transfer energy between two different dc voltage levels, between
an ac source and a dc load, or between sources at different fre-
quencies. It might be used to adjust an output voltage or power
level, drive a nonlinear load, or control a load current. In this
section, a few basic converter arrangements are introduced, and
energy conservation provides a tool for analysis.

EXAMPLE 1.3 Consider the circuit shown in Fig. 1.4. It
contains an ac source, a switch, and a resistive load. It is
a simple but complete power electronic system.

o

FIGURE 1.4 A simple power electronic system. (From [2], © 1998,
Oxford University Press, Inc.; used by permission.)
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FIGURE 1.5 Input and output waveforms for Example 1.4.

Let us assign a (somewhat arbitrary) control scheme to the
switch. What if the switch is turned on whenever V,. > 0, and
turned off otherwise? The input and output voltage waveforms
are shown in Fig. 1.5. The input has a time average of 0, and
root-mean-square (RMS) value equal to Vpeak/+/2, where Vel
is the maximum value of V,.. The output has a nonzero average
value given by

/2 3r/2
1
(Vout (1)) = I / Vpeak €os 0 dé + / 0do
—7/2 /2
v
= —E?ﬁ = 0.3183 Vpeak (1.1)

and an RMS value equal to Vjea/2. Since the output has
nonzero dc voltage content, the circuit can be used as an
ac—dc converter. To make it more useful, a low-pass filter would
be added between the output and the load to smooth out the ac
portion. This filter needs to be lossless, and will be constructed
from only inductors and capacitors.

The circuit in Example 1.3 acts as a half-wave rectifier with
a resistive load. With the hypothesized switch action, a diode
can substitute for the ideal switch. The example confirms
that a simple switching circuit can perform power conversion
functions. But note that a diode is not, in general, the same as
an ideal switch. A diode places restrictions on the current direc-
tion, whereas a true switch would not. An ideal switch allows
control over whether it is on or off, whereas a diode’s operation
is constrained by circuit variables.

Consider a second half-wave circuit, now with a series L-R
load, shown in Fig. 1.6.

EXAMPLE 1.4 A series diode LR circuit has ac voltage
source input. This circuit operates much differently than
the half-wave rectifier with resistive load. A diode will
be on if forward-biased, and off if reverse-biased. In this
circuit, when the diode is off, the current will be zero.

D7

?

FIGURE 1.6 Half-wave rectifier with L-R load for Example 1.5.

Whenever the diode is on, the circuit is the ac source
with L-R load. Let the ac voltage be V{ cos(wt). From
Kirchhoff’s Voltage Law (KVL),

di .
Vo cos(wt) = LE + Ri.

Let us assume that the diode is initially off (this assump-
tion is arbitrary, and we will check it as the example is
solved). If the diode is off, the diode current is i=0,
and the voltage across the diode will be v,.. The diode
will become forward-biased when v, becomes positive.
The diode will turn on when the input voltage makes
a zero-crossing in the positive direction. This allows us
to establish initial conditions for the circuit: () = 0,
ty = —7/(2w). The differential equation can be solved in
a conventional way to give

1) = Vi wlL —t T
i(t) = ——exp| — — —
Ol R+ o212 P\ 20T

R
+ m cos(a)t)

wl 5 sin(a)t)j| (1.2)

+W+ML
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FIGURE 1.7 Input and output waveforms for Example 1.5.

where 7 is the time constant L/R. What about when the 7 e
diode s turned off ? The first guess might be that the diode
turns off when the voltage becomes negative, which is not i
correct. From the solution, we can note that the current 1 f % y
—a out

is not zero when the voltage first becomes negative. If
the switch attempts to turn off, it must instantly drop : -
the inductor current to zero. The derivative of current
in the inductor, di/dt, would become negative infinite.
The inductor voltage L(di/dt) similarly becomes nega- FIGURE 1.8 Energy transfer switching circuit for Example 1.5.
tive infinite, and the devices are destroyed. What really (From [2], © 1998, Oxford University Press, Inc.; used by permission.)
happens is that the falling current allows the inductor to
maintain forward bias on the diode. The diode will turn
off only when the current reaches zero. A diode has defi-
nite properties that determine the circuit action, and both
the voltage and current are relevant. Figure 1.7 shows the
input and output waveforms for a time constant 7 equal
to about one-third of the ac waveform period.

the output voltage Vou appears across the inductor.
If this circuit is to be viewed as a useful converter, the
inductor should receive energy from the source and then
deliver it to the load without loss. Over time, this means
that energy does not build up in the inductor, but instead
flows through on average. The power into the inductor,
therefore, must equal the power out, at least over a cycle.
Therefore, the average power in must equal the average

1.4.2 The Method of Energy Balance

Any circuit must satisfy conservation of energy. In a lossless power out of the inductor. Let us denote the induc-
power electronic circuit, energy is delivered from source to tor current as i. The input is a constant voltage source.
load, possibly through an intermediate storage step. The energy Because L is large, this constant voltage source will not be
flow must balance over time such that the energy drawn from able to change the inductor current quickly, and we can
the source matches that delivered to the load. The converter assume that the inductor current is also constant. The
in Fig. 1.8 serves as an example of how the method of energy average power into L over the cycle period T is

balance can be used to analyze circuit operation.

EXAMPLE 1.5 The switches in the circuit of Fig. 1.8 are 172 )
controlled cyclically to operate in alternation: when the P, = 1 f Vi, idt = Vinl. (1.3)
left switch is on, the right switch is off, and so on. What T . 2

does the circuit do if each switch operates half the time?
The inductor and capacitor have large values.

When the left switch is on, the source voltage Vi, For the average power out of L, we must be careful about cur-
appears across the inductor. When the right switch is on, rent directions. The current out of the inductor will have a
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value —1i. The average output power is

T

1 .
Poyt = 7., / —iVoudt = —
T2

Voutt

(1.4)

For this circuit to be viewed useful as a converter, the net energy
should flow from the source to the load over time. The power
conservation relationship Py, = Poy¢ requires that Vo = — Vip.

The method of energy balance shows that, when operated as
described in the example, the circuit shown in Fig. 1.8 serves as
a polarity reverser. The output voltage magnitude is the same
as that of the input, but the output polarity is negative with
respect to the reference node. The circuit is often used to gene-
rate a negative supply for analog circuits from a single positive
input level. Other output voltage magnitudes can be achieved
at the output if the switches alternate at unequal times.

If the inductor in the polarity reversal circuit is moved
instead to the input, a step-up function is obtained. Consider
the circuit shown in Fig. 1.9 in the following example.

EXAMPLE 1.6 The switches shown in Fig. 1.9 are con-
trolled cyclically in alternation. The left switch is on for
two-thirds of each cycle, and the right switch for the
remaining one-third of each cycle. Determine the rela-
tionship between Vi, and Voy. The inductor’s energy
should not build up when the circuit is operating nor-
mally as a converter. A power balance calculation can be
used to relate the input and output voltages. Again, let i
be the inductor current. When the left switch is on, power
is injected into the inductor. Its average value is

2T/3
1 .
Pinz?/‘/inldtz
0

2Vipi

(1.5)

Power leaves the inductor when the right switch is on.
Care must be taken with respect to polarities, and the
current should be set negative to represent output power.

L
e 111 " g—
i
+
Vo B / ¢~ R % Vou
FIGURE 1.9 Switching converter Example 1.6. (From [2], © 1998,

Oxford University Press, Inc.; used by permission.)

7
The result is
T
1 .
Pout = ? / —(Vl — Vout)ldt
2T/3
Vini Vouti
=— + . 1.6
3 3 (1.6)
When the input and output power are equated,
2Vini Vouti ~ Vouti
31n = - (;,ut 03ut , and 3Vip = Vo (L.7)

and the output voltage is found to be triple the input.
Many seasoned engineers find the dc—dc step-up func-
tion shown in Fig. 1.9 to be surprising. Yet, it is just
one example of such action. Others (including flyback
circuits related to Fig. 1.8) are used in systems ranging
from controlled power supplies to spark ignitions for
automobiles.

The circuits in the preceding examples have few components,
provide useful conversion functions, and are efficient. If the
switching devices are ideal, each circuit is lossless. Over the
history of power electronics, development has tended to flow
around the discovery of such circuits: a circuit with a particular
conversion function is discovered, analyzed, and applied. As the
circuit moves from laboratory testing to a complete commer-
cial product, control and protection functions are added. The
power portion of the circuit remains close to the original idea.
The natural question arises as to whether a systematic approach
to conversion is possible: can we start with a desired func-
tion and design an appropriate converter, rather than starting
from the converter and working backwards toward the applica-
tion? What underlying principles can be applied to design and
analysis? In this chapter, a few of the key concepts are intro-
duced. Note that, although many of the circuits look decep-
tively simple, all circuits are nonlinear systems with unusual
behavior.

1.5 Tools for Analysis and Design

1.5.1 The Switch Matrix

The most readily apparent difference between a power elec-
tronic circuit and other types of electronic circuits is the switch
action. In contrast to a digital circuit, the switches do not indi-
cate a logic level. Control is effected by determining the times at
which switches should operate. Whether there is just one switch
or a large group, there is a complexity limit: if a converter has
m inputs and n outputs, even the densest possible collection
of switches would have a single switch between each input and
output lines. The m x n switches in the circuit can be arranged
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FIGURE 1.10 The general switch matrix.

according to their connections. The pattern suggests a matrix,
as shown in Fig. 1.10.
Power electronic circuits fall into two broad classes:

1. Direct switch matrix circuits. In these circuits, energy
storage elements are connected to the matrix only at
the input and output terminals. The storage elements
effectively become part of the source or the load. A
rectifier with an external low-pass filter is an exam-
ple of a direct switch matrix circuit. In the litera-
ture, ac—ac versions of these circuits are sometimes
called matrix converters.

2. Indirect switch matrix circuits, also termed embedded
converters. These circuits, like the polarity-reverser
example, have energy storage elements connected
within the matrix structure. Indirect switch matrix
circuits are most commonly analyzed as a cascade
connection of direct switch matrix circuits with storage
in between.

The switch matrices in realistic applications are small. A 2 x 2
switch matrix, for example, covers all possible cases with a
single-port input source and a two-terminal load. The matrix
is commonly drawn as the H-bridge shown in Fig. 1.11.
A more complicated example is the three-phase bridge rectifier
shown in Fig. 1.12. There are three possible inputs, and the two
terminals of the dc circuit provide outputs, which givesa 3 x 2

\ 1,2
\ 2,2

Input
source

Load

FIGURE 1.11 H-bridge configuration of a 2 x 2 switch matrix.
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FIGURE 1.12 Three-phase bridge rectifier circuit, a 3 x 2 switch matrix.

switch matrix. In a computer power supply with five separate
dc loads, the switch matrix could be 2 x 10. Very few practical
converters have more than 24 switches, and most designs use
fewer than 12.

A switch matrix provides a way to organize devices for a
given application. It also helps us focus on three major task
areas, which must be addressed individually and effectively in
order to produce a useful power electronic system.

o The “Hardware” Task — Build a switch matrix. This
involves the selection of appropriate semiconductor
switches and the auxiliary elements that drive and protect
them.

o The “Software” Task — Operate the matrix to achieve the
desired conversion. All operational decisions are imple-
mented by adjusting switch timing.

o The “Interface” Task — Add energy storage elements to
provide the filters or intermediate storage necessary to
meet the application requirements. Lossless filters with
simple structures are required.

In a rectifier or other converter, we must choose the electronic
parts, how to operate them, and how best to filter the output to
satisfy the needs of the load.

1.5.2 Implications of Kirchhoff’s Voltage
and Current Laws

A major challenge of switch circuits is their capacity to
“violate” circuit laws. First, consider the simple circuits shown
in Fig. 1.13. We might try the circuit shown in Fig. 1.13a for
ac—dc conversion, but there is a problem. According to
Kirchhoft’s Voltage Law (KVL), the “sum of voltage drops
around a closed loop is zero.” However, with the switch closed,
the sum of voltages around the loop is not zero. In reality,
this is not a valid result. Instead, a very large current will flow
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FIGURE 1.13 Hypothetical power converters: (a) possible ac—dc converter (b) possible dc—dc converter. (From [2], © 1998, Oxford University Press

Inc.; used by permission.)

and cause a large I- R drop in the wires. KVL will be satisfied
by the wire voltage drop, but a fire or, better yet, fuse action,
might result. There is, however, nothing that would prevent an
operator from trying to close the switch. KVL, then, implies a
crucial restriction: a switch matrix must not attempt to inter-
connect unequal voltage sources directly. Notice that a wire, or
dead short, can be thought of as a voltage source with V =0, so
KVL is a generalization of avoiding shorts across an individual
voltage source.

A similar constraint holds for Kirchhoft’s Current Law
(KCL) that states that “currents into a node must sum to zero.”
When current sources are present in a converter, we must avoid
any attempts to violate KCL. In Fig. 1.13b, if the current sources
are different and if the switch is opened, the sum of the cur-
rents into the node will not be zero. In a real circuit, high
voltages will build up and cause an arc to create another cur-
rent path. This situation has real potential for damage, and a
fuse will not help. As a result, KCL implies the restriction that
a switch matrix must not attempt to interconnect unequal cur-
rent sources directly. An open circuit can be thought of as a
current source with I = 0, so KCL applies to the problem of
opening an individual current source.

In contrast to conventional circuits, in which KVL and KCL
are automatically satisfied, switches do not “know” KVL or
KCL. If a designer forgets to check, and accidentally shorts two
voltages or breaks a current source connection, some problem
or damage will result. KVL and KCL place necessary constraints
on the operation of a switch matrix. In the case of voltage
sources, switches must not act to create short-circuit paths
among unlike sources. In the case of KCL, switches must act
to provide a path for currents. These constraints drastically
reduce the number of valid switch-operating conditions in a
switch matrix, thereby leading to manageable operating design
problems.

When energy storage is included, there are interesting impli-
cations of the circuit law restrictions. Figure 1.14 shows two
“circuit law problems.” In Fig. 1.14a, the voltage source will
cause the inductor current to ramp up indefinitely, since
V = L di/dt. We might consider this to be a “KVL problem”

FIGURE 1.14 Short-term KVL and KCL problems in energy storage cir-
cuits: (a) an inductor cannot sustain dc voltage indefinitely; (b) a capacitor
cannot sustain dc current indefinitely.

because the long-term effect is similar to shorting the source. In
Fig. 1.14b, the current source will cause the capacitor voltage to
ramp toward infinity. This causes a “KCL problem”; eventually,
an arc will be formed to create an additional current path, just
as if the current source had been opened. Of course, these con-
nections are not problematic if they are only temporary. How-
ever, it should be evident that an inductor will not support
dc voltage, and a capacitor will not support dc current. On
average, over an extended time interval, the voltage across an
inductor must be zero, and the current into a capacitor must
be zero.

1.5.3 Resolving the Hardware Problem -
Semiconductor Devices

A switch is either on or off. When on, an ideal switch will carry
any current in any direction. When off, it will never carry cur-
rent, no matter what voltage is applied. It is entirely lossless and
changes from its on-state to its off-state instantaneously. A real
switch can only approximate an ideal switch. The following are
the aspects of real switches that differ from the ideal:

o limits on the amount and direction of on-state current;
« anonzero on-state voltage drop (such as a diode forward
voltage);
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« some levels of leakage current when the device is sup-
posed to be off;

« limitations on the voltage that can be applied when off;

o operating speed. The duration of transition between the
on-states and off-states is important.

The degree to which the properties of an ideal switch must be
met by a real switch depends on the application. For example,
a diode can easily be used to conduct dc current; the fact that
it conducts only in one direction is often an advantage, not a
weakness.

Many different types of semiconductors have been applied in
power electronics. In general, these fall into three groups:

1. Diodes, which are used in rectifiers, dc—dc converters,
and in supporting roles.

2. Transistors, which in general are suitable for control of
single-polarity circuits. Several types of transistors are
applied to power converters. The IGBT type is unique
to power electronics and has good characteristics for
applications such as inverters.

3. Thyristors, which are multijunction semiconductor
devices with latching behavior. In general, thyristors
can be switched with short pulses and then maintain
their state until current is removed. They act only as
switches. The characteristics are especially well suited

TABLE 1.1

Examples of semiconductor devices used in power electronics

P. T. Krein

to high-power controllable rectifiers, they have been
applied to all power-conversion applications.

Some of the features of the most common power semicon-
ductors are listed in Table 1.1. The table shows a wide variety
of speeds and rating levels. As a rule, faster speeds apply to
lower ratings. For each device type, cost tends to increase both
for faster devices and for devices with higher power-handling
capacity.

Conducting direction and blocking behavior are fundamen-
tally tied to the device type, and these basic characteristics
constrain the choice of device for a given conversion function.
Consider again a diode. It carries current in only one direc-
tion and always blocks current in the other direction. Ideally,
the diode exhibits no forward voltage drop or off-state leak-
age current. Although an ideal diode lacks the many features
of an ideal switch, it is an important switching device. Other
real devices operate with polarity limits on current and voltage
and have corresponding ideal counterparts. It is convenient to
define a special type of switch to represent this behavior: the
restricted switch.

DEFINITION A restricted switch is an ideal switch with
the addition of restrictions on the direction of current
flow and voltage polarity. The ideal diode is one example
of a restricted switch.

Device type Characteristics of power devices

Diode

Current ratings from under 1 A to more than 5000 A. Voltage ratings from 10V to 10kV or more. The fastest power devices switch in less than

10 ns, whereas the slowest require 100 jLs or more. The function of a diode applies in rectifiers and dc—dc circuits.

BJT (Bipolar junction transistor)

Conducts collector current (in one direction) when sufficient base current is applied. The function applies to

dc—dc circuits. Power B]Ts have mostly been supplanted by FETs and IGBTs.

FET (Field effect transistor)

Conducts drain current when sufficient gate voltage is applied. Power FETs (nearly always enhancement-mode

MOSEFETs) have a parallel connected reverse diode by virtue of their construction. Ratings from about 0.5 A to about 150 A and 20 V up to
1200 V. Switching times are fast, from 20 ns or less up to 200 ns. The function applies to dc—dc conversion, where the FET is in wide use, and

to inverters.

IGBT (Insulated gate bipolar transistor)

A special type of transistor that has the function of a BJT with its base driven by an FET. Faster than a BJT

of similar ratings, and easy to use. Ratings from 10 A to more than 600 A, with voltages of 600 to 2500 V. The IGBT is popular in inverters
from about 1 to 200 kW or more. It is found almost exclusively in power electronics applications.

SCR (Silicon-controlled rectifier)

A thyristor that conducts like a diode after a gate pulse is applied. Turns off only when current becomes zero.

Prevents current flow until a pulse appears. Ratings from 10 A up to more than 5000 A, and from 200 V up to 6 kV. Switching requires 1 to
200 ps. Widely used for controlled rectifiers. The SCR is found almost exclusively in power electronics applications, and is the most common

member of the thyristor family.

GTO (Gate turn-off thyristor)

An SCR that can be turned off by sending a negative pulse to its gate terminal. Can substitute for transistors in

applications above 200 kW or more. The ratings approach those of SCRs, and the speeds are similar as well.

TRIAC

A semiconductor constructed to resemble two SCRs connected in reverse parallel. Ratings from 2 to 50 A and 200 to 800 V. Used in lamp

dimmers, home appliances, and hand tools. Not as rugged as many other device types, but very convenient for many ac applications.

IGCT (Integrated gate commutated thyristor)

A combination device that includes a high-power thyristor and external electronics to control it. This

device is a member of a larger family of combination devices, in which multiple semiconductor chips packaged together perform a single
power function. The IGCT provides a high-performance GTO function for power levels above 1 MW or more.
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TABLE 1.2 The types of restricted switches

Fully bidirectional Ideal switch

Action Device Quadrants Restricted switch symbol Device symbol
Carries current in one direction, blocks in the Diode | —D‘— —D'—
other (forward-conducting reverse-blocking) |
\
Carries or blocks current in one direction BT | 1 Y f
(forward-conducting forward-blocking)
Vv
Carries in one direction or blocks in both GTO i(‘“
directions (forward-conducting
bidirectional-blocking) \Y;
Carries in both directions, but blocks only in FET N | {E_
one direction (bidirectional-carrying
forward-blocking) vV L
F |:’° —

The diode always permits current flow in one direction, while
blocking flow in the other direction. It therefore represents a
forward-conducting reverse-blocking restricted switch and oper-
ates in one quadrant on a graph of device current versus.
voltage. This function is automatic — the two diode terminals
provide all the necessary information for switch action. Other
restricted switches require a third gate terminal to determine
their state. Consider the polarity possibilities given in Table 1.2.
Additional functions such as bidirectional-conducting reverse-
blocking can be obtained by reverse connection of one of the
five types in the table.

The quadrant operation shown in the table indicates
polarities. For example, the current in a diode will be posi-
tive when on, and the voltage will be negative when off. This
means diode operation is restricted to the single quadrant com-
prising the upper vertical (current) axis and the left horizontal
(voltage) axis. Other combinations appear in the table. Sym-
bols for restricted switches can be built up by interpreting the
diode’s triangle as the current-carrying direction and the bar
as the blocking direction. Five types of symbols can be drawn
as shown in Table 1.2. These symbols are used infrequently,
but are useful for showing the polarity behavior of switching
devices. A circuit drawn with restricted switches represents an
idealized power converter.

Restricted switch concepts guide the selection of devices.
For example, consider an inverter intended to deliver ac load
current from a dc voltage source. A switch matrix built to
perform this function must be able to manipulate ac current

and dc voltage. Regardless of the physical arrangement of the
matrix, we would expect bidirectional-conducting forward-
blocking switches to be useful for this conversion. This is
a correct result: modern inverters operating from dc volt-
age sources are built with FETs or with IGBTs packaged with
reverse-parallel diodes. As new power devices are introduced
to the market, it is straightforward to determine what types
of converters will use them.

1.5.4 Resolving the Software Problem —
Switching Functions

The physical m x n switch matrix can be associated with a
mathematical m X n switch state matrix. Each element of this
matrix, called a switching function, shows whether the corre-
sponding physical device is on or off.

DEFINITION A switching function, q(t), has a value of
1 when the corresponding physical switch is on and 0
when it is off. Switching functions are discrete-valued
functions of time, and control of switching devices can
be represented with them.

Figure 1.15 shows a typical switching function. It is periodic,
with period T, representing the most likely repetitive switch
action in a power converter. For convenience, it is drawn on
a relative time scale that begins at 0 and draws out the square
wave period by period. The actual timing is arbitrary, so the
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FIGURE 1.15 A generic switching function with period T, duty ratio D,
and time reference ty.

center of the first pulse is defined as a specified time %, in the
figure. In many converters, the switching function is generated
as an actual control voltage signal that might drive the gate
of either a MOSFET or some other semiconductor switching
device.

The timing of switch action is the only alternative for control
of a power converter. Because switch action can be represented
with a discrete-valued switching function, timing can be repre-
sented within the switching function framework. On the basis
of Fig. 1.15, a generic switching function can be characterized
completely with three parameters:

1. The duty ratio, D, is the fraction of time during which
the switch is on. For control purposes, the on-time
interval or pulse width can be adjusted to achieve
a desired result. We can term this adjustment pro-
cess pulse-width modulation (PWM), perhaps the most
important process for implementing control in power
converters.

2. The frequency fyitch = 1/T (with radian frequency w =
27 fewitch) 1s most often constant, although not in all
applications. For control purposes, frequency can be
adjusted. This strategy is sometimes used in low-power
dc—dc converters to manage wide load ranges. In other
converters, frequency control is unusual because the
operating frequency is often dictated by the appli-
cation.

3. The time delay #y or phase ¢y = wty. Rectifiers often use
phase control to provide a range of adjustment. Phase-
shifted bridge circuits are common for high-power
dc—dc conversion. A few specialized ac—ac converter
applications use phase modulation.

With just three parameters to vary, there are relatively few
possible ways to control any power electronic circuit. de—dc
converters and inverters usually rely on duty ratio adjustment
(PWM) to alter their behavior. Phase control is common in
controlled rectifier applications.

Switching functions are powerful tools for the general rep-
resentation of converter action [7]. The most widely used
control approaches derive from averages of switching functions
[2,8]. Their utility comes from their application in writing cir-
cuit equations. For example, in the boost converter shown in

P. T. Krein

Fig. 1.9, the loop and node equations change depending on
which switch is acting at a given moment. The two possible
circuit configurations each have distinct equations. Switching
functions allow them to be combined. By assigning switch-
ing functions ¢q;(t) and g, (¢) to the left- and right-switching
devices, respectively, we obtain

Vi 13 _ g
/A1 in dr = >

d
fh(cf + %C = 0), left switch on (1.8)
v, — i
n—L—=w),
& dt ¢
cC L ¥ _ Y, right switch (1.9)
@ P R = i, |, right switch on .

Because the switches alternate, and the switching functions
must be 0 or 1, these sets of equations can be combined to give

d d .
Vin — L— C—+ = =qi (1.10)

dt
The combined expressions are simpler and easier to analyze
than the original equations.

For control purposes, the average of equations such as (1.10)
often proceeds with the replacement of switching functions g
with duty ratios d. The discrete time action of a switching func-
tion thus will be represented by an average duty ratio param-
eter. Switching functions, the advantages gained by averaging,
and control approaches such as PWM are discussed at length
in several chapters in this handbook.

1.5.5 Resolving the Interface Problem - Lossless
Filter Design

Lossless filters for power electronic applications are sometimes
called smoothing filters [9]. In applications in which dc outputs
are of interest, such filters are commonly implemented as sim-
ple low-pass LC structures. The analysis is facilitated because in
most cases the residual output waveform, termed ripple, has a
predictable shape. Filter design for rectifiers or de—dc convert-
ers is a question of choosing storage elements large enough to
keep ripple low, but not so large that the whole circuit becomes
unwieldy or expensive.

Filter design is more challenging when ac outputs are
desired. In some cases, this is again an issue of low-pass filter
design. However, in many applications, low-pass filters are not
adequate to meet low noise requirements. In these situations,
active filters can be used. In power electronics, the term active
filter refers to lossless switching converters that actively inject
or remove energy moment-by-moment to compensate for dis-
tortion. The circuits (discussed in Chapter 41 — Active Filters
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in this handbook) are not related to the linear active filter
op-amp circuits used in analog signal processing. In ac applica-
tions, there is a continuing opportunity for innovation in filter
design.

1.6 Sample Applications

Although power electronics is becoming universal for elec-
tronic systems, a few emerging applications have generated
wide interest. Some are discussed briefly here to introduce the
breadth of activity in the field.

A hybrid electric vehicle typically has two major power elec-
tronic systems and dozens or even hundreds of smaller systems
[10]. The two large units are the inverter system, which controls
the electric drive motor, and a rectifier system, which manages
battery charging. Smaller systems include motor controllers
in electric power steering units, lighting electronics for high-
intensity headlamps, controllers for the wide range of small
motors that actuate everything from windshield wipers to DVD
players, and power supplies for the host of microcontrollers
embedded in a modern car. As plug-in hybrid and electric cars
continue to develop, the efficiency and sophistication of battery
chargers and drive motor controllers will increase.

In a hybrid car, a typical inverter rating is about 50 kW. Fully
electric automobiles have inverter ratings to about 200 kW.
Hybrid and electric drive power levels increase from there to
include multimegawatt inverters that power high-speed trains.

At the other power extreme, designers have been working on
small power electronic systems that extract energy from various
ambient sources for local purposes [11]. These energy harvest-
ing applications will be an emerging growth area. An example
application is a corrosion sensor, built into a highway bridge,
that gathers energy from vibration. The vibration energy is
converted and stored, then used for intermittent communica-
tion with a central monitoring computer. Typical power levels
can be less than 0.001 W.

Solar, wind, and other alternative energy resources are tightly
linked to power electronics. A typical solar panel produces
about 30-V dc, with tolerances from 20 to 40 V or more. This
randomly changing dc source must be converted to clean,
tightly regulated ac voltage that synchronizes to the electric-
ity grid and delivers energy. Solar inverter efficiency, reliability,
and cost are major factors in successful energy innovation.
A dual application, meaning that energy flows in the opposite
direction but that many other characteristics are shared, is that
of solid-state lighting [12]. In that case, flexible control of a dc
current must be provided from an ac grid source.

For wind energy, a typical large-scale wind turbine can pro-
duce 2 MW of high-frequency ac power. The frequency and
voltage vary rapidly according to wind speed. This power
must be converted to fixed frequency and voltage for grid
interconnection.
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1.7 Summary

Power electronics is the study of electronic circuits for the con-
trol and conversion of electrical energy. The technology is a
critical part of our energy infrastructure and is central for a
wide range of uses of electricity. For power electronics design,
we consider only those circuits and devices that, in princi-
ple, introduce no loss and achieve near-perfect reliability. The
two key characteristics of high efficiency and high reliability
are implemented with switching circuits, supplemented with
energy storage. Switching circuits can be organized as switch
matrices. This facilitates their analysis and design.

In a power electronic system, the three primary challenges
are the hardware problem of implementing a switch matrix,
the software problem of deciding how to operate that matrix,
and the interface problem of removing unwanted distortion
and providing the user with the desired clean power source.
The hardware is implemented with a few special types of power
semiconductors. These include several types of transistors,
especially MOSFETs and IGBTs, and several types of thyristors,
especially SCRs and GTOs. The software problem can be rep-
resented in terms of switching functions. The frequency, duty
ratio, and phase of switching functions are available for opera-
tional purposes. The interface problem is addressed by means
of lossless filter circuits. Most often, these are lossless LC passive
filters to smooth out ripple or reduce harmonics. Active filter
circuits also have been applied to make dynamic corrections in
power conversion waveforms.

Improvements in devices and advances in control concepts
have led to steady improvements in power electronic circuits
and systems. This is driving tremendous expansion of applica-
tions. Personal computers, for example, would be unwieldy and
inefficient without power electronic dc supplies. Mobile devices
and laptop computers would be impractical. High-efficiency
lighting, motor controls, and a wide range of industrial con-
trols depend on power electronics. Strong growth is occurring
in automotive applications, in lighting, in dc power supplies for
portable devices, in high-end converters for advanced micro-
processors, and in alternative and renewable energy. During the
next generation, we will reach a time when almost all electrical
energy is processed through power electronics somewhere in
the path from generation to end use.
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2.1 Diode as a Switch

Among all the static switching devices used in power electron-
ics (PE), the power diode is perhaps the simplest. Its circuit
symbol is shown in Fig. 2.1. It is a two terminal device, and
terminal A is known as the anode whereas terminal K is known
as the cathode. If terminal A experiences a higher potential
compared to terminal K, the device is said to be forward biased
and a current called forward current (Ir) will flow through
the device in the direction as shown. This causes a small volt-
age drop across the device (<1V), which in ideal condition
is usually ignored. On the contrary, when a diode is reverse
biased, it does not conduct and a practical diode do experi-
ence a small current flowing in the reverse direction called
the leakage current. Both the forward voltage drop and the
leakage current are ignored in an ideal diode. Usually in PE
applications a diode is considered to be an ideal static switch.

The characteristics of a practical diode show a departure
from the ideals of zero forward and infinite reverse impedance,
as shown in Fig. 2.2a. In the forward direction, a potential
barrier associated with the distribution of charges in the vicin-
ity of the junction, together with other effects, leads to a voltage
drop. This, in the case of silicon, is in the range of 1V for
currents in the normal range. In reverse, within the normal
operating range of voltage, a very small current flows which
is largely independent of the voltage. For practical purposes,
the static characteristics is often represented by Fig. 2.2b.

Copyright © 2001 by Academic Press
DOI: 10.1016/B978-0-12-382036-5.00002-1

In the figure, the forward characteristic is expressed as
a threshold voltage V, and a linear incremental or slope
resistance, r. The reverse characteristic remains the same over
the range of possible leakage currents irrespective of voltage
within the normal working range.

2.2 Properties of PN Junction

From the forward and reverse biased condition characteristics,
one can notice that when the diode is forward biased, current
rises rapidly as the voltage is increased. Current in the reverse
biased region is significantly small until the breakdown voltage
of the diode is reached. Once the applied voltage is over this
limit, the current will increase rapidly to a very high value
limited only by an external resistance.

DC diode parameters. The most important parameters
are the followings:

o Forward voltage, VF is the voltage drop of a diode across
A and K at a defined current level when it is forward
biased.

o Breakdown voltage, Vp is the voltage drop across the
diode at a defined current level when it is beyond reverse
biased level. This is popularly known as avalanche.

o Reverse current Ig is the current at a particular voltage,
which is below the breakdown voltage.

17



18

A. I. Maswood

(a) Symbol (b) Stud type packaging (c) Disk type packaging
A
Metal
I «— Ceramic
F .
insulator
K

FIGURE 2.1 Power diode: (a) symbol; (b) and (c) types of packaging.
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FIGURE 2.2a Typical static characteristic of a power diode (forward
and reverse have different scale).
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FIGURE 2.2b Practical representation of the static characteristic of a
power diode.
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(a) Soft recovery

AC diode parameters. The commonly used parameters are
the followings:

o Forward recovery time, tpg is the time required for the
diode voltage to drop to a particular value after the
forward current starts to flow.

o Reverse recovery time t,, is the time interval between
the application of reverse voltage and the reverse cur-
rent dropped to a particular value as shown in Fig. 2.3.
Parameter ¢, is the interval between the zero crossing of
the diode current to when it becomes Igg. On the other
hand, #, is the time interval from the maximum reverse
recovery current to approximately 0.25 of Igr. The ratio
of the two parameters #, and f;, is known as the softness
factor (SF). Diodes with abrupt recovery characteristics
are used for high frequency switching.

In practice, a design engineer frequently needs to calculate
the reverse recovery time. This is in order to evaluate the pos-
sibility of high frequency switching. As a thumb rule, the lower
trr the faster the diode can be switched.

br =1+ 1 (21)

If 1, is negligible compared to t, which is a very common

case, then the following expression is valid:

- 2Qrr
RR =\ (dirdr)
IF- trr -
‘X‘ ta
o ﬁuﬂun = 1

IR~ = — — —
—|-|tb-|—

(b) Abrupt recovery

FIGURE 2.3 Diode reverse recovery with various softness factors.
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from which the reverse recovery current

Lon — /dizQ
RR = ) 7 2QRR

where Qgp is the storage charge and can be calculated from
the area enclosed by the path of the recovery current.

EXAMPLE 2.1 The manufacturer of a selected diode
gives the rate of fall of the diode current di/dt=20 A/pus,
and its reverse recovery time t, =5 |ts. What value of
peak reverse current do you expect?

SOLUTION. The peak reverse current is given as:

I —,/ﬁzQ
RR = dt RR

The storage charge Qgg is calculated as:

di
2 — 172 x 20 Alps x (5 x 107)° = 50 u.C

=_-——t
Qrr St

Hence,

A
Igr = \/20— X2 xX50nC =44.72A
LS

o Diode capacitance, Cp is the net diode capacitance
including the junction (Cj) plus package capaci-
tance (Cp).

In high-frequency pulse switching, a parameter known as
transient thermal resistance is of vital importance since it indi-
cates the instantaneous junction temperature as a function of
time under constant input power.

2.3 Common Diode Types

Depending on their applications, diodes can be segregated into
the following major divisions:

Small signal diode: They are perhaps the most widely used
semiconductor devices used in wide variety of applications. In
general purpose applications, they are used as a switch in recti-
fiers, limiters, capacitors, and in wave-shaping. Some common
diode parameters a designer needs to know are the forward
voltage, reverse breakdown voltage, reverse leakage current,
and the recovery time.

Silicon rectifier diode: These are the diodes, which have high
forward current carrying capability, typically up to several
hundred amperes. They usually have a forward resistance of
only a fraction of an ohm while their reverse resistance is in the
mega-ohm range. Their primary application is in power con-
version, like in power supplies, UPS, rectifiers/inverters, etc.
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In case of current exceeding the rated value, their case tem-
perature will rise. For stud-mounted diodes, their thermal
resistance is between 0.1 and 1°C/W.

Zener diode: Its primary applications are in the voltage
reference or regulation. However, its ability to maintain a cer-
tain voltage depends on its temperature coefficient and the
impedance. The voltage reference or regulation applications of
zener diodes are based on their avalanche properties. In the
reverse biased mode, at a certain voltage the resistance of these
devices may suddenly drop. This occurs at the zener voltage
Vx, a parameter the designer knows beforehand.

Figure 2.4 shows a circuit using a zener diode to control a
reference voltage of a linear power supply. Under normal oper-
ating condition, the transistor will transmit power to the load
(output) circuit. The output power level will depend on the
transistor base current. A very high base current will impose a
large voltage across the zener and it may attain zener voltage
Vx, when it will crush and limit the power supply to the load.

Regulator
/' transistor

FIGURE 2.4 Voltage regulator with a zener diode for reference.

Photo diode: When a semiconductor junction is exposed
to light, photons generate hole—electron pairs. When these
charges diffuse across the junction, they produce photocurrent.
Hence this device acts as a source of current, which increases
with the intensity of light.

Light emitting diode (LED): Power diodes used in PE cir-
cuits are high power versions of the commonly used devices
employed in analog and digital circuits. They are manufactured
in wide varieties and ranges. The current rating can be from a
few amperes to several hundreds while the voltage rating varies
from tens of volts to several thousand volts.

2.4 Typical Diode Ratings

2.4.1 Voltage Ratings

For power diodes, a given datasheet has two voltage ratings.
One is the repetitive peak inverse voltage (Vrrar), the other
is the non-repetitive peak inverse voltage. The non-repetitive
voltage (Vrar) is the diodes capability to block a reverse volt-
age that may occur occasionally due to a overvoltage surge.
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Repetitive voltage on the other hand is applied on the diode
in a sustained manner. To understand this, let us look at the
circuit in Fig. 2.5.

EXAMPLE 2.2 Two equal source voltages of 220V peak
and phase shifted from each other by 180° are supplying
a common load as shown. (a) Show the load voltage;
(b) describe when diode D1 will experience Vggrps; and
(c) determine the Vggpr magnitude considering a safety
factor of 1.5.

SOLUTION. (a) The input voltage, load voltage, and the
voltage across D1 when it is not conducting (Vrra) are
shown in Fig. 2.5b.

(b) Diode D1 will experience Vgrps when it is not
conducting. This happens when the applied voltage V1
across it is in the negative region (from 70 to 80 ms
as shown in the figure) and consequently the diode is
reverse biased. The actual ideal voltage across it is the
peak value of the two input voltages i.e. 220 x 2 = 440 V.
This is because when D1 is not conducting, D2 conducts.
Hence in addition V,,,, V}, is also applied across it since
D2 is practically shorted.

(c) The Vrxrm = 440V is the value in ideal situa-
tion. In practice, higher voltages may occur due to stray
circuit inductances and/or transients due to the reverse

A
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FIGURE 2.5a The circuit.
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FIGURE 2.5b The waveforms.
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recovery of the diode. They are hard to estimate. Hence, a
design engineer would always use a safety factor to cater
to these overvoltages. Hence, one should use a diode with
a220 x 2 x 1.5 =660V rating.

2.4.2 Current Ratings

Power diodes are usually mounted on a heat sink. This effec-
tively dissipates the heat arising due to continuous conduction.
Hence, current ratings are estimated based on temperature rise
considerations. The datasheet of a diode normally specifies
three different current ratings. They are (1) the average cur-
rent, (2) the rms current, and (3) the peak current. A design
engineer must ensure that each of these values is not exceeded.
To do that, the actual current (average, rms, and peak) in the
circuit must be evaluated either by calculation, simulation, or
measurement. These values must be checked against the ones
given in the datasheet for that selected diode. The calculated
values must be less than or equal to the datasheet values. The
following example shows this technique.

EXAMPLE 2.3 The current waveform passing through a
diode switch in a switch mode power supply application
is shown in Fig. 2.6. Find the average, rms, and the peak
current.

SOLUTION. The current pulse duration is shown to be
0.2 ms within a period of 1 ms and with a peak amplitude
of 50 A. Hence the required currents are:

0.2
Laverage = 50 X == = 10A

0.2
50% x T= 22.36 A

Irms =

Tpeak = 50 A

Sometimes, a surge current rating and its permissible dura-
tion is also given in a datasheet. For protection of diodes and
other semiconductor devices, a fast acting fuse is required.
These fuses are selected based on their I?t rating which is
normally specified in a datasheet for a selected diode.

.. S0A “ ’_| 0.2ms
S /
£ FL (I
0 1 2 3
Time (ms)
——

FIGURE 2.6 The current waveform.
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2.5 Snubber Circuits for Diode

Snubber circuits are essential for diodes used in switching
circuits. It can save a diode from overvoltage spikes, which
may arise during the reverse recovery process. A very common
snubber circuit for a power diode consists of a capacitor and
a resistor connected in parallel with the diode as shown in
Fig. 2.7.

When the reverse recovery current decreases, the capacitor
by virtue of its property will try to hold the voltage across it,
which, approximately, is the voltage across the diode. The resis-
tor on the other hand will help to dissipate some of the energy
stored in the inductor, which forms the Igg loop. The dv/dt
across a diode can be calculated as:

dv 0.632 x Vg

dr

0.632 x Vs

2.2
Rg x Cg (22)

where Vs is the voltage applied across the diode.

Usually the dv/dt rating of a diode is given in the manufac-
turers datasheet. Knowing dv/dt and the Rg, one can choose
the value of the snubber capacitor Cs. The Rg can be calculated
from the diode reverse recovery current:

v
Rg = —> (2.3)

Irr
The designed dv/dt value must always be equal or lower than
the dv/dt value found from the datasheet.

FIGURE 2.7 A typical snubber circuit.

2.6 Series and Parallel Connection of
Power Diodes

For specific applications, when the voltage or current rating
of a chosen diode is not enough to meet the designed rating,
diodes can be connected in series or parallel. Connecting them
in series will give the structure a high voltage rating that may
be necessary for high-voltage applications. However, one must
ensure that the diodes are properly matched especially in terms
of their reverse recovery properties. Otherwise, during reverse
recovery there may be a large voltage imbalances between the
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FIGURE 2.8 Series connected diodes with necessary protection.

series connected diodes. Additionally, due to the differences
in the reverse recovery times, some diodes may recover from
the phenomenon earlier than the other causing them to bear
the full reverse voltage. All these problems can effectively be
overcome by connecting a bank of a capacitor and a resistor
in parallel with each diode as shown in Fig. 2.8.

If a selected diode cannot match the required current rating,
one may connect several diodes in parallel. In order to ensure
equal current sharing, the designer must choose diodes with
the same forward voltage drop properties. It is also important
to ensure that the diodes are mounted on similar heat sinks
and are cooled (if necessary) equally. This will affect the tem-
peratures of the individual diodes, which in turn may change
the forward characteristics of diode.

Tutorial 2.1 Reverse Recovery and
Overvoltages

Figure 2.9 shows a simple switch mode power supply. The
switch (1-2) is closed at t=0s. When the switch is open, a
freewheeling current Ir =20A flows through the load (RL),
freewheeling diode (DF), and the large load circuit inductance
(LL). The diode reverse recovery current is 20 A and it then
decays to zero at the rate of 10 A/ps. The load is rated at 10 2
and the forward on-state voltage drop is neglected.

(a) Draw the current waveform during the reverse recov-
ery (Irr) and find its time ().

(b) Calculate the maximum voltage across the diode
during this process (Igr).

SOLUTION. (a) A typical current waveform during
reverse recovery process is shown in Fig. 2.10 for an
ideal diode.

When the switch is closed, the steady-state current is,
Iss = 200V/10 2 = 20 A, since under steady-state con-
dition, the inductor is shorted. When the switch is open,
the reverse recovery current flows in the right-hand side
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FIGURE 2.9 A simple switch mode power supply with freewheeling
diode.
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FIGURE 2.10 Current through the freewheeling diode during reverse
recovery.

loop consisting of the LL, RL, and DE The load induc-
tance, LL is assumed to be shorted. Hence, when the
switch is closed, the loop equation is:

dig
V=L—
dt
from which
dig vV 200 20 A/
_— == = — = S
L 10 "

At the moment the switch is open, the same current
keeps flowing in the right-hand side loop. Hence,

dig dis
prlair 20 A/ps
from time zero to time #; the current will decay at a
rate of 20 A/s and will be zero at t; =20/20 =1 ws. The
reverse recovery current starts at this point and, accord-
ing to the given condition, becomes 20 A at . From
this point on, the rate of change remains unchanged at
20 A/ws. Period t —t; is found as:

20A
=1ps

Hh—1H = =
2 20 A/ps

A. I. Maswood

From t, to t3, the current decays to zero at the rate of
20 A/ps. The required time:

; ; 20A 5
— = = S
ST = oams - M

Hence the actual reverse recovery time: ty=1 — ) =
1+14+2)—1=3pus.

(b) The diode experiences the maximum voltage just
when the switch is open. This is because both the source
voltage 200V and the newly formed voltage due to the
change in current through the inductor L. The voltage
across the diode:

P
Vp= —V+L£ =—200+4 (10 x 107%)(—20 x 10%) = —400V

Tutorial 2.2 Ideal Diode Operation,
Mathematical Analysis,
and PSPICE Simulation

This tutorial illustrates the operation of a diode circuit. Most
of the PE applications operate at a relative high voltage, and in
such cases, the voltage drop across the power diode usually is
small. It is quite often justifiable to use the ideal diode model.
An ideal diode has a zero conduction drop when it is forward
biased and has zero current when it is reverse biased. The
explanation and the analysis presented below is based on the
ideal diode model.

Circuit Operation A circuit with a single diode and an RL
load is shown in Fig. 2.11. The source Vs is an alternating
sinusoidal source. If Vs =Esin(wt), then Vs is positive when
0 <wt <, and Vs is negative when 7 < wt < 27. When Vg
starts becoming positive, the diode starts conducting and the
positive source keeps the diode in conduction till wt reaches
7 radians. At that instant, defined by wt = 7 radians, the cur-
rent through the circuit is not zero and there is some energy
stored in the inductor. The voltage across an inductor is pos-
itive when the current through it is increasing and becomes
negative when the current through it tends to fall. When the

Diode Inductor
_[;4_—('\(“»@’\_
Vi
+
VSin @ Vg %‘: Resistor

FIGURE 2.11 Circuit diagram.
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FIGURE 2.12 Current increasing, 0 < wt < /2.
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FIGURE 2.13 Current decreasing, 7/2 < wt < 7.

voltage across the inductor is negative, it is in such a direction
as to forward bias the diode. The polarity of voltage across the
inductor is as shown in Fig. 2.12 or 2.13.

When Vg changes from a positive to a negative value, there is
current through the load at the instant wt = 7 radians and the
diode continues to conduct till the energy stored in the induc-
tor becomes zero. After that the current tends to flow in the
reverse direction and the diode blocks conduction. The entire
applied voltage now appears across the diode.

Mathematical Analysis An expression for the current
through the diode can be obtained as shown in the equa-
tions. It is assumed that the current flows for 0 < wt < §, where
B > m, when the diode conducts, the driving function for the
differential equation is the sinusoidal function defining the
source voltage. During the period defined by 8 < wt <27, the
diode blocks current and acts as an open switch. For this
period, there is no equation defining the behavior of the circuit.
For 0 < wt < B, Eq. (2.4) applies.

di ) .
L— 4+ Rxi=E x sin(0), where —0<6 <8

I (2.4)

di .
L—+Rx1=0

o (2.5)
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a)L%+Rx1=O (2.6)

i(0) = A x e ROIL (2.7)

Given a linear differential equation, the solution is found
out in two parts. The homogeneous equation is defined by
Eq. (2.5). It is preferable to express the equation in terms of
the angle 0 instead of “t.” Since 6 = wt, we get that df = w-dt.
Then Eq. (2.5) gets converted to Eq. (2.6). Equation (2.7) is
the solution to this homogeneous equation and is called the
complementary integral.

The value of constant A in the complimentary solution is
to be evaluated later. The particular solution is the steady-
state response and Eq. (2.8) expresses the particular solution.
The steady-state response is the current that would flow in
steady state in a circuit that contains only the source, resistor,
and inductor shown in the circuit, the only element miss-
ing being the diode. This response can be obtained using the
differential equation or the Laplace transform or the ac sinu-
soidal circuit analysis. The total solution is the sum of both
the complimentary and the particular solution and it is shown
in Eq. (2.9). The value of A is obtained using the initial con-
dition. Since the diode starts conducting at wt =0 and the
current starts building up from zero, i(0) =0. The value of A
is expressed by Eq. (2.10).

Once the value of A is known, the expression for current is
known. After evaluating A, current can be evaluated at different
values of wt, starting from wt =m. As wt increases, the cur-
rent would keep decreasing. For some values of wt, say 8, the
current would be zero. If wt > B, the current would evaluate to
a negative value. Since the diode blocks current in the reverse
direction, the diode stops conducting when wt reaches. Then
an expression for the average output voltage can be obtained.
Since the average voltage across the inductor has to be zero,
the average voltage across the resistor and average voltage at
the cathode of the diode are the same. This average value can
be obtained as shown in Eq. (2.11).

E
i(0) = (—) sin(wt — «) (2.8)
V4
where wl
o = atan (E) and Z* =R’ +wl’
, (—RolL) , E .
i) =Axe + zsm(@ —a) (2.9)
E
A= <E> sin(a) (2.10)
Hence, the average output voltage:
B
E . E
Voavg = — [ sinf - d0 = — x [1 — cos(B)] (2.11)
27 21
0
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FIGURE 2.14 PSPICE model to study an R-L diode circuit.

PSPICE Simulation For simulation using PSPICE, the
circuit used is shown in Fig. 2.14. Here the nodes are num-
bered. The ac source is connected between the nodes 1 and
0. The diode is connected between the nodes 1 and 2 and the
inductor links the nodes 2 and 3. The resistor is connected
from the node 3 to the reference node, that is, node 0. The
circuit diagram is shown in Fig. 2.14.
The PSPICE program in textform is presented below.

*Half-wave Rectifier with RL Load
*An exercise to find the diode current
VIN 1 0 SIN(0 100V 50Hz)

D1 1 2 Dbreak

L123 10 mH

R13 05 Ohms

100—------- ==

A. I. Maswood

.MODEL Dbreak D(IS=10N N=1 BV=1200
IBV=10E-3 V]=0.6)

.TRAN 10 uS 100 mS 60 mS 100 uS

.PROBE

.OPTIONS (ABSTOL=IN RELTOL=.01 VNTOL=1MV)

.END

The diode is described using the MODEL statement. The
TRAN statement simulates the transient operation for a period
of 100 ms at an interval of 10 ms. The OPTIONS statement
sets limits for tolerances. The output can be viewed on the
screen because of the PROBE statement. A snapshot of various
voltages/currents is shown in Fig. 2.15.

From Fig. 2.15, it is evident that the current lags the source
voltage. This is a typical phenomenon in any inductive cir-
cuit and is associated with the energy storage property of
the inductor. This property of the inductor causes the cur-
rent to change slowly, governed by the time constant v =
tan~! (wl/R). Analytically, this is calculated by the expression in
Eq. (2.8).

2.7 Typical Applications of Diodes

A. In rectification

Four diodes can be used to fully rectify an ac signal as shown
in Fig. 2.16. Apart from other rectifier circuits, this topology
does not require an input transformer. However, they are used
for isolation and protection. The direction of the current is
decided by two diodes conducting at any given time. The direc-
tion of the current through the load is always the same. This
rectifier topology is known as the full bridge rectifier.

Current through the diode
. (Note the phase shift
X between V and 1)

\

N

Input voltage

FIGURE 2.15 Voltage/current waveforms at various points in the circuit.
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FIGURE 2.16 Full bridge rectifier and its output dc voltage.

The average rectifier output voltage:
2Vm . .
V4. = ——, where V,, is the peak input voltage
b1

The rms rectifier output voltage:
Vin
V2

This rectifier is twice as efficient as compared to a single
phase one.

Vims =

B. For voltage clamping

Figure 2.17 shows a voltage clamper. The negative pulse of the
sinusoidal input voltage charges the capacitor to its maximum
value in the direction shown. After charging, the capacitor
cannot discharge, since it is open circuited by the diode. Hence
the output voltage:

Vo = V. + V; = V,,(1 + sin(wt))

The output voltage is clamped between zero and 2V,.

C. As voltage multiplier

Connecting diode in a predetermined manner, an ac signal
can be doubled, tripled, and even quadrupled. This is shown
in Fig. 2.18. As evident, the circuit will yield a dc voltage equal
to 2V,,. The capacitors are alternately charged to the maximum
value of the input voltage.

e ] |
= 7 LJ_ +\/In|]—— i _L +2{/|m—
3 3 =

£ E Py
€

= ( +2Vm— +2Vm—

o ' —

Doubler |

Quadrupler

FIGURE 2.18 Voltage doubler and quadrupler circuit.

f Vi, cos(ot)

2V 1.

W
\/

FIGURE 2.17 Voltage clamping with diode.
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. forward current (Ir) and the peak inverse (Vzry) voltage. For

2.8 Standa}rd Datasheet for Diode example, the designer choosss the diode type V30 frogm the

Selection table in Fig. 2.19 because it closely matches their calculated

values of Ir and Vggrpy without going over. However, if for

In order for a designer to select a diode switch for specific some reason only the Vzgys matches but the calculated value

applications, the following tables and standard test results of Ir comes higher, one should go for diode H14, and so on.
can be used. A power diode is primarily chosen based on Similar concept is used for Vrpu.

General-Use Rectifier Diodes
Glass Molded Diodes

Voo(V
e rrn( V) 50 | 100 | 200 | 300 {400 | 500 | 600 | 800 | 1000 |1300 | 1500
A | Type

0.4 (V30 - - - -l -] - - |yes | yes |yes | yes
1.0 |H14 - |yes |yes | yes |yes|yes |yes |yes | yes - -

1.1 |V06 -| - |yes| - |yes| - |yes|yes| - - -

13 | - | - |[yes| - |yes| - |yes|yes| - - -

2.5 |U05 - |yes|yes| - |yes| - |yes|yes| - - -

30 [U15 - |yes|yes| - |yes| - |yes|yes| - - -

FIGURE 2.19 Table of diode selection based on average forward current, Ir(ay) and peak inverse voltage, Vrras (courtesy of Hitachi semiconductors).

ABSOLUTE MAXIMUM RATINGS

ltem Type V30J V30L V30M V30N

Repetitive Peak Reverse Voltage Verm \Y 800 1000 1300 1500
Non-Repetitive Peak Reverse Voltage Vesm \Y 1000 1300 1600 1800
Average Forward Current | A Single-phase half sine wave 180° conduction

g Fav) 0-4(T|_ = 100°C, Lead length = 10mm )
Surge(Non-Repetitive) Forward Current lesm A 30 (Without PIV, 10ms conduction, Tj = 150°C start)
2t Limit Value 12t A’s 3.6 (Time =2 ~ 10ms, | = RMS value)
Operating Junction Temperature Tj °C -50 ~ +150
Storage Temperature TS1g °C -50 ~ +150

Notes (1) Lead Mounting: Lead temperature 300°C max. to 3.2mm from body for 5sec. max.
(2) Mechanical strength: Bending 90° x 2 cycles or 180° x 1 cycle, Tensile 2kg, Twist 90° x | cycle.

CHARACTERISTICS (T, =25°C)
ltem Symbols| Units | Min. | Typ. | Max. Test Conditions

Peak Reverse Current IRRM HA - 0.6 10 | All class Rated Vggy

Iem=0.4Ap, Single-phase half

Peak Forward Voltage Vem Vv — — 1.3 sine wave 1 cycle

Reverse Recovery Time trr us — 3.0 - |F=2mA, VR=_15V
Rini

Steady State Thermal Impedance th(-a) °C/W — — 80 Lead length = 10 mm
Ring-1) 50

FIGURE 2.20 Details of diode characteristics for diode V30 selected from Fig. 2.19.
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In addition to the above mentioned diode parameters, one
should also calculate parameters like the peak forward volt-
age, reverse recovery time, case and junction temperatures,
etc. and check them against the datasheet values. Some of
these datasheet values are provided in Fig. 2.20 for the selected
diode V30. Figures 2.21-2.23 give the standard experimental
relationships between voltages, currents, power, and case tem-
peratures for our selected V30 diode. These characteristics help
a designer to understand the safe operating area for the diode,
and to make a decision whether or not to use a snubber or
a heat sink. If one is particularly interested in the actual reverse
recovery time measurement, the circuit given in Fig. 2.24 can
be constructed and experimented upon.

Forward characteristic

100 ——
Single-phase half sine wave
Conduction : 10ms 1 cycle
<
= LT
€ 10 o
2 = R
5 1 TL=150°C —/
3 vl .
© |
E /// 1
2 / 1 TL=25° T
s 4 '
< 1.0— 17
© Y
[0} i - -
& /
.- f T
| 1
| |
0.1 L

0o 1 2 3 4 b5
Peak forward voltage drop (V)

FIGURE 2.21 Variation of peak forward voltage drop with peak
forward current.

Max. average forward power dissipation
(Resistive or inductive load)
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©
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Average forward current (A)

FIGURE 2.22 Variation of maximum forward power dissipation with
average forward current.
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Max. allowable ambient temperature
(Resistive or inductive load)

6 200 Single-phase half sine wave|
[ 180° c_o_rlduction (50Hz)

o

Ei 160

©

@ \ L =10mm

g 120 R 1 2omm

9] ‘K\, L 25mm

e [

e 80T ‘%

Q< Lal=lE

T a0l £ F

g . : -

2 PC board (100x180x1.6t)

© Copper foil ((5.5)

X

g 0% 01 02 03 04 05 06

Average forward current (A)

FIGURE 2.23 Maximum allowable case temperature with variation of
average forward current.

Reverse recovery time(t,,) test circuit

50uf D.UT =
0 t
—15V|‘ '
;?2 mA |rp I 0.1 Irp
22s 600Q
=15V g L
L i *

FIGURE 2.24 Reverse recovery time (#,-) measurement.
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3.1 Introduction

The first transistor was discovered in 1948 by a team of physi-
cists at the Bell Telephone Laboratories and soon became a
semiconductor device of major importance. Before the tran-
sistor, amplification was achieved only with vacuum tubes.
Even though there are now integrated circuits with millions
of transistors, the flow and control of all the electrical energy
still require single transistors. Therefore, power semiconduc-
tors switches constitute the heart of modern power electronics.
Such devices should have larger voltage and current ratings,
instant turn-on and turn-off characteristics, very low voltage
drop when fully on, zero leakage current in blocking condition,
ruggedness to switch highly inductive loads which are mea-
sured in terms of safe operating area (SOA) and reverse-biased
second breakdown (ES/b), high temperature and radiation
withstand capabilities, and high reliability. The right com-
bination of such features restrict the devices suitability to
certain applications. Figure 3.1 depicts voltage and current
ranges, in terms of frequency, where the most common power
semiconductors devices can operate.

The plot gives actually an overall picture where power
semiconductors are typically applied in industries: high volt-
age and current ratings permit applications in large motor
drives, induction heating, renewable energy inverters, high
voltage DC (HVDC) converters, static VAR compensators, and
active filters, while low voltage and high-frequency applications
concern switching mode power supplies, resonant converters,
and motion control systems, low frequency with high current
and voltage devices are restricted to cycloconverter-fed and
multimegawatt drives.

Copyright © 2001 by Academic Press
DOI: 10.1016/B978-0-12-382036-5.00003-3

Power-npn or -pnp bipolar transistors are used to be the
traditional component for driving several of those industrial
applications. However, insulated gate bipolar transistor (IGBT)
and metal oxide field effect transistor (MOSFET) technology
have progressed so that they are now viable replacements for
the bipolar types. Bipolar-npn or -pnp transistors still have
performance areas in which they may be still used, for example
they have lower saturation voltages over the operating temper-
ature range, but they are considerably slower, exhibiting long
turn-on and turn-off times. When a bipolar transistor is used
in a totem-pole circuit the most difficult design aspects to
overcome are the based drive circuitry. Although bipolar tran-
sistors have lower input capacitance than that of MOSFETs
and IGBTs, they are current driven. Thus, the drive circuitry
must generate high and prolonged input currents.

The high input impedance of the IGBT is an advantage over
the bipolar counterpart. However, the input capacitance is also
high. As a result, the drive circuitry must rapidly charge and
discharge the input capacitor of the IGBT during the tran-
sition time. The IGBTs low saturation voltage performance
is analogous to bipolar power-transistor performance, even
over the operating-temperature range. The IGBT requires a
-5 to 10V gate—emitter voltage transition to ensure reliable
output switching.

The MOSFET gate and IGBT are similar in many areas
of operation. For instance, both devices have high input
impedance, are voltage-driven, and use less silicon than the
bipolar power transistor to achieve the same drive per-
formance. Additionally, the MOSFET gate has high input
capacitance, which places the same requirements on the gate-
drive circuitry as the IGBT employed at that stage. The IGBTs

29



30 M. G. Simoes

1 Mhz 4 1 Mhz %
sy Power 2 Power
S 100 kHz | Mosfet g 100 kHz Mosfet
= ]
g —] /BJT T MCT
] IGBT 5
£ 10kHz y 2 10kHz

McT 1GBT | BJT |
1 kHz S0 | 1 kHz aTo B
Thyristor R Thyristor |
1kV 2 kV 3 kv 4 kV 5 kV 1 kA 2 kA 3 kA
Voltage Current
(a) (b)

FIGURE 3.1 Power semiconductor operating regions; (a) voltage vs frequency and (b) current vs frequency.

outperform MOSFETs when it comes to conduction loss vs
supply-voltage rating. The saturation voltage of MOSFETS is
considerably higher and less stable over temperature than that
of IGBTs. For such reasons, during the 1980s, the insulated
gate bipolar transistor took the place of bipolar junction tran-
sistors (BJTs) in several applications. Although the IGBT is a
cross between the bipolar and MOSFET transistor, with the
output switching and conduction characteristics of a bipolar
transistor, but voltage-controlled like a MOSFET, early IGBT
versions were prone to latch up, which was largely elimi-
nated. Another characteristic with some IGBT types is the
negative temperature coefficient, which can lead to thermal
runaway and making the paralleling of devices hard to effec-
tively achieve. Currently, this problem is being addressed in the
latest generations of IGBTs.

It is very clear that a categorization based on voltage and
switching frequency are two key parameters for determining
whether a MOSFET or IGBT is the better device in an applica-
tion. However, there are still difficulties in selecting a compo-
nent for use in the crossover region, which includes voltages of
250-1000V and frequencies of 20-100 kHz. At voltages below
500V, the BJT has been entirely replaced by MOSFET in power
applications and has been also displaced in higher voltages,
where new designs use IGBTs. Most of regular industrial needs
are in the range of 1-2kV blocking voltages, 200-500 A con-
duction currents, and switching speed of 10-100 ns. Although
on the last few years, new high voltage projects displaced BJTs
towards IGBT, and it is expected to see a decline in the number
of new power system designs that incorporate BJTs, there are
still some applications for BJTs; in addition the huge built-up
history of equipments installed in industries make the BJT yet
a lively device.

3.2 Basic Structure and Operation

The bipolar junction transistor (BJT) consists of a three-region
structure of n-type and p-type semiconductor materials, it

junction

¥
ol

A L

o i

electrons

injection

FIGURE 3.2 Structure of a planar bipolar junction transistor.

can be constructed as npn as well as pnp. Figure 3.2 shows
the physical structure of a planar npn BJT. The operation is
closely related to that of a junction diode where in normal
conditions the pn junction between the base and collector
is forward-biased (Vpg > 0) causing electrons to be injected
from the emitter into the base. Since the base region is thin,
the electrons travel across arriving at the reverse-biased base—
collector junction (Vpc <0) where there is an electric field
(depletion region). Upon arrival at this junction the electrons
are pulled across the depletion region and draw into the col-
lector. These electrons flow through the collector region and
out the collector contact. Because electrons are negative carri-
ers, their motion constitutes positive current flowing into the
external collector terminal. Even though the forward-biased
base—emitter junction injects holes from base to emitter they
do not contribute to the collector current but result in a net
current flow component into the base from the external base
terminal. Therefore, the emitter current is composed of those
two components: electrons destined to be injected across the
base—emitter junction, and holes injected from the base into
the emitter. The emitter current is exponentially related to the
base—emitter voltage by the equation:

ip = igo(eBEMVT — 1) (3.1)
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where i is the saturation current of the base—emitter junction
which is a function of the doping levels, temperature, and the
area of the base—emitter junction, V7 is the thermal voltage
Kt/q, and 5 is the emission coefficient. The electron current
arriving at the collector junction can be expressed as a fraction
«a of the total current crossing the base—emitter junction

ic = aig (3.2)
Since the transistor is a three terminals device, ig is equal

to ic + ip, hence the base current can be expressed as the
remaining fraction

ig= (1 —w)ig (3.3)

The collector and base currents are thus related by the ratio

ic o
iB T l-«

The values of « and B for a given transistor depend primar-
ily on the doping densities in the base, collector, and emitter
regions, as well as on the device geometry. Recombination and
temperature also affect the values for both parameters. A power
transistor requires a large blocking voltage in the off state and
a high current capability in the on state, and a vertically ori-
ented four layers structures as shown in Fig. 3.3 is preferable
because it maximizes the cross-sectional area through which
the current flows, enhancing the on-state resistance and power
dissipation in the device. There is an intermediate collector
region with moderate doping, the emitter region is controlled
so as to have an homogenous electrical field.

Optimization of doping and base thickness are required to
achieve high breakdown voltage and amplification capabilities.

Base Emitter
i |
P
N+
N-
it |
Collector

FIGURE 3.3 Power transistor vertical structure.
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Power transistors have their emitters and bases interleaved to
reduce parasitic ohmic resistance in the base current path and
also improving the device for second breakdown failure. The
transistor is usually designed to maximize the emitter periph-
ery per unit area of silicon, in order to achieve the highest
current gain at a specific current level. In order to ensure
those transistors have the greatest possible safety margin, they
are designed to be able to dissipate substantial power and, thus,
have low thermal resistance. It is for this reason, among others,
that the chip area must be large and that the emitter periphery
per unit area is sometimes not optimized. Most transistor
manufacturers use aluminum metalization, since it has many
attractive advantages, among these are ease of application by
vapor deposition and ease of definition by photolithography.
A major problem with aluminum is that only a thin layer can
be applied by normal vapor deposition techniques. Thus, when
high currents are applied along the emitter fingers, a voltage
drop occurs along them, and the injection efficiency on the
portions of the periphery that are furthest from the emitter
contact is reduced. This limits the amount of current each
finger can conduct. If copper metalization is substituted for
aluminum, then it is possible to lower the resistance from the
emitter contact to the operating regions of the transistors (the
emitter periphery).

From a circuit point of view, the Egs. (3.1)—(3.4) are used
to relate the variables of the BJT input port (formed by base
(B) and emitter (E)) to the output port (collector (C) and
emitter (E)). The circuit symbols are shown in Fig. 3.4. Most of
the power electronics applications use npn transistor because
electrons move faster than holes, and therefore, npn transistors
have considerable faster commutation times.

Collector Emitter

Base Base

Emitter Collector

(a) (b)

FIGURE 3.4 Circuit symbols: (a) npn transistor and (b) pnp transistor.

3.3 Static Characteristics

Device static ratings determine the maximum allowable lim-
its of current, voltage, and power dissipation. The absolute
voltage limit mechanism is concerned to the avalanche such
that thermal runaway does not occur. Forward current rat-
ings are specified at which the junction temperature does not
exceed a rated value, so leads and contacts are not evapo-
rated. Power dissipated in a semiconductor device produces
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FIGURE 3.5 Family of current-voltage characteristic curves: (a) base—emitter input port and (b) collector—emitter output port.

a temperature rise and are related to the thermal resistance.
A family of voltage—current characteristic curves is shown in
Fig. 3.5. Figure 3.5a shows the base current ip plotted as a
function of the base—emitter voltage Vg and Fig. 3.5b depicts
the collector current ic as a function of the collector—emitter
voltage Vg with ip as the controlling variable.

Figure 3.5 shows several curves distinguished each other by
the value of the base current. The active region is defined
where flat, horizontal portions of voltage—current curves show
“constant” ic current, because the collector current does not
change significantly with V¢g for a given ig. Those portions
are used only for small signal transistor operating as linear
amplifiers. Switching power electronics systems on the other
hand require transistors to operate in either the saturation
region where Vg is small or in the cut off region where the
current is zero and the voltage is uphold by the device. A small
base current drives the flow of a much larger current between
collector and emitter, such gain called beta (Eq. (3.4)) depends
upon temperature, V¢ and ic. Figure 3.6 shows current gain
increase with increased collector voltage; gain falls off at both
high and low current levels.

V=2V (125 °C)

Vg = 400 V (25 °C)

Current Gain (§)

Vee=2V (25 °C)

>

Ioé(ic)

FIGURE 3.6 Current gain depends on temperature, Vg and ic,

FIGURE 3.7 Darlington connected BJTs.

High voltage BJTs typically have low current gain, and hence
Darlington connected devices, as indicated in Fig. 3.7 are com-
monly used. Considering gains 81 and 8, for each one of those
transistors, the Darlington connection will have an increased
gain of B + B2 + B1 B2, diode D; speedsup the turn-off pro-
cess, by allowing the base driver to remove the stored charge
on the transistor bases.

Vertical structure power transistors have an additional
region of operation called quasi-saturation, indicated in the
characteristics curve of Fig. 3.8. Such feature is a conse-
quence of the lightly doped collector drift region where the
collector—base junction supports a low reverse bias. If the tran-
sistor enters in the hard-saturation region the on-state power
dissipation is minimized, but has to be traded off with the
fact that in quasi-saturation the stored charges are smaller.
At high collector currents beta gain decreases with increased
temperature and with quasi-saturation operation such negative
feedback allows careful device paralleling. Two mechanisms
on microelectronic level determine the fall off in beta, namely
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FIGURE 3.8 Voltage—current characteristics for a vertical power tran-
sistor.

conductivity modulation and emitter crowding. One can note
that there is a region called primary breakdown due to conven-
tional avalanche of the C-B junction and the attendant large
flow of current. The BVsys is the limit for primary break-
down, it is the maximum collector—emitter voltage that can
be sustained across the transistor when it is carrying high
collector current. The BVsys is lower than BVcgo or BVcgo
which measure the transistor’s voltage standoff capability when
the base current is zero or negative. The bipolar transistor
have another potential failure mode called second breakdown,
which shows as a precipitous drop in the collector—emitter
voltage at large currents. Because the power dissipation is not
uniformly spread over the device but it is rather concentrated
on regions make the local gradient of temperature can rise
very quickly. Such thermal runaway brings hot spots which
can eventually melt and recrystallize the silicon resulting in the
device destruction. The key to avoid second breakdown is to
(1) keep power dissipation under control, (2) use a controlled
rate of change of base current during turn-off, (3) use of pro-
tective snubbers circuitry, and (4) positioning the switching
trajectory within the safe operating area (SOA) boundaries.
In order to describe the maximum values of current and
voltage, to which the BJT should be subjected two diagrams,
are used: the forward-bias safe operating area (FBSOA) given
in Fig. 3.9 and the reverse-bias safe operating area (RBSOA)
shown in Fig. 3.10. In the FBSOA the current Icy is the max-
imum current of the device, there is a boundary defining the
maximum thermal dissipation and a margin defining the sec-
ond breakdown limitation. Those regions are expanded for
switching mode operation. Inductive load generates a higher
peak energy at turn-off than its resistive counterpart. It is then
possible to have a secondary breakdown failure if RBSOA is
exceeded. A reverse base current helps the cut off character-
istics expanding RBSOA. The RBSOA curve shows that for
voltages below Vcpo the safe area is independent of reverse
bias voltage Vgp and is only limited by the device collector
current, whereas above V¢go the collector current must be
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FIGURE 3.9 Forward-bias safe operating area (FBSOA).
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FIGURE 3.10 Reverse-bias safe operating area (RBSOA).

under control depending upon the applied reverse-bias volt-
age, in addition temperature effects derates the SOA. Ability
for the transistor to switch high currents reliably is thus deter-
mined by its peak power handling capabilities. This ability is
dependent upon the transistor’s current and thermal density
throughout the active region. In order to optimize the SOA
capability, the current density and thermal density must be
low. In general, it is the hot spots occurring at the weakest area
of the transistor that will cause a device to fail due to second
breakdown phenomena. Although a wide base width will limit
the current density across the base region, good heat sinking
directly under the collector will enable the transistor to with-
stand high peak power. When the power and heat are spread
over a large silicon area, all of these destructive tendencies are
held to a minimum, and the transistor will have the highest
SOA capability.

When the transistor is on, one can ignore the base cur-
rent losses and calculate the power dissipation on the on state
(conduction losses) by Eq. (3.5). Hard saturation minimizes
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collector—emitter voltage, decreasing on-state losses.

Pon = IcVcE(sar) (3.5)

3.4 Dynamic Switching Characteristics

Switching characteristics are important to define the device
velocity in changing from conduction (on) to blocking (off)
states. Such transition velocity is of paramount importance
also because most of the losses are due to high-frequency
switching. Figure 3.11 shows typical waveforms for a resis-
tive load. Index “r” refers to the rising time (from 10 to 90% of
maximum value), for example ¢,; is the current rise time which
depends upon the base current. The falling time is indexed by
“f”; the parameter tg is the current falling time, i.e. when the
transistor is blocking such time corresponds to crossing from
the saturation to the cut off state. In order to improve t; the
base current for blocking must be negative and the device must
be kept in quasi-saturation to minimize the stored charges.
The delay time is denoted by #;, corresponding to the time
to discharge the capacitance of base—emitter junction, which
can be reduced with a larger current base with high slope.
Storage time (#;) is a very important parameter for BJT tran-
sistor, it is the required time to neutralize the carriers stored in
the collector and base. Storage time and switching losses are
key points to deal extensively with bipolar power transistors.
Switching losses occur at both turn-on and turn-off and for
high frequency operation the rising and falling times for volt-
age and current transitions play important role as indicated by
Fig. 3.12.

A typical inductive load transition is indicated in Fig. 3.13.
The figure indicates a turn-off transition. Current and voltage
are interchanged at turn-on and an approximation based upon
on straight line switching intervals (resistive load) gives the

-~ 90%
Base current
10%

tyit, T %
90% Ao N 1 90%
/ \ Collector current
10% . \10%
: ton toff R
ol 90%
\ / Voltage Ve
N VCE, SAT i 10%
FIGURE 3.11 Resistive load dynamic response.
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FIGURE 3.12 Inductive load switching characteristics.

switching losses by Eq. (3.6).

_ Vslpm

P 5

fs (3.6)

where 7 is the period of the switching interval, and Vs and
I are the maximum voltage and current levels as shown in
Fig. 3.10.

Most advantageous operation is achieved when fast tran-
sitions are optimized. Such requirement minimizes switching
losses. Therefore, a good bipolar drive circuit highly influences
the transistor performance. A base drive circuit should pro-
vide a high forward base drive current (Ip;) as indicated in
Fig. 3.14 to ensure the power semiconductor turn-on quickly.
Base drive current should keep the BJT fully saturated to mini-
mize forward conduction losses, but a level Iz, would maintain
the transistor in quasi-saturation avoiding excess of charges



3 Power Bipolar Transistors

Voltage,
Current

v

'

+—>

(@)

Voltage,
Current

v

(b)

FIGURE 3.13 Turn-off voltage and current switching transition: (a) inductive load and (b) resistive load.
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FIGURE 3.14 Recommended base current for BJT driving.

v

in base. Controllable slope and reverse current Igg sweeps out
stored charges in the transistor base, speeding up the device
turn-off.

3.5 Transistor Base Drive Applications

A plethora of circuits have been suggested to successfully com-
mand transistors for operating in power electronics switching
systems. Such base drive circuits try to satisfy the following
requirements: supply the right collector current, adapt the
base current to the collector current, and extract a reverse cur-
rent from base to speed up the device blocking. A good base
driver reduces the commutation times and total losses, increas-
ing efficiency and operating frequency. Depending upon the
grounding requirements between the control and the power
circuits, the base drive might be isolated or non-isolated types.
Fig. 3.15 shows a non-isolated circuit. When T; is switched
on T, is driven and diode D; is forward-biased providing a
reverse-bias keeping T3 off. The base current Ip is positive and
saturates the power transistor Tp. When T is switched off,
T3 switches on due to the negative path provided by R3, and
—Vcc, providing a negative current for switching off the power
transistor Tp.

When a negative power supply is not provided for the base
drive, a simple circuit like Fig. 3.16 can be used in low power
applications (step per motors, small dc—dc converters, relays,
pulsed circuits). When the input signal is high, Ty switches
on and a positive current goes to Tp keeping the capacitor
charged with the zener voltage, when the input signal goes low

-V

cc

FIGURE 3.15 Non-isolated base driver.

FIGURE 3.16 Base command without negative power supply.
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FIGURE 3.17 Antisaturation diodes (Baker’s clamp) improve power
transistor storage time.

T, provides a path for the discharge of the capacitor, imposing
a pulsed negative current from the base—emitter junction of Tp.

A combination of large reverse base drive and antisaturation
techniques may be used to reduce storage time to almost zero.
A circuit called Baker’s clamp may be employed as illustrated
in Fig. 3.17. When the transistor is on, its base is two diode
drops below the input. Assuming that diodes D, and D3 have a
forward-bias voltage of about 0.7V, then the base will be 1.4V
below the input terminal. Due to diode D; the collector is one
diode drop, or 0.7V below the input. Therefore, the collector
will always be more positive than the base by 0.7V, staying
out of saturation, and because collector voltage increases, the
gain f also increases a little bit. Diode D4 provides a negative
path for the reverse base current. The input base current can
be supplied by a driver circuit similar to the one discussed in
Fig. 3.15.

Several situations require ground isolation, off-line oper-
ation, floating transistor topology, in addition safety needs
may call for an isolated base drive circuit. Numerous circuits
have been demonstrated in switching power supplies isolated
topologies, usually integrating base drive requirements with
their power transformers. Isolated base drive circuits may pro-
vide either constant current or proportional current excitation.
A very popular base drive circuit for floating switching transis-
tor is shown in Fig. 3.18. When a positive voltage is impressed
on the secondary winding (Vs) of Tg; a positive current
flows into the base of the power transistor Tp which switches
on (resistor R; limits the base current). The capacitor C is
charged by (Vs—Vp1—Vpg) and T; is kept blocked because the
diode D; reverse biases T base—emitter. When Vg is zipped
off, the capacitor voltage V¢ brings the emitter of T} to a neg-
ative potential with respect to its base. Therefore, T is excited
so as to switch on and start pulling a reverse current from Tp
base. Another very effective circuit is shown in Fig. 3.19 with a
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FIGURE 3.18 Isolated base drive circuit.
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FIGURE 3.19 Transformer coupled base drive with tertiary winding
transformer.

minimum number of components. The base transformer has
a tertiary winding which uses the energy stored in the trans-
former to generate the reverse base current during the turn-off
command. Other configurations are also possible by adding to
the isolated circuits the Baker clamp diodes, or zener diodes
with paralleled capacitors.

Sophisticated isolated base drive circuits can be used to pro-
vide proportional base drive currents where it is possible to
control the value of 8, keeping it constant for all collector cur-
rents leading to shorter storage time. Figure 3.20 shows one
of the possible ways to realize a proportional base drive cir-
cuit. When transistor T; turns on, the transformer Tg; is in
negative saturation and the power transistor Tp is off. Dur-
ing the time that T; is on, a current flows through winding
Ni, limited by resistor R;, storing energy in the transformer,
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FIGURE 3.20 Proportional base drive circuit.

holding it into saturation. When the transistor T turns off,
the energy stored in Nj is transferred to winding Ny, pulling
the core from negative to positive saturation. The windings N,
and N will withstand as a current source, the transistor Tp
will stay on and the gain 8 will be imposed by the turns ratio
given by Eq. (3.7).

=N (3.7)

B

In order to use the proportional drive given in Fig. 3.20 careful
design of the transformer must be done, so as to have flux
balanced which will keep core under saturation. The transistor
gain must be somewhat higher than the value imposed by
the transformer turns ratio, which requires cautious device
matching.

The most critical portion of the switching cycle occurs
during transistor turn-off, since normally reverse base cur-
rent is made very large in order to minimize storage time,
such conditions may avalanche the base—emitter junction lead-
ing to destruction. There are two options to prevent this
from happening: turning off the transistor at low values of
collector—emitter voltage (which is not practical in most of
the applications) or reducing collector current with rising col-
lector voltage, implemented by RC protective networks called
snubbers. Therefore, an RC snubber network can be used to
divert the collector current during the turn-off improving
the RBSOA in addition the snubber circuit dissipates a fair
amount of switching power relieving the transistor. Figure 3.21
shows a turn-off snubber network; when the power tran-
sistor is off, the capacitor C is charged through diode Dj.
Such collector current flows temporarily into the capacitor as
the collector-voltage rises; as the power transistor turns on,

717

FIGURE 3.21 Turn-off snubber network.

the capacitor discharges through the resistor R back into the
transistor.

It is not possible to fully develop all the aspects regard-
ing simulation of BJT circuits. Before giving an example some
comments are necessary regarding modeling and simulation
of BJT circuits. There are a variety of commercial circuit sim-
ulation programs available on the market, extending from a
set of functional elements (passive components, voltage con-
trolled current sources, semiconductors) which can be used
to model devices, to other programs with the possibility of



38

implementation of algorithm relationships. Those streams are
called subcircuit (building auxiliary circuits around a SPICE
primitive) and mathematical (deriving models from internal
device physics) methods. Simulators can solve circuit equa-
tions exactly, given models for the non-linear transistors, and
predict the analog behavior of the node voltages and currents
in continuous time. They are costly in computer time and such
programs have not been written to usually serve the needs of
designing power electronic circuits, rather for designing low-
power and low-voltage electronic circuits. Therefore, one has
to decide which approach should be taken for incorporating
BJT power transistor modeling, and a trade-off between accu-
racy and simplicity must be considered. If precise transistor
modeling are required subcircuit oriented programs should
be used. On the other hand, when simulation of complex
power electronic system structures, or novel power electronic
topologies are devised, the switch modeling should be rather
simple, by taking in consideration fundamental switching
operations, and a mathematical oriented simulation program

should be used.

3.6 SPICE Simulation of Bipolar
Junction Transistors

SPICE is a general-purpose circuit program that can be applied
to simulate electronic and electrical circuits and predict the
circuit behavior. SPICE was originally developed at the Elec-
tronics Research Laboratory of the University of California,
Berkeley (1975), the name stands for: Simulation Program
for Integrated Circuits Emphasis. A circuit must be specified
in terms of element names, element values, nodes, variable
parameters, and sources. SPICE can do several types of circuit
analyses:

« Non-linear dc analysis, calculating the dc transference.

o Non-linear transient analysis: calculates signals as a
function of time.

o Linear ac analysis: computes a bode plot of output as a
function of frequency.

o Noise analysis.

« Sensitivity analysis.

« Distortion analysis.

« Fourier analysis.

« Monte-Carlo analysis.

In addition, PSpice has analog and digital libraries of stan-
dard components such as operational amplifiers, digital gates,
flip-flops. This makes it a useful tool for a wide range of analog
and digital applications. An input file, called source file, con-
sists of three parts: (1) data statements, with description of the
components and the interconnections, (2) control statements,
which tells SPICE what type of analysis to perform on the
circuit, and (3) output statements, with specifications of what
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outputs are to be printed or plotted. Two other statements are
required: the title statement and the end statement. The title
statement is the first line and can contain any information,
while the end statement is always .END. This statement must
be a line be itself, followed by a carriage return. In addition,
there are also comment statements, which must begin with an
asterisk (*) and are ignored by SPICE. There are several model
equations for BJTs.

SPICE has built-in models for the semiconductor devices,
and the user need to specify only the pertinent model
parameter values. The model for the BJT is based on the
integral-charge model of Gummel and Poon. However, if
the Gummel-Poon parameters are not specified, the model
reduces to piecewise-linear Ebers-Moll model as depicted in
Fig. 3.22. In either case, charge-storage effects, ohmic resis-
tances, and a current-dependent output conductance may be
included. The forward gain characteristics is defined by the
parameters Is and B, the reverse characteristics by Is and Bg.
Three ohmic resistances Rg, R¢, and Rg are also included. The
two diodes are modeled by voltage sources, exponential equa-
tions of Shockley can be transformed into logarithmic ones.
A set of device model parameters is defined on a separate
.MODEL card and assigned a unique model name. The device
element cards in SPICE then reference the model name. This
scheme lessens the need to specify all of the model parameters
on each device element card. Parameter values are defined by
appending the parameter name, as given below for each model
type, followed by an equal sign and the parameter value. Model
parameters that are not given a value are assigned the default
values given below for each model type. As an example, the
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FIGURE 3.22 Ebers—Moll transistor model.
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FIGURE 3.23 BJT buck chopper.

model parameters for the 2N2222A NPN transistor is given
below:

.MODEL Q2N2222A NPN (IS=14.34F XTI=3 EG=1.11

VAF= 74.03 BF=255.9 NE=1.307 ISE=14.34F IKF=.2847
XTB=1.5 BR=6.092 NC=2 ISC=0 IKR=0 RC=1 CJC=7.306P
MJC=.3416 VJC=.75 FC=.5 CJE=22.01P MJE=.377 VJE=.75
TR=46.91N TF=411.1P ITF=.6 VTF=1.7 XTF=3 RB=10)

Figure 3.23 shows a BJT buck chopper. The dc input voltage
is 12V, the load resistance R is 5 2, the filter inductance L is
145.84 wH, and the filter capacitance C is 200 WE. The chop-
ping frequency is 25 kHz and the duty cycle of the chopper is
42% as indicated by the control voltage statement (V). The
listing below plots the instantaneous load current (Ip), the
input current (Is), the diode voltage (Vp), the output voltage
(Vc), and calculate the Fourier coefficients of the input cur-
rent (Is). It is suggested for the careful reader to have more
details and enhancements on using SPICE for simulations on
specialized literature and references.

*SOURCE
vs 1 0 DC 12V
vy 1 2 DC 0V ;Voltage source to measure

input current

vG 7 3 PULSE 0OV 30V 0.1NS 0/1Ns 16.7US 40US)

*CIRCUIT

RB 7 6 250 ;Transistor base
resistance

R 5 0 5

3 4 145.8UH

C 5 0 200UF IC=3V ;Initial voltage

VX 4 5 DC 0V ;Source to inductor
current

DM O 3 DMOD ;Freewheeling diode

.MODEL DMOD D(IS=2.22E-15 BV=1200V CJ0O=0 TT=0)

Q1 2 6 3 3 2N6546 ;BJT switch

.MODEL 2N6546 NPN (IS=6.83E-14 BF=13 CJE=1PF
CJC=607.3PF TF=26.5NS)

*ANALYSIS

. TRAN 2US 2.1MS 2MS UIC ;Transient analysis

. PROBE ;Graphics post-processor

.OPTIONS ABSTOL=1.00N RELTOL=0.01 VNTOL=0.1
ITL5=40000

.FOUR 25KHZ I (VY) ;Fourier analysis

.END

3.7 BJT Applications

Bipolar junction power transistors are applied to a variety
of power electronic functions, switching mode power sup-
plies, dc motor inverters, PWM inverters just to name a few.
To conclude the present chapter, three applications are next
illustrated.

A flyback converter is exemplified in Fig. 3.24. The switching
transistor is required to withstand the peak collector voltage
at turn-off and peak collector currents at turn-on. In order to
limit the collector voltage to a safe value, the duty cycle must be
kept relatively low, normally below 50%, i.e. 6. < 0.5. In prac-
tice, the duty cycle is taken around 0.4, which limits the peak
collector. A second design factor which the transistor must
meet is the working collector current at turn-on, dependent
on the primary transformer-choke peak current, the primary-
to-secondary turns ratio, and the output load current. When
the transistor turns on the primary current builds up in the
primary winding, storing energy, as the transistor turns off,
the diode at the secondary winding is forward biasing, releas-
ing such stored energy into the output capacitor and load. Such
transformer operating as a coupled inductor is actually defined
as a transformer-choke. The design of the transformer-choke
of the flyback converter must be done carefully to avoid sat-
uration because the operation is unidirectional on the B-H
characteristic curve.

Therefore, a core with a relatively large volume and air gap
must be used. An advantage of the flyback circuit is the sim-
plicity by which a multiple output switching power supply may
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FIGURE 3.24 Flyback converter.

FIGURE 3.25

be realized. This is because the isolation element acts as a com-
mon choke to all outputs, thus only a diode and a capacitor
are needed for an extra output voltage.

Figure 3.25 shows the basic forward converter and its
associated waveforms. The isolation element in the forward
converter is a pure transformer which should not store energy,
and therefore, a second inductive element L is required at the
output for proper and efficient energy transfer. Notice that
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Isolated forward converter.

the primary and secondary windings of the transformer have
the same polarity, i.e. the dots are at the same winding ends.
When the transistor turns on, current builds up in the pri-
mary winding. Because of the same polarity of the transfo
rmer secondary winding, such energy is forward transferred
to the output and also stored in inductor L through diode D,
which is forward-biased. When the transistor turns off, the
transformer winding voltage reverses, back-biasing diode D,



3 Power Bipolar Transistors

Ig |<—VCE—>| Ia
- —>

Vg o
LA, RA
| =
F D ZS
EG
Ve L, Re
@

41

T —>

FIGURE 3.26 Chopper-fed dc drive.

and the flywheel diode D3 is forward-biased, conducting
current in the output loop and delivering energy to the load
through inductor L. The tertiary winding and diode D, provide
transformer demagnetization by returning the transformer
magnetic energy into the output dc bus. It should be noted
that the duty cycle of the switch must be kept below 50%,
so that when the transformer voltage is clamped through the
tertiary winding, the integral of the volt-seconds between the
input voltage and the clamping level balances to zero. Duty
cycles above 50%, i.e. 6 > 0.5, will upset the volt-seconds bal-
ance, driving the transformer into saturation, which in turn
produces high collector current spikes that may destroy the
switching transistor. Although the clamping action of the ter-
tiary winding and the diode limit the transistor peak collector
voltage to twice the dc input, care must be taken during con-
struction to couple the tertiary winding tightly to the primary
(bifilar wound) to eliminate voltage spikes caused by leakage
inductance.

Chopper drives are connected between a fixed-voltage dc
source and a dc motor to vary the armature voltage. In addition
to armature voltage control, a dc chopper can provide regener-
ative braking of the motors and can return energy back to the
supply. This energy-saving feature is attractive to transporta-
tion systems as mass rapid transit (MRT), chopper drives are

also used in battery electric vehicles. A dc motor can be oper-
ated in one of the four quadrants by controlling the armature
or field voltages (or currents). It is often required to reverse
the armature or field terminals in order to operate the motor
in the desired quadrant. Figure 3.26 shows a circuit arrange-
ment of a chopper-fed dc separately excited motor. This is a
one-quadrant drive, the waveforms for the armature voltage,
load current, and input current are also shown. By varying the
duty cycle, the power flow to the motor (and speed) can be
controlled.
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4.1 Introduction

In this chapter, an overview of power MOSFET (metal oxide
semiconductor field effect transistor) semiconductor switch-
ing devices will be given. The detailed discussion of the
physical structure, fabrication, and physical behavior of the
device and packaging is beyond the scope of this chapter.
The emphasis here will be given on the terminal i—v switching
characteristics of the available device, turn-on, and turn-off
switching characteristics, PSPICE modeling and its current,
voltage, and switching limits. Even though, most of today’s
available semiconductor power devices are made of silicon
or germanium materials, other materials such as gallium
arsenide, diamond, and silicon carbide are currently being
tested.

One of the main contributions that led to the growth of the
power electronics field has been the unprecedented advance-
ment in the semiconductor technology, especially with respect
to switching speed and power handling capabilities. The area
of power electronics started by the introduction of the sili-
con controlled rectifier (SCR) in 1958. Since then, the field
has grown in parallel with the growth of the power semi-
conductor device technology. In fact, the history of power
electronics is very much connected to the development of
switching devices and it emerged as a separate discipline when
high power bipolar junction transistors (BJTs) and MOSFETs
devices where introduced in the 1960s and 1970s. Since
then, the introduction of new devices has been accompanied
with dramatic improvement in power rating and switching

Copyright © 2007, 2001, Elsevier Inc.
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performance. Because of their functional importance, drive
complexity, fragility, cost, power electronic design engineer
must be equipped with the thorough understanding of the
device operation, limitation, drawbacks, and related reliability
and efficiency issues.

In the 1980s, the development of power semiconductor
devices took an important turn when new process technol-
ogy was developed that allowed the integration of MOS and
BJT technologies on the same chip. Thus far, two devices
using this new technology have been introduced: integrated
gate bipolar transistor (IGBT) and MOS controlled thyristor
(MCT). Many of the IC processing methods and equipment
have been adopted for the development of power devices.
However, unlike microelectronic IC’s which process informa-
tion, power devices IC’s process power, hence, their packaging
and processing techniques are quite different. Power semi-
conductor devices represent the “heart” of modern power
electronics, with two major desirable characteristics of power
semiconductor devices that guided their development are: the
switching speed and power handling capabilities.

The improvement of semiconductor processing technol-
ogy along with manufacturing and packaging techniques has
allowed power semiconductor development for high voltage
and high current ratings and fast turn-on and turn-off char-
acteristics. Today, switching devices are manufactured with
amazing power handling capabilities and switching speeds
as will be shown later. The availability of different devices
with different switching speed, power handling capabilities,
size, cost, ... etc. make it possible to cover many power
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electronics applications. As a result, trade-offs are made when
it comes to selecting power devices.

4.2 Switching in Power Electronic
Circuits

As stated earlier, the heart of any power electronic circuit
is the semiconductor-switching network. The question arises
here is do we have to use switches to perform electrical power
conversion from the source to the load? The answer of course
is no, there are many circuits which can perform energy con-
version without switches such as linear regulators and power
amplifiers. However, the need for using semiconductor devices
to perform conversion functions is very much related to the
converter efficiency. In power electronic circuits, the semicon-
ductor devices are generally operated as switches, i.e. either in
the on-state or the off-state. This is unlike the case in power
amplifiers and linear regulators where semiconductor devices
operate in the linear mode. As a result, very large amount of
energy is lost within the power circuit before the processed
energy reaches the output. The need to use semiconductor
switching devices in power electronic circuits is their ability to
control and manipulate very large amounts of power from the
input to the output with a relatively very low power dissipa-
tion in the switching device. Hence, resulting in a very high
efficient power electronic system.

Efficiency is considered as an important figure of merit and
has significant implications on the overall performance of the
system. Low efficient power systems means large amounts of
power being dissipated in a form of heat, resulting in one or
more of the following implications:

1. Cost of energy increases due to increased consumption.
2. Additional design complications might be imposed,
especially regarding the design of device heat sinks.

3. Additional components such as heat sinks increase cost,
size, and weight of the system, resulting in low power
density.

4. High power dissipation forces the switch to operate
at low switching frequency, resulting in limited band-
width, slow response, and most importantly, the size
and weight of magnetic components (inductors and
transformers), and capacitors remain large. Therefore,
it is always desired to operate switches at very high fre-
quencies. But, we will show later that as the switching
frequency increases, the average switching power dis-
sipation increases. Hence, a trade-off must be made
between reduced size, weight, and cost of components
vs reduced switching power dissipation, which means
inexpensive low switching frequency devices.

5. Reduced component and device reliability.
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For more than forty years, it has been shown that in order
to achieve high efficiency, switching (mechanical or electrical)
is the best possible way to accomplish this. However, unlike
mechanical switches, electronic switches are far more superior
because of their speed and power handling capabilities as well
as reliability.

We should note that the advantages of using switches don’t
come at no cost. Because of the nature of switch currents and
voltages (square waveforms), normally high order harmon-
ics are generated in the system. To reduce these harmonics,
additional input and output filters are normally added to the
system. Moreover, depending on the device type and power
electronic circuit topology used, driver circuit control and
circuit protection can significantly increase the complexity of
the system and its cost.

EXAMPLE 4.1 The purpose of this example is to inves-
tigate the efficiency of four different power circuits
whose functions are to take in power from 24 volts dc
source and deliver a 12 volts dc output to a 6 Q resis-
tive load. In other words, the tasks of these circuits are
to serve as dc transformer with a ratio of 2:1. The four
circuits are shown in Fig. 4.1a—d representing voltage
divider circuit, zener-regulator, transistor linear regula-
tor, and switching circuit, respectively. The objective is
to calculate the efficiency of those four power electronic
circuits.

SOLUTION.

Voltage Divider DC Regulator The first circuit is the
simplest forming a voltage divider with R = R = 62
and V, = 12volts. The efficiency defined as the ratio
of the average load power, Pr, to the average input
power, Pj,

n=—%
Piy

R
= ——%=50%
R; 4+ R

In fact efficiency is simply V,/V;j,%. As the out-
put voltage becomes smaller, the efficiency decreases
proportionally.

Zener DC Regulator Since the desired output is
12V, we select a zener diode with zener breakdown
Vz = 12 V. Assume the zener diode has the i—v char-
acteristic shown in Fig. 4.1e since Ry, = 6 2, the load
current, I, is 2A. Then we calculate R for I = 0.2 A
(10% of the load current). This results in R = 5.27 2.
Since the input power is P;, = 2.2A x 24V = 52.8W
and the output power is P,,; = 24 W. The efficiency of
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the circuit is given by,

24 W
52.8W
= 45.5%

%

n

Transistor DC Regulator It is clear from Fig. 4.1c that
for V, = 12V, the collector emitter voltage must be
around 12V. Hence, the control circuit must provide
base current, Ip to put the transistor in the active mode
with Vg ~ 12 V. Since the load current is 2 A, then col-
lector current is approximately 2A (assume small Ip).
The total power dissipated in the transistor can be
approximated by the following equation:

Pgiss = Vcelc + Vel

~ Vcplc ~ 12 x 2 = 24 watts

Therefore, the efficiency of the circuit is 50%.

Switching DC Regulator Let us consider the switch-
ing circuit of Fig. 4.1d by assuming the switch is ideal
and periodically turned on and off is shown in Fig. 4.1f.
The output voltage waveform is shown in Fig. 4.1f. Even
though the output voltage is not constant or pure dg, its
average value is given by,

Ty
1
Vo,m/e = ?/ Vindt = VinD

0

where D is the duty ratio equals the ratio of the on-time
to the switching period. For V,,,. = 12V, we set
D = 0.5, i.e. the switch has a duty cycle of 0.5 or
50%. In case, the average output power is 48 W and
the average input power is also 48 W, resulting in 100%
efficiency! This is of course because we assumed the
switch is ideal. However, let us assume a BJT switch
is used in the above circuit with Vcg =1V and Ip
is small, then the average power loss across the switch
is approximately 2 W, resulting in overall efficiency of
96%. Of course the switching circuit given in this exam-
ple is over simplified, since the switch requires additional
driving circuitry that was not shown, which also dis-
sipates some power. But still, the example illustrates
that high efficiency can be acquired by switching power
electronic circuits when compared to the efficiency of
linear power electronic circuits. Also, the difference
between the linear circuit in Figs. 4.1b and ¢ and the
switched circuit of Fig. 4.1d is that the power deliv-
ered to the load in the later case in pulsating between
zero and 96 watts. If the application calls for constant
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power delivery with little output voltage ripple, then
an LC filter must be added to smooth out the output
voltage.

The final observation is regarding what is known
as load regulation and line regulation. The line reg-
ulation is defined as the ratio between the change in
output voltage, AV,, with respect to the change in the
input voltage AVj,. This is a very important param-
eter in power electronics since the dc input voltage
is obtained from a rectified line voltage that normally
changes by £20%. Therefore, any off-line power elec-
tronics circuit must have a limited or specified range
of line regulation. If we assume the input voltage in
Figs. 4.1a,b is changed by 2V, ie. AV}, = 2V, with
Ry, unchanged, the corresponding change in the output
voltage AV, is 1V and 0.55V, respectively. This is
considered very poor line regulation. Figures 4.1c,d
have much better line and load regulations since the
closed-loop control compensate for the line and load
variations.

4.3 General Switching Characteristics

4.3.1 The Ideal Switch

It is always desired to have the power switches perform as close
as possible to the ideal case. Device characteristically speaking,
for a semiconductor device to operate as an ideal switch, it
must possess the following features:

1. No limit on the amount of current (known as forward
or reverse current) the device can carry when in the
conduction state (on-state);

2. No limit on the amount of the device-voltage ((known
as forward or reverse blocking voltage) when the device
is in the non-conduction state (off-state);

3. Zero on-state voltage drop when in the conduction
state;

4. Infinite off-state resistance, i.e. zero leakage current
when in the non-conduction state; and

5. No limit on the operating speed of the device when
changes states, i.e. zero rise and fall times.

The switching waveforms for an ideal switch is shown in
Fig. 4.2, where iy, and vy, are the current through and the
voltage across the switch, respectively.

Both during the switching and conduction periods, the
power loss is zero, resulting in a 100% efficiency, and with
no switching delays, an infinite operating frequency can be
achieved. In short, an ideal switch has infinite speed, unlimited
power handling capabilities, and 100% efficiency. It must be
noted that it is not surprising to find semiconductor-switching
devices that can almost, for all practical purposes, perform as
ideal switches for number of applications.
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power gain, surge capacity, and over voltage capacity must
be considered when addressing specific devices for specific
applications. A useful plot that illustrates how switching takes
place from on to off and vice versa is what is called switch-
ing trajectory, which is simply a plot of iy, vs vg,. Figure 4.3b
shows several switching trajectories for the ideal and practical
cases under resistive loads.

VSW
A
Voff
Von time
ISW
A
Ion
Lot time.
P(t)
A
time
FIGURE 4.2 Ideal switching current, voltage, and power waveforms.
4.3.2 The Practical Switch

The practical switch has the following switching and conduc-
tion characteristics:

1.

Limited power handling capabilities, i.e. limited con-
duction current when the switch is in the on-state,
and limited blocking voltage when the switch is in the
off-state.

Limited switching speed that is caused by the finite
turn-on and turn-off times. This limits the maximum
operating frequency of the device.

Finite on-state and off-state resistance’s i.e. there exists
forward voltage drop when in the on-state, and reverse
current flow (leakage) when in the off-state.

Because of characteristics 2 and 3 above, the practical
switch experiences power losses in the on and the off
states (known as conduction loss), and during switch-
ing transitions (known as switching loss). Typical
switching waveforms of a practical switch are shown
in Fig. 4.3a.

The average switching power and conduction power losses
can be evaluated from these waveforms. We should point out
the exact practical switching waveforms vary from one device
to another device, but Fig. 4.3a is a reasonably good representa-
tion. Moreover, other issues such as temperature dependence,

EXAMPLE 4.2 Consider a linear approximation of
Fig. 4.3a as shown in Fig. 4.4a: (a) Give a possible
circuit implementation using a power switch whose
switching waveforms are shown in Fig. 4.4a, (b) Derive
the expressions for the instantaneous switching and
conduction power losses and sketch them, (c) Determine
the total average power dissipated in the circuit during
one switching frequency, and (d) The maximum power.

SOLUTION. (a) First let us assume that the turn-on time,
ton, and turn-off time, toff» the conduction voltage Von,
and the leakage current, Iopr, are part of the switching
characteristics of the switching device and have nothing
to do with circuit topology.

When the switch is off, the blocking voltage across
the switch is Vopp that can be represented as a dc volt-
age source of value Vopr reflected somehow across the
switch during the off-state. When the switch is on, the
current through the switch equals Ipn, hence, a dc cur-
rent is needed in series with the switch when it is in
the on-state. This suggests that when the switch turns
off again, the current in series with the switch must
be diverted somewhere else (this process is known as
commutation). As a result, a second switch is needed to
carry the main current from the switch being investi-
gated when it’s switched off. However, since ig, and v,
are linearly related as shown in Fig. 4.4b, a resistor will
do the trick and a second switch is not needed. Figure 4.4
shows a one-switch implementation with S, the switch
and R represents the switched-load.

(b) The instantaneous current and voltage waveforms
during the transition and conduction times are given as
follows

t
—— (loN — Iorr) + lorr

tON 0<t=<toNn
isw(t) = Ton tonN <t < Ts — toFF
Ts — topp <t < T
_t=Ts I I I s OFF =t = s
TOFF (IoN — Iorr) + Iorr
Vi — Vi
_ YOFF — YON 0<t<ton
ON
x (t — toN) + VoNn
vaw(t) = { VON toN <t < Ts — tofr
Vi — Vi
M TS_tOFFfthS
tOFF

x (t = (Ts — torr)) + Von
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FIGURE 4.4 Linear approximation of typical current and voltage switching waveforms.

It can be shown that if we assume Ipyn > Iopr and
Vorr > Von, then the instantaneous power, p(#) = igy Vs
can be given as follows,

(c) The total average dissipated power is given by

i | Vo
orrlon
Vorr I Pae=— t)dt=— —————(t—toN)tdt
*70%1\101\’ (t—toN)t 0<t<toN ave T /P( ) T; / t(z)N ( oN)
0
Von I toN <t <Ts—t
(1) =] Von ToN ON <t = Ts — toFr e tons
—W’fgﬂ(t — (T —topp)) (t = T5)  Ts—topp < t < T + f Von Ion dt
FF
toN
T
Figure 4.4c shows a plot of the instantaneous power Vorrlon
& ws ap ] powe + —————(t—(Ts—topp))(t — To)dt
where the maximum power during turn-on and off is torF
VorrIon/4.

Ts—toFF
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The evaluation of the above integral gives

Vorrlon ( toNn + tOFF
P ave —
T, 6
VonIon
+ T(Ts — torr — tON)
N

The first expression represents the total switching
loss, whereas the second expression represents the total
conduction loss over one switching cycle. We notice that
as the frequency increases, the average power increases
linearly. Also the power dissipation increases with the
increase in the forward conduction current and the
reverse blocking voltage.

(d) The maximum power occurs at the time when the
first derivative of p(#) during switching is set to zero, i.e.

dp(t)

=0
dt

t=tmax

solve the above equation for t,,,,, we obtain values at
turn on and off, respectively,

Lrise

2

tmax =

Solving for the maximum power, we obtain

Voﬁlon
4

Piax =

4.4 The Power MOSFET

Unlike the bipolar junction transistor (BJT), the MOSFET
device belongs to the Unipolar Device family, since it uses
only the majority carriers in conduction. The development
of the metal oxide semiconductor technology for micro-
electronic circuits opened the way for developing the power
metal oxide semiconductor field effect transistor (MOSFET)
device in 1975. Selecting the most appropriate device for
a given application is not an easy task, requiring knowl-
edge about the device characteristics, its unique features,
innovation, and engineering design experience. Unlike low
power (signal devices), power devices are more complicated
in structure, driver design, and understanding of their oper-
ational i—v characteristics. This knowledge is very important
for power electronics engineer to design circuits that will
make these devices close to ideal. The device symbol for a
p- and n-channel enhancement and depletion types are shown
in Fig. 4.5. Figure 4.6 shows the i—v characteristics for the
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FIGURE 4.5 Device symbols: (a) n-channel enhancement-mode;
(b) p-channel enhancement-mode; (c) n-channel depletion-mode; and
(d) p-channel depletion-mode.

n-channel enhancement-type MOSFET. It is the fastest power
switching device with switching frequency more than 1 MHz,
with voltage power ratings up to 1000V and current rating as
high as 300 A.

MOSEFET regions of operations will be studied shortly.

4.4.1 MOSFET Structure

Unlike the lateral channel MOSFET devices used in many IC
technology in which the gate, source, and drain terminals
are located in the same surface of the silicon wafer, power
MOSEFET use vertical channel structure in order to increase
the device power rating [1]. In the vertical channel structure,
the source and drain are in opposite side of the silicon waver.
Figure 4.7a shows vertical cross-sectional view for a power
MOSEET. Figure 4.7b shows a more simplified representation.
There are several discrete types of the vertical structure power
MOSFET available commercially today such as V-MOSFET,
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FIGURE 4.6 (a) n-Channel enhancement-mode MOSFET and (b) its ip vs vps characteristics.

U-MOSFET, D-MOSFET, and S-MOSFET [1, 2]. The P-N
junction between p-base (also referred to as body or bulk
region) and the n-drift region provide the forward voltage
blocking capabilities. The source metal contact is connected
directly to the p-base region through a break in the n™ source
region in order to allow for a fixed potential to p-base region
during the normal device operation. When the gate and source
terminal are set the same potential (Vgs =0), no channel is
established in the p-base region, i.e. the channel region remain
unmodulated. The lower doping in the n-drift region is needed
in order to achieve higher drain voltage blocking capabilities.
For the drain—source current, Ip, to flow, a conductive path
must be established between the n* and n™ regions through
the p-base diffusion region.

A. On-state Resistance When the MOSFET is in the on-
state (triode region), the channel of the device behaves like a

constant resistance, Rps(on) that is linearly proportional to the
change between vpg and ip as given by the following relation:

3
vDbs (4.1)

Rpsion) = | VGs=Constant

dip
The total conduction (on-state) power loss for a given
MOSFET with forward current Ip and on-resistance Rpg(,y) is
given by,

Pon,diss = IéRDS(on) (4.2)
The value of Rpg(,n) can be significant and it varies between
tens of milliohms and a few ohms for low-voltage and high-
voltage MOSFETS, respectively. The on-state resistance is an
important data sheet parameter, since it determines the for-
ward voltage drop across the device and its total power
losses.
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FIGURE 4.7 (a) Vertical cross-sectional view for a power MOSFET and
(b) simplified representation.

Unlike the current-controlled bipolar device, which requires
base current to allow the current to flow in the collector, the
power MOSFET device is a voltage-controlled unipolar device
and requires only a small amount of input (gate) current. As
a result, it requires less drive power than the BJT. However,
it is a non-latching current like the BJT i.e. a gate source
voltage must be maintained. Moreover, since only majority
carriers contribute to the current flow, MOSFETs surpass all
other devices in switching speed with switching speeds exceed-
ing a few megahertz. Comparing the BJT and the MOSFET, the
BJT has higher power handling capabilities and smaller switch-
ing speed, while the MOSFET device has less power handling
capabilities and relatively fast switching speed. The MOSFET
device has higher on-state resistor than the bipolar transistor.
Another difference is that the BJT parameters are more sensi-
tive to junction temperature when compared to the MOSFET,
and unlike the BJT, MOSFET devices do not suffer from second
breakdown voltages, and sharing current in parallel devices is
possible.
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FIGURE 4.8 (a) MOSFET Internal body diode and (b) implementation
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B. Internal Body Diode The modern power MOSFET has
an internal diode called a body diode connected between
the source and the drain as shown in Fig. 4.8a. This diode
provides a reverse direction for the drain current, allow-
ing a bi-directional switch implementation. Even though the
MOSEFET body diode has adequate current and switching
speed ratings, in some power electronic applications that
require the use of ultra-fast diodes, an external fast recovery
diode is added in anti-parallel fashion after blocking the body
diode by a slow recovery diode as shown in Fig. 4.8b.

C. Internal Capacitors Another important parameter that
effect the MOSFET’s switching behavior is the parasitic
capacitance between the device’s three terminals, namely, gate-
to-source, Cgs, gate-to-drain, Ced> and drain-to-source (Cy,)
capacitance as shown in Fig. 4.9a. Figure 4.9b shows the phys-
ical representation of these capacitors. The values of these
capacitances are non-linear and a function of device structure,
geometry, and bias voltages. During turn on, capacitor Cgy
and Cg must be charged through the gate, hence, the design
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FIGURE 4.9 (a) Equivalent MOSFET representation including junction
capacitances and (b) representation of this physical location.

of the gate control circuit must take into consideration the
variation in this capacitance (Fig. 4.9b). The largest variation
occurs in the gate-to-drain capacitance as the drain-to-gate
voltage varies. The MOSFET parasitic capacitance are given in
terms of the device data sheet parameters Cjss, Coss, and Crs
as follows,

ng = Ciss

Cgs = Ciss — Ciss

Cas = Coss — Ciss

where C,;; = small-signal reverse transfer capacitance.
Ciss = small-signal input capacitance with the
drain and source terminals are shorted.
Cy,ss = small-signal output capacitance with the
gate and source terminals are shorted.

The MOSFET capacitances Cgs, Cgg, and Cy; are non-linear
and function of the dc bias voltage. The variations in C,s and
Ciss are significant as the drain-to-source and gate-to-source
voltages cross zero, respectively. The objective of the drive
circuit is to charge and discharge the gate-to-source and gate-
to-drain parasitic capacitance to turn on and off the device,
respectively.
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In power electronics, the aim is to use power-switching
devices to operate at higher and higher frequencies. Hence,
size and weight associated with the output transformer, induc-
tors, and filter capacitors will decrease. As a result, MOSFETs
are used extensively in power supply design that requires high
switching frequencies including switching and resonant mode
power supplies and brushless dc motor drives. Because of
its large conduction losses, its power rating is limited to a
few kilowatts. Because of its many advantages over the BJT
devices, modern MOSFET devices have received high market
acceptance.

4.4.2 MOSFET Regions of Operation

Most of the MOSFET devices used in power electronics
applications are of the n-channel, enhancement-type like that
which is shown in Fig. 4.6a. For the MOSFET to carry drain
current, a channel between the drain and the source must be
created. This occurs when the gate-to-source voltage exceeds
the device threshold voltage, Vry,. For vgs > Vry, the device
can be either in the triode region, which is also called “con-
stant resistance” region, or in the saturation region, depending
on the value of vpg. For given vgs, with small vps(vps <
vgs — Vi), the device operates in the triode region(saturation
region in the BJT), and for larger vps(vps > vags — Vrp),
the device enters the saturation region (active region in the
BJT). For vgs < V3, the device turns off, with drain current
almost equals zero. Under both regions of operation, the gate
current is almost zero. This is why the MOSFET is known
as a voltage-driven device, and therefore, requires simple gate
control circuit.

The characteristic curves in Fig. 4.6b show that there are
three distinct regions of operation labeled as triode region,
saturation region, and cut-off-region. When used as a switch-
ing device, only triode and cut-off regions are used, whereas,
when it is used as an amplifier, the MOSFET must operate in
the saturation region, which corresponds to the active region
in the BJT.

The device operates in the cut-off region (off-state) when
vgs < Vrp, resulting in no induced channel. In order to oper-
ate the MOSFET in either the triode or saturation region, a
channel must first be induced. This can be accomplished by
applying gate-to-source voltage that exceeds Vry, i.e.

vgs > Vy

Once the channel is induced, the MOSFET can either operate
in the triode region (when the channel is continuous with no
pinch-off, resulting in the drain current proportioned to the
channel resistance) or in the saturation region (the channel
pinches off, resulting in constant Ip). The gate-to-drain bias
voltage (vgp) determines whether the induced channel enter
pinch-off or not. This is subject to the following restriction.
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For triode mode of operation, we have

vep > Vi
vep < Vi
And for the saturation region of operation,

Pinch-off occurs when vgp = V.

In terms of vpg, the above inequalities may be expressed as
follows:

1. For triode region of operation

vps < vgs — Vi and  vgs > Vy, (4.3)
2. For saturation region of operation
vps > vgs — Vi and  vgs > Vo (4.4)
3. For cut-off region of operation
vgs < Vi (4.5)

It can be shown that drain current, ip, can be mathematically
approximated as follows:

ip = K[2(vgs — V) vps — VIZ)S] Triode Region (4.6)

ip = K(vgs — Vip)? Saturation Region (4.7)

wh K = —1 C —W
ere, U
2 nLOX L

in = electron mobility

Cox = oxide capacitance per unit area
L = length of the channel

W = width of the channel.

Typical values for the above parameters are given in the
PSPICE model discussed later. At the boundary between the
saturation (active) and triode regions, we have,

vps = vGs — Vi (4.8)
Resulting in the following equation for ip,
ip = kvig (4.9)

The input transfer characteristics curve for ip and vs. vgs is
when the device is operating in the saturation region shown
in Fig. 4.10.

The large signal equivalent circuit model for a n-channel
enhancement-type MOSFET operating in the saturation mode

I. Batarseh
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FIGURE 4.10 Input transfer characteristics for a MOSFET device when
operating in the saturation region.
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FIGURE 4.11 Large signal equivalent circuit model.

is shown in Fig. 4.11. The drain current is represented by a
current source as the function of Vy, and vgs.

If we assume that once the channel is pinched-off, the drain—
source current will no longer be constant but rather depends
on the value of vps as shown in Fig. 4.12. The increased
value of vps results in reduced channel length, resulting in
a phenomenon known as channel-length modulation [3, 4]. If
the vps—ip lines are extended as shown in Fig. 4.12, they all
intercept the vpg-axis at a single point labeled —1/A, where A
is a positive constant MOSFET parameter. The term (1 + X
vps) is added to the ip equation in order to account for the
increase in ip due to the channel-length modulation, i.e. ip is
given by,

ip = k(vgs — Vin)*(1 + Avps)  Saturation Region (4.10)

From the definition of the 7, given in Eq. (4.1), it is easy to
show the MOSFET output resistance which can be expressed
as follows:

1

= —————————— (4.11)
Ak(vgs — Vn)

If we assume the MOSFET is operating under small signal
condition, i.e. the variation in vgs on ip Vs vgs is in the
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neighborhood of the dc operating point Q at ip and vgs as
shown in Fig. 4.13. As a result, the ip current source can be
represented by the product of the slope g, and vgs as shown
in Fig. 4.14.

Vas
Increasing
Vbs
FIGURE 4.12 MOSFET characteristics curve including output resistance.
Go——r D
+
VGs 9ImVgs o

4.4.3 MOSFET Switching Characteristics

Since the MOSFET is a majority carrier transport device, it is
inherently capable of a high frequency operation [5-8]. But
still the MOSFET has two limitations:

1. High input gate capacitances.
2. Transient/delay due to carrier transport through the
drift region.

As stated earlier the input capacitance consists of two com-
ponents: the gate-to-source and gate-to-drain capacitances.
The input capacitances can be expressed in terms of the device

. A
'D
Slope =g
“— m
Q
Ip
V1h Vas Vas
FIGURE 4.13 Linearized ip vs vgs curve with operating dc point (Q).

S

FIGURE 4.14
put resistance.

Small-signal equivalent circuit including MOSFET out-

junction capacitances by applying Miller theorem to Fig. 4.15a.
Using Miller theorem, the total input capacitance, Ci,, seen
between the gate-to-source is given by,

Cin = Cgs + 1+ ngL)ng (4.12)

The frequency response of the MOSFET circuit is limited by
the charging and discharging times of Cj,. Miller effect is
inherent in any feedback transistor circuit with resistive load
that exhibits a feedback capacitance from the input and output.
The objective is to reduce the feedback gate-to-drain resistance.
The output capacitance between the drain-to-source, Cys, does
not affect the turn-on and turn-off MOSFET switching char-
acteristics. Figure 4.16 shows how Cg and Cg vary under
increased drain-source, vp;, voltage.
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FIGURE 4.15 (a) Small-signal model including parasitic capacitances and (b) equivalent circuit using Miller theorem.
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FIGURE 4.16 Variation of Cgy and Cy as a function of vps.

In power electronics applications, the power MOSFETs are
operated at high frequencies in order to reduce the size of the
magnetic components. In order to reduce the switching losses,
the power MOSFETs are maintained in either the on-state
(conduction state) or the off-state (forward blocking) state.

It is important we understand the internal device behav-
ior; therefore, the parameters that govern the device transition
from the on-state and off-states. To investigate the on and
off switching characteristics, we consider the simple power
electronic circuit shown in Fig. 4.17a under inductive load.

The fly back diode D is used to pick up the load current when
the switch is off. To simplify the analysis we will assume the
load inductance is L large enough so that the current through
it is constant as shown in Fig. 4.17b.

A. Turn-on Analysis Let us assume initially the device is off,
the load current, Iy, flows through D as shown in the Fig. 4.18a
v = 0. The voltage vps = Vpp and i = ip. At t = ty, the
voltage vGg is applied as shown in Fig. 4.19a. The voltage
across Cgs starts charging through Rg. The gate—source volt-
age, vGs, controls the flow of the drain-to-source current ip.
Let us assume that for fp <t< 1, vgs < V1p, i.e. the MOS-
FET remains in the cut-off region with ip = 0, regardless of
vps. The time interval (#;,%) represents the delay turn-on time
needed to change Cgs from zero to V. The expression for
the time interval At;g = f; — fy can be obtained as follows:
The gate current is given by,

VGG — VGS

ic =
Reg

iCGS + iCGD

d d —
ves Con (vé — vp)

dt dt

Cas

(4.13)

where vg and vp are gate-to-ground and drain-to-ground
voltages, respectively.
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+Vpp From Egs. (4.13) and (4.14), we obtain,
VoG — ves dvgs
———— = (Cgs + Cgp) —— 4.15
Ro (Ces + Cep) I (4.15)
/N\p , ,
Solving Eq. (4.15) for wvgs(f) for t>ty with vgs(ty) =0,
we obtain,
vas(t) = Voa(1 — e =0)/T) (4.16)
Rg .
@ A= :
la . Vbs
Y ICGD +
+Vpp 1 -
wo (D) T e
IO
DVAN:
77 77
(a)
Vob
( % ) I A D
CGD J >
AY
/1 l
A iCSS D
Vaa Ra
+
Y e
iG . Vbs
\ ICGD +
o L Cos TN ey
VGG=VGG<-> S
FIGURE 4.17 (a) Simplified equivalent circuit used to study turn-on i
and turn-off characteristics of the MOSFET and (b) simplified equivalent
circuit. 77 77
(b)
Since we have vg = vgs , vp = + Vpp, then ig is given by FIGURE 4.18 Equivalent modes: (a) MOSFET is in the off-state for

t< ty, vg6 =0, vps = Vpp, ig =0, ip =0; (b) MOSFET in the off-state
with vgs < Vpy, for f1 > t > ty; (¢) vgs > Vi, ip <1y for ) <t< b;
dvgs dvgs dvgs (d) vgs > Vqp, ip=1y for , <t< t3; and (e) Vgs > Vry, ip = I, for

ic = CGST + CGDT = (Cgs + Cop) dr (4.14) 13 <t <1l
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FIGURE 4.18 continued
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where,
T = Rg(Cgs + Cep)
The gate current, ig, is given by,

i Y66~ VGs
G " Re
" (4.17)
iG — GG e—(t—to)/t
Rg

As long as vgs < V', ip remains zero. At t=t1, vgs reaches
V1, causing the MOSFET to start conducting. Waveforms for
i and vgs are shown in Fig. 4.19. The time interval (; —1f) is

given by,

V.
Atjp=t —th=—7ln (1 — —Th>
Vée

Aty represents the first delay interval in the turn-on process.

For t> t; with vgs > Vy, the device starts conducting and
its drain current is given as a function of vgs and Vpy. In
fact ip starts flowing exponentially from zero as shown in
Fig. 4.19d. Assume the input transfer characteristics for the
MOSFET is limited as shown in Fig. 4.20 with slope of g, that
is given by

_ (9ip/dvgs) — 2+/Ipsslp

(4.18)
Ip Vi

&m

The drain current can be approximately given as fol-
lows:

ip(t) = gm(vgs — Vrn) (4.19)
As long as ip(#) < Iy, D remains on and vps = Vpp as shown
in Fig. 4.18c.
The equation for vgs(f) remains the same as in Eq. (4.16),
hence, Eq. (4.19) results in ip(t) given by,
in(t) = gu(Va — Vin) — gmVage =1/ (4.20)
The gate current continues to decrease exponentially as
shown in Fig. 4.19¢c. At t = 1, ip reaches its maximum value
of Iy, turning D off. The time interval Afy; = (f, — 1) is
obtained from Eq. (4.20) by setting ip(;) = Ip.

gnVee

(4.21)
gn(Vee — V) — Iy

At = tin

For t> t;, the diode turns off and ip~ 1y as shown in
Fig. 4.18d. Since the drain current is nearly a constant, then
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FIGURE 4.19 Turn-on waveform switiching.
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FIGURE 4.20 Input transfer characteristics.

the gate—source voltage is also constant according to the input
transfer characteristic of the MOSFET, i.e.

ip = gm(ves — Vin) = I (4.22)
Hence,
Iy
vgs(t) = — + Vpy (4.23)
m
At t = 1y, ig(1) is given by,
Voo — ves(h) Vg — (Iolgm) — V-
() = Yes vgs(t) _ Voo (Io/gm) Th(424)

Vo Vo

Since the time constant T is very small, it is safe to assume
vGs(t) reaches its maximum, i.e.

vgs(t) ~ Vge
and
ig(th) ~ 0

For t; < t < t3, the diode turns off the load current Ij (drain
current ip), which starts discharging the drain-to-source
capacitance.

Since vgs is constant, the entire gate current flows through
Ccp, resulting in the following relation,

ic(t) = icgp

d(vg — vp)

=C
GD I

Since vg is constant and v; =0, we have
dVDS
dt

V66 =V
Rg

ig(t) = —Cgp

I. Batarseh

Solving for vps(#) for t> t,, with vps(#2) = Vpp, we obtain

Vg — V-
GG—Th(t — 1)+ Vpp Fort >t (4.25)
RcCop

vps(t) = —
This is a linear discharge of Cgp as shown in Fig. 4.19¢

The time interval A3y = (#3—1) is determined by assuming
that at r = t3, the drain-to-source voltage reaches its minimum
value determined by its on resistance, vps(on) i.e. vps(on) is
given by,

vps(oN) = loTps(oN)

= constant

For t> t3, the gate current continues to charge Cgp and since
vps is constant, vgs starts charging at the same rate as in
interval fy < t< 11, i.e.

vgs(t) = Vgg(1 — e (7B)T)

The gate voltage keeps increasing exponentially until t+ = #
when it reaches Vg, at which ig = 0 and the device fully turns
on as shown in Fig. 4.18e.

The equivalent circuit model when the MOSFET is com-
pletely turned on is for ¢> ;. At this time, the capacitors
Cgs and Cgp are charged with Vg and (Io7gs(on)—vee )
respectively.

The time interval At3; = (#3 — 1) is obtained by evaluating
vps at t = t3 as follows

Vog — V-
== ™ (ty — 1) + Vi

vps(3) = ———— (4.26)
RcCop
= Iprps(on)
Hence, At3; = (13—1,) is given by,
Vpp — Ipr,
Aty =t —h = RGcGD( Pb P DS(ON)) (4.27)
Ve — Vrn

The total delay in turning on the MOSFET is given by

ton = Atio + Aty + Atz (4.28)

Notice the MOSFET sustains high voltage and current
simultaneously during intervals At;; and Ats,. This results
in large power dissipation during turn on, that contributes to
the overall switching losses. The smaller the Rg, the smaller
Aty and Atz become.
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B. Turn-off Characteristics To study the turn-off character-
istic of the MOSFET, we will consider Fig. 4.17b again by
assuming the MOSFET is ON and in steady state at ¢ > f with
the equivalent circuit of Fig. 4.18e. Therefore, at t= f) we have
the following initial conditions.

vps(t) = Ip7ps(on)
vgs(to) = Vge

ips(ty) = Ip 229)
ic(t) =0 '

vegs () = Vee

Veap (o) = Ve — lorpscon)

At t = 1y, the gate voltage, v (1) is reduced to zero as shown in
Fig. 4.21a. The equivalent circuit at > #; is shown in Fig. 4.22a.

If we assume the drain-to-source voltage remains constant,
Cgs and Cgp are discharging through R as governed by the
following relations

. —VG . .
IG = = 1cgs T cop
Rg

dVGS dVGD
C
a P

= Cgs

Since vpg is assumed constant, then ig becomes,

. Tves
G Re
dv
= (Cgs + Cop) == (4.30)
dt
Hence, evaluating for vgs for t> #j, we obtain
vGs(t) = vgs(ty)e (1 0)/® (4.31)

where,
vgs(t) = vGe
7= (Cgs + Csp)Rg

As vgs continues to decrease exponentially, drawing current
from Cgp will reach a constant value at which drain current is
fixed, i.e. Ip = Iy. From the input transfer characteristics, the
value of vgs when Ip = I is given by,

I
Vs = — + Vi, (4.32)

m

The time interval Atjg = #; — #) can be obtained easily by
setting Eq. (4.31) to (4.32) at t = 1.

61
The gate current during the #, < t< #; is given by
V
i = ——2 g (4.33)
Rg

Since, for t—1, the gate-to-source voltage is constant and
equals vgs(t1) = (Io/gm) + Vi, as shown in Fig. 4.21b, then
the entire gate current is being drawn from Cgp, hence,

. dvgp d(vgs — vps) dvps
ic G GD o G
t 1 I
_ vgs(t) _ ( 0. VTh)
Rg RG \ gm

. vgs(t 1 I
o — Gs(1)=_(_0+VTh>
Reg

Integrating both sides of the above equation from # to ¢ with
vps(t) = — VDS(ON)> We obtain,

vps(t) = vps(on) +

(£+mywm(u@

RGCap \ gm

hence, vps charges linearly until it reaches Vpp.

At t = 1, the drain-to-source voltage becomes equal to
Vpp, forcing D to turn on as shown in Fig. 4.22c.

The drain-to-source current is obtained from the transfer
characteristics and given by

ips(t) = gm(ves — Vrn)
where vgs(#) is obtained from the following equation

dvgs
dt

) vGs
ic =—— = (Cgs + Cop)
Rg

(4.35)

Integrate both sides from #, to t with vgs(t2) = (Io/gm) + Vi
we obtain the following expression for vgs(?),

I
vs(t) = <—° + VTh> e U (4.36)

m

Hence the gate current and drain-to-source current are
given by,

—1 /[ I

iG(t) = — (—0 + vTh) e =R (4.37)
Rg m

ips(t) = gm V(e 2T 1) 4 [pe~ (=07 (4.38)

The time interval between # <t<t; is obtained by
evaluating vgs(#3) = Vry,, at which the drain current becomes
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approximately zero and the MOSFET turn off hence,

vgs(3) = Vp

FIGURE 4.21 Turn-off switching waveforms.

— (I_O + VTh) e~ (=0T

8m

Solving for At3; =t3 — f, we obtain,

Atyy =13 — b =rln(1+

I
VThgm

)

(4.39)

For t> 13, the gate voltage continues to decrease exponen-
tially to zero, at which the gate current becomes zero and Cgp
charges to —Vpp. Between #3 and t4, Ip discharges to zero as
shown in the equivalent circuit Fig. 4.22d.

The total turn-off time for the MOSFET is given by,

tof = Ato + Ay + Atsy + Atys

~ At + Atz (4.40)

The time intervals that most effect the power dissipa-
tion are Aty and Atsp. It is clear that in order to reduce
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FIGURE 4.22 Equivalent circuits: (a) tp <t<t;;(b) h<t<ty;(c) h<t<tz;and (d) s <t<1ty.

the MOSFET t,, and t,s times, the gate—drain capacitance
must be reduced. Readers are encouraged to see the refer-
ence by Baliga for detailed discussion on the turn-on and
turn-off characteristics of the MOSFET and to explore various
fabrication methods.

C. Safe Operation Area The safe operation area (SOA) of
a device provides the current and voltage limits. The device
must handle to avoid destructive failure. Typical SOA for a
MOSFET device is shown in Fig. 4.23. The maximum current
limit while the device is on is determined by the maximum
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FIGURE 4.23 Safe operation area for MOSFET.

power dissipation

Pgiss,on = Ips(on)Rps(on)

As the drain—source voltage starts increasing, the device
starts leaving the on-state and enters the saturation (linear)
region. During the transition time, the device exhibits large
voltage and current simultaneously. At higher drain—source
voltage values that approach the avalanche breakdown it is
observed that power MOSFET suffers from second breakdown
phenomenon. The second breakdown occurs when the MOS-
FET is in the blocking state (off) and a further increase in vpg
will cause a sudden drop in the blocking voltage. The source
of this phenomenon in MOSFET is caused by the presence of
a parasitic n-type bipolar transistor as shown in Fig. 4.24.

The inherent presence of the body diode in the MOSFET
structure makes the device attractive to application in which
bi-directional current flow is needed in the power switches.

Drain

npn BJT

Gate b—‘

NN

Source

FIGURE 4.24 MOSFET equivalent circuit including the parasitic BJT.
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FIGURE 4.25 The on-state resistance as a fraction of temperature.

Today’s commercial MOSFET devices have excellent high
operating temperatures. The effect of temperature is more
prominent on the on-state resistance as shown in Fig. 4.25.

As the on-state resistance increases, the conduction losses
also increase. This large vpg(on) limits the use of the MOSFET
in high voltage applications. The use of silicon carbide instead
of silicon has reduced vps(on) by many folds.

As the device technology keeps improving in terms of
improving switch speeds, increased power handling capabil-
ities, it is expected that the MOSFET will continue to replace
BJTs in all types of power electronics systems.

4.4.4 MOSFET PSPICE Model

The PSPICE simulation package has been used widely by
electrical engineers as an essential software tool for circuit
design. With the increasing number of devices available in the
market place, PSPICE allows for the accurate extraction and
understanding of various device parameters and their vari-
ation effect on the overall design prior to their fabrication.
Today’s PSPICE library is rich with numerous commercial
MOSFET models. This section will give a brief overview of
how the MOSFET model is implemented in PSPICE. A brief
overview of the PSPICE modeling of the MOSFET device will
be given here.

A. PSPICE Static Model There are four different types of
MOSFET models that are also known as levels. The simplest
MOSFET model is called LEVEL] model and is shown in
Fig. 4.26 [9, 10].

LEVEL2 model uses the same parameters as LEVELI, but
it provides a better model for Ids by computing the model
coefficients KP, VTO, LAMBDA, PHI, and GAMMA directly
from the geometrical, physical, and technological parame-
ters [10]. LEVEL3 is used to model the short-channel devices
and LEVEL4 represents the Berkeley Short-channel IGFET
model (BSIM-model).
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FIGURE 4.26 PSPICE LEVEL1 MOSFET static model.

The triode region, vgs > V7, and vps < vgs and vps < vgs —
Vry, the drain current is given by,

Kp W

ip=—_— "
DT L -axg

VDS
(VGS - Vo — 7) vps(1 + Avps)

(4.41)

In the saturation (linear) region, where vgs> Vp, and
vps > vGgs — Vp, the drain current is given by

Kp W

p=-—2_"
DT L -axg

(Vas — Vin)*(1 + A Vps) (4.42)

where Kp is the transconductance and Xj is the lateral
diffusion.
The threshold voltage, Vi, is given by,

Viw = Vo 4+ 9 (v2¢p — Vas — /2¢;)

(4.43)

where,

V19 = Zero-bias threshold voltage.
8 = Body-effect parameter.
¢p = Surface inversion potential.

Typically, Xj; < L and A ~ 0.

The term (14 AVpg) is included in the model as empiri-
cal connection to model the effect of the output conductance
when the MOSEFET is operating in triode region. A is known
as the channel-length modulation parameter.

When the bulk and source terminals are connected together,
i.e. Vps =0, the device threshold voltage equals the zero-bias
threshold voltage, i.e.

Vi = Vro

Vo is positive for the n-channel enhancement-mode devices
and negative for the n-channel depletion-mode devices.

The parameters Kp, Vo, 8, ¢ are electrical parameters that
can be either specified directly in the MODEL statement under
the Pspice keywords KP, VIO, GAMMA, and PHI, respec-
tively, as shown in Table 4.1. They also can be calculated when
the geometrical and physical parameters are known. The two-
substrate currents that flow from the bulk to the source, Igg
and from the bulk to the drain, Ipp are simply diode currents,
which are given by,

Ips = Iss (e_(VBS/ V) _ 1) (4.44)

IBD = IDS (e_(VBD/VT) - 1) (4.45)

where Iss and Ipg are the substrate source and substrate drain
saturation currents. These currents are considered equal and
given as Is in the MODEL statement with a default value of
10~ A. Where the equation symbols and their corresponding
PSPICE parameter names are shown in Table 4.1.

In PSPICE, a MOSFET device is described by two
statements: the first statement start with the letter M and the
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TABLE 4.1 PSPICE MOSFET parameters

Symbol Name Description Default Units

(a) Device dc and parasitic parameters

Level LEVEL Model type (1, 2, 3, or 4) 1 -
Vo VTO Zero-bias threshold voltage 0 \%
A LAMDA Channel-length modulation L2 0 vl
y GAMMA Body-effect (bulk) threshold parameter 0 vo12
d, PHI Surface inversion potential 0.6 v
n ETA Static feedback® 0 -
K KAPPA Saturation field factor? 0.2 -
"o Uuo Surface mobility 600 cm?/V-s
I IS Bulk saturation current 10714 A
Js IN Bulk saturation current/area 0 A/m?
Jssw JSSW Bulk saturation current/length 0 A/m
N N Bulk emission coefficient n 1 -
Pg PB Bulk junction voltage 0.8 A%
Ppsw PBSW Bulk sidewall diffusion voltage PB v
Rp RD Drain resistance 0 Q
Rs RS Source resistance 0 Q
Rg RG Gate resistance 0 Q
Rp RB Bulk resistance 0 Q
Rys RDS Drain-source shunt resistance o Q
Ry, RSH Drain and source diffusion sheet resistance 0 Q/m?
(b) Device process and dimensional parameters
Neyp NSUB Substrate doping density None cm™3
w w Channel width DEFW
L L Channel length DEFL m
Wp WD Lateral Diffusion width 0 m
X1 LD Lateral Diffusion length 0 m
Kp KP Transconductance coefficient 200 AV?
tox TOX Oxide thickness 1077 m
Nss NSS Surface-state density None cm ™2
Nrs NES Fast surface-state density 0 cm™2
Ny NSUB Substrate doping 0 cm™3
Tpg TPG Gate material 1 -
+1 Opposite of substrate - -
—1 Same as substrate - -
0 Aluminum - -
X; XJ Metallurgical junction depth®3 0 m
o Uuo Surface mobility 600 cm?/V-s
Ue UCRIT Mobility degradation critical field? 104 V/em
U, UEXP Mobility degradation exponent? 0 -
Uy VMAX Maximum drift velocity of carriers? 0 m/s
Ny NEFF Channel charge coefficient? 1 -
8 DELTA Width effect on threshold®> 0 -
0 THETA Mobility modulation® 0 -
(c) Device capacitance parameters
Csp CBD Bulk-drain zero-bias capacitance 0 F
Cas CBS Bulk-source zero-bias capacitance 0 F
i CJ Bulk zero-bias bottom capacitance 0 F/m?
Cisw CJSW Bulk zero-bias perimeter capacitance/length 0 F/m
M; MJ Bulk bottom grading coefficient 0.5 -
Mg MJSW Bulk sidewall grading coefficient 0.33 -
Fc FC Bulk forward-bias capacitance coefficient 0.5 -
Cgso CGSO Gate-source overlap capacitance/channel width 0 F/m
CGpo CGDO Gate—drain overlap capacitance/channel width 0 F/m
CGBO CGBO Gate-bulk overlap capacitance/channel length 0 F/m
Xoc XQC Fraction of channel charge that associates with drain!»? 0 -
Kg KF Flicker noise coefficient 0 -
aF AF Flicker noise exponent 0 -

*These numbers indicate that this parameter is available in this level number, otherwise it is available in all levels.
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second statement starts with .Model that defines the model
used in the first statement. The following syntax is used:

M<device_name><Drain_node_number>
<Gate_node_number>
<Source_node_number><Substrate_node number>
<Model_name>

* [<param_l>=<value_l><param 2>=<value_2>....]
.MODEL <Model_name><type_name>

[ (<param_l>=<value_1>

<param_2>=<value_2>.....]

where the starting letter “M” in M<device_name> statement
indicates that the device is a MOSFET and <device_name>is
a user specified label for the given device, the <Model_name>
is one of the hundreds of device models specified in the
PSPICE library, <Model_name> the same name specified in
the device name statement, <type_name> is either NMOS
of PMOS, depending on whether the device is n-channel
or p-channel MOS, respectively, that follows by optional
list of parameter types and their values. The length L and
the width W and other parameters can be specified in the
M<device_name>, in the . MODEL or .OPTION statements.
User may select not to include any value, and PSPICE will use
the specified default values in the model. For normal oper-
ation (physical construction of the MOS devices), the source
and bulk substrate nodes must be connected together. In all the
PSPICE library files, a default parameter values for L, W, AS,
AD, PS, PD, NRD, and NDS are included, hence, user should
not specify such values in the device “M” statement or in the
OPTION statement.

The power MOSFET device PSPICE models include rela-
tively complete static and dynamic device characteristics given
in the manufacturing data sheet. In general, the following
effects are specified in a given PSPICE model: dc transfer
curves, on-resistance, switching delays, and gate drive charac-
teristics and reverse-mode “body-diode” operation. The device
characteristics that are not included in the model are noise,
latch-ups, maximum voltage, and power ratings. Please see
OrCAD Library Files.

EXAMPLE 4.3 Let us consider an example of using IRF
MOSEFET that was connected as shown in Fig. 4.27.

It was decided that the device should have a blocking
voltage (Vpss) of 600V and drain current, iy, of 3.6 A.
The device selected is IRF CC30 with case TO220. This
device is listed in PSPICE library under model number
IRFBC30 as follows:

*Library of Power MOSFET Models

*Copyright OrCAD, 1998 All Rights Reserved.
*

Inc.

1.24 ¢
*$Author: Rperez $

*$Date: 19 October 1998 10:22:26 $
*

*$Revision:

. Model IRFBC30 NMOS NMOS
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FIGURE 4.27 Example of a power electronic circuit that uses a power
MOSFET.

The PSPICE code for the MOS device labeled S1 used in
Fig. 4.27 is given by,

MS1 3 5 0 0 IRFBC30

.MODEL IRFBC30

.Model IRFBC30 NMOS (Level=3 Gamma=0 Delta=0
Eta=0 Theta=0 Kappa=0.2 Vmax=0 Xj=0

+ Tox=100n Uo=600 Phi=.6 Rs=5.002m Kp=20.43u
W=.35 L=2u Vto=3.625

+ Rd=1.851 Rds=2.667MEG Cbd=790.1p Pb=.8 Mj=.5
Fc=.5 Cgso=1.64n

+ Cgdo=123.9p Rg=1.052 Is=720.2p N=1 Tt=685)

* Int’l Rectifier pid=IRFCC30 case=T0220

4.4.5 MOSFET Large-signal Model

The equivalent circuit of Fig. 4.28 includes five device para-
sitic capacitances. The capacitors Cgp, Cgs, Cgp, represent the
charge-storage effect between the gate terminal and the bulk,
source, and drain terminals, respectively. These are non-linear
two-terminal capacitors expressed as function of W, L, C,
Vs, Vro, Vps, and Cgpo, Cgso,> Cepo, where the capacitors
CcBo> Cgso» Cgpo are outside the channel region, known as
overlap capacitances, that exist between the gate electrode and
the other three terminals, respectively. Table 4.1 shows the list
of PSPICE MOSFET capacitance parameters and their default
values. Notice that the PSPICE overlap capacitors keywords
(CsBo»> Cgso»> Copo) are proportional either to the MOSFET
width or length of the channel as follows:

CsBo
Cenp =
GBO L
Caso
C = — 4.46
GSO W (4.46)
Cepo
Cepo =
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FIGURE 4.28 Large-signal model for the n-channel MOSFET.

In the triode region, vgs > vps— Vy, the terminal capacitors
are given by,

2
vGs — vps — Vn
Cgs = LwCox | 1 — ( ) + Caso
|: 2(vgs — Vu) — Vps

vGs — V- 2
Cep = LwCox |:1 - (2(VGS — VTh)Th— VDS) :| + Cepo
Css = CgpolL (4.47)
In the saturation (linear) region, we have
Cgs = ;Lw Cox + Cgso
Cep = CgpolL (4.48)
Cep = Cepo

where Cpy is the per-unit-area oxide capacitance given by,

K
Cox = ox Eo

Tox

Kox = Oxide’s relative dielectric constant.
Ey = Free space dielectric constant equals
8.854x 10712 F/m.
Tox = Oxide’s thickness layer given as Tox in Table 4.1.

Finally, the diffusion and junction region capacitances
between the bulk-to-channel (drain and source) are modeled
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FIGURE 4.29 Small-signal equivalent circuit model for MOSFET.

by Cgp and Cgs across the two diodes. Because for almost all
power MOSFETs, the bulk and source terminals are connected
together and at zero potential, diodes Dpp and Dps don’t
have forward bias, resulting in very small conductance val-
ues, i.e. small diffusion capacitances. The small-signal model
for MOSFET devices is given in Fig. 4.29.

EXAMPLE 4.4 Figure 4.30a shows an example of a soft-
switching power factor connection circuit that has two
MOSFETs. Its PSPICE simulation waveforms are shown
in Fig. 4.30b.

Table 4.2 shows the PSPICE code for Fig. 4.30a.

4.4.6 Current MOSFET Performance

The current focus of MOSFET technology development is
much more broad than power handling capacity and switching
speed; the size, packaging, and cooling of modern MOSFET
technology is a major focus. Of course, the development of
higher power and efficiency is still paramount, but as modern
electronics have become increasingly smaller, the packaging
and cooling of power circuits has become more important. It
has been indicated by manufacturers that many of their mod-
ern MOSFETs are not limited by their semiconductor, but by
the packaging. If the MOSFET cannot properly disperse heat,
the device will become overheated, which will lead to failure.
An example of modern MOSFET technology is the
DirectFET surface mounted MOSFET manufactured by
International Rectifier. Part number IRF6662, for example,
can handle 47 A at 100V, while consuming a board space of
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FIGURE 4.30 (a) Example of power electronic circuit and (b) PSPICE simulation waveforms.

DirectFET™ ISOMETRIC

5 x 6mm, and being only 0.6 mm thick. This switch is effi-
cient at frequencies greater than 1 MHz, and the packaging
can dissipate over 50% more heat than traditional surface
mounted MOSFETs of similar power ratings. The power den-
sity of this switch is many times the power density of similarly
rated devices made by International Rectifier in the past. One
major factor in the performance gain of this product line is
dual-sided cooling. By designing the package to mount to the

board through a large contact patch, and by using materials
with high heat conductivity, the switch has a very high surface
area vs volume ratio, which allows for the heat to be dissipated
through the top heat sink as well as through the circuit board.

Another example of manufacturers that are focusing on
packaging and cooling to increase the performance of their
products is Vishay’s PolarPAK and PowerPAK. These devices
have a 65% smaller board surface area than traditional SO-8
packages. Also, the thermal conductivity of the package is 88%
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TABLE 4.2 PSPICE MOSFET capacitance parameters and their default values for Fig. 4.30a

* source ZVT-ZCS

D_Do N00111 OUT Dbreak
V_Vs N00105 0 DC AC 0 PULSE O 9 0 0 0 {D*Ts} {Ts}
L_Ls 0 N00111 {n*.16)}
Kn_K1 L_Lpl L_Lp2 L_Ls 0.995
C_Co OUT 0 60uF IC=50
V_vin N00103 0 110
L_Li N00103 NO00099 17.6u IC=0
V_va N00109 0 DC AC 0 PULSE 0 9 ({-Delta*Ts/1.1} 0 0 {2.0*Delta*Ts}
{Ts}
D_Dp N00121 NO00169 Dbreak
c_c7 N00111 OUT 30p
R_Ro oUT 0 25
c_cs N00143 OUT 10p
D_Dao N00143 OUT Dbreak
D_Di N00099 N00245 Dbreak
L_Lp2 N00121 0 {n} 1C=0
C_C9 N00169 NO00121 10p
L_Las N00143 0 {0.4*nl}
Kn_K2 L_Lap L_Las 1.0
L_Lpl N00245 NO0169 {n} 1IC=0
L_Lap N00245 NO000791  {nl}
C_Cp2 N00245 N00121 47u IC=170
c_cpl N00169 0 47u  IC=170
L_Lak N000791 N000911 5u  IC=0
M M1 N000911 NOO109 0 0 IRFBC30
M_M2 N00245 NOO105 0 0 IRF840
.PARAM D=0.3 DELTA=0.1 N1=400u N=1mH TS=2us
x%%% MOSFET MODEL PARAMETERS greater than traditional devices. The PolarPAK device increases
KhKh kAR KK AR h A Ak Ik Rk h Ak h kX hhhkkhhkkkhhkkhhhkkhhkhkhhkxhkkx* the performance by Cooling the part from the tOp and the bOt—
IRFBC30 IRF840 fth K Th g . Kaoi 4 cooli
NMOS NMOS tom of the package. lhese advances in packaging and cooling
LEVEL 3 3 have allowed the devices to have power densities greater than
va 2320000%'06 2 éQOOOOOE'% 250 W/mm? as well, while maintaining high efficiencies into
VTO 3.625 3.879 the megahertz.
KP 20.430000E-06 20.850000E-06 Another important characteristic of any solid-state device
GAMMA 0 0 . . .
PHT 6 P is the expected service life. For MOSFETs, manufacturers
LAMBDA 0 0 have indicated that the mean time before failure (MTBF)
RD 1.851 .6703 : 0 o
RS = 002000E-03 & 382000E-03 appropmately decreases. by 50% for every 10°C that the
RG 1.052 6038 operational temperature increases. For this reason, the current
RDS 2.667000E+06  2.222000E+06
§g 320.200000E—l2 26.03000OE—12 Examples of modern MOSFETs
PB .8 .8 ) .
PBSW 8 8 Device Rated Rated F.re(.]uency Rated Footzprlnt
CBD 790.100000E-12 1.415000E-09 type voltage  current  limit power mm
cg 0 0
CJISW 0 0 High voltage 1000V 6.1A 1 MHz 6 kW 310
TT 685.000000E-09 710.000000E-09 High voltage 600V 40A 1 MHz 24kW 320
CGSO 1.640000E-09  1.625000E-09 High power 100V 180A  500kHz 18kW 310
gggg 323'9000001“3‘12 333'400000E‘12 High current 40V 280A  1MHz 11kw 310
TOX 100.000000E-09 100.000000E-09 High efficiency 30V~ 40A  2MHz 12kw 315
XJ 0 0 High efficiency 30V 60 A 2MHz 1.8 kW 36
UCRIT 10.000000E+03 10.000000E+03 High efficiency 100V 47 A 2MHz 4.7kW 30.9
DELTA 0 0 High freq. -
ETA 0 0 low power 10V 07A  200MHz  7W 21
DIOMOD 1 1
VFB 0 0
LETA 0 0 advancement in cooling and packaging has a direct effect on
WETA 0 0 . . .
0o 0 0 the longevity of the components. While there are definite
TEMP 0 0 increases in device longevity every year, the easiest way to
\gim 8 8 have a large impact on the life of the device is to keep the

temperature down.
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As development continues, MOSFETs will become smaller,
more efficient, higher power density, and higher frequency of
operation. As such, MOSFETs will continue to expand into
applications that typically use other forms of power switches.

4.5 Future Trends in Power Devices

As stated earlier, depending on the applications, the power
range processed in power electronic range is very wide, from
hundreds of milliwatts to hundreds of megawatts, therefore,
it is very difficult to find a single switching device type to
cover all power electronic applications. Today’s available power
devices have tremendous power and frequency rating range
as well as diversity. Their forward current ratings range from
a few amperes to a few kiloamperes, blocking voltage rating
ranges from a few volts to a few of kilovolts, and switch-
ing frequency ranges from a few hundred of hertz to a few
megahertz as illustrated in Table 4.3. This table illustrates the
relative comparison between available power semiconductor
devices. We only give relative comparison because there is no
straightforward technique that gives ranking of these devices.
As we accumulate this table, devices are still being developed
very rapidly with higher current, voltage ratings, and switching
frequency.

TABLE 4.3 Comparison of power semiconductor devices

Device type Year Rated Rated Rated Rated Forward
made voltage current frequency power voltage
available

Thyristor (SCR) 1957 6kV 3.5kA 500Hz 100s MW 1.5-2.5V

Triac 1958 1kv 100A 500 Hz 100’skW  1.5-2V

GTO 1962 45kvV  3kA 2kHz 10sMW 34V

BJT 1960s 1.2kV  800A 10kHz 1MW 1.5-3V

(Darlington)

MOSFET 1976 500V 50A 1 MHz 100 kW 3-4V

IGBT 1983 1.2kV  400A  20kHz 100’skW  3—4V

SIT 1.2kV  300A  100kHz 10’s kW 10-20V

SITH 1.5kV  300A 10kHz 10’s kW 2-4V

MCT 1988 3kV 2kv 20- 10sMW 12V

100 kHz
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It is expected that improvement in power handling capabil-
ities and increasing frequency of operation of power devices
will continue to drive the research and development in
semiconductor technology. From power MOSFET to power
MOS-IGBT and to power MOS-controlled thyristors, power
rating has consistently increased by a factor of 5 from one type
to another. Major research activities will focus on obtaining
new device structure based on MOS-BJT technology integra-
tion to rapidly increase power ratings. It is expected that the
power MOS-BJT technology will capture more than 90% of
the total power transistor market.

The continuing development of power semiconductor tech-
nology has resulted in power systems with driver circuit, logic
and control, device protection, and switching devices being
designed and fabricated on a single-chip. Such power IC mod-
ules are called “smart power” devices. For example, some of
today’s power supplies are available as IC’s for use in low-
power applications. No doubt the development of smart power
devices will continue in the near future, addressing more power
electronic applications.
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5.1 Introduction

The insulated gate bipolar transistor (IGBT), which was intro-
duced in early 1980s, is becoming a successful device because
of its superior characteristics. IGBT is a three-terminal power
semiconductor switch used to control the electrical energy.
Many new applications would not be economically feasible
without IGBTs. Prior to the advent of IGBT, power bipolar
junction transistors (BJT) and power metal oxide field effect
transistors (MOSFET) were widely used in low to medium
power and high-frequency applications, where the speed of
gate turn-off thyristors was not adequate. Power BJTs have
good on-state characteristics but have long switching times
especially at turn-off. They are current-controlled devices with
small current gain because of high-level injection effects and
wide base width required to prevent reach-through breakdown
for high blocking voltage capability. Therefore, they require
complex base drive circuits to provide the base current dur-
ing on-state, which increases the power loss in the control
electrode.

On the other hand power MOSFETs are voltage-controlled
devices, which require very small current during switching
period and hence have simple gate drive requirements. Power
MOSFETs are majority carrier devices, which exhibit very
high switching speeds. But the unipolar nature of the power

Copyright © 2001 by Academic Press
DOI: 10.1016/B978-0-12-382036-5.00005-7

MOSFETs causes inferior conduction characteristics as the
voltage rating is increased above 200V. Therefore their on-
state resistance increases with increasing breakdown voltage.
Furthermore, as the voltage rating increases the inherent body
diode shows inferior reverse recovery characteristics, which
leads to higher switching losses.

In order to improve the power device performance, it is
advantageous to have the low on-state resistance of power BJTs
with an insulated gate input like that of a power MOSFET.
The Darlington configuration of the two devices shown in
Fig. 5.1 has superior characteristics as compared to the two
discrete devices. This hybrid device could be gated like a power
MOSEFET with low on-state resistance because the majority of
the output current is handled by the BJT. Because of the low
current gain of BJT, a MOSFET of equal size is required as
a driver. A more powerful approach to obtain the maximum
benefits of the MOS gate control and bipolar current conduc-
tion is to integrate the physics of MOSFET and BJT within
the same semiconductor region. This concept gave rise to the
commercially available IGBTs with superior on-state charac-
teristics, good switching speed and excellent safe operating
area. Compared to power MOSFETs the absence of the integral
body diode can be considered as an advantage or disadvantage
depending on the switching speed and current requirements.
An external fast recovery diode or a diode in the same package
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FIGURE 5.1 Hybrid Darlington configuration of MOSFET and BJT.

can be used for specific applications. The IGBTs are replacing
MOSFETs in high-voltage applications with lower conduc-
tion losses. They have on-state voltage and current density
comparable to a power BJT with higher switching frequency.
Although they exhibit fast turn-on, their turn-off is slower than
a MOSFET because of current fall time. The IGBTs have con-
siderably less silicon area than similar rated power MOSFETs.
Therefore by replacing power MOSFETs with IGBTs, the effi-
ciency is improved and cost is reduced. IGBT is also known
as conductivity modulated FET (COMFET), insulated gate
transistor (IGT), and bipolar-mode MOSFET.

As soft switching topologies offer numerous advantages over
the hard switching topologies, their use is increasing in the
industry. By the use of soft-switching techniques, IGBTs can
operate at frequencies up to hundreds of kilohertz. The IGBTs
behave differently under soft switching condition as opposed
to hard switching conditions. Therefore, the device tradeoffs
involved in soft switching circuits are different than those in
hard switching case. Application of IGBTs in high power con-
verters subjects them to high-transient electrical stress such
as short circuit and turn-off under clamped inductive load
and therefore robustness of IGBTs under stress conditions
is an important requirement. Traditionally, there has been
limited interaction between device manufacturers and power
electronic circuit designers. Therefore, shortcomings of device
reliability are observed only after the devices are used in actual
circuits. This significantly slows down the process of power
electronic system optimization. The development time can be

S. Abedinpour and K. Shenai

significantly reduced if all issues of device performance and
reliability are taken into consideration at the design stage.
As high stress conditions are quite frequent in circuit applica-
tions, it is extremely cost efficient and pertinent to model the
IGBT performance under these conditions. However, develop-
ment of the model can follow only after the physics of device
operation under stress conditions imposed by the circuit is
properly understood. Physically based process and device sim-
ulations are a quick and cheap way of optimizing the IGBT. The
emergence of mixed mode circuit simulators in which semi-
conductor carrier dynamics is optimized within the constraints
of circuit level switching is a key design tool for this task.

5.2 Basic Structure and Operation

The vertical cross section of a half cell of one of the paral-
lel cells of an n-channel IGBT shown in Fig. 5.2 is similar
to that of a double diffused power MOSFET (DMOS) except
for a p™ layer at the bottom. This layer forms the IGBT
collector and a pn junction with n~ drift region, where
conductivity modulation occurs by injecting minority car-
riers into the drain drift region of the vertical MOSFET.
Therefore, the current density is much greater than a power
MOSFET and the forward voltage drop is reduced. The p*
substrate, n~ drift layer, and pT emitter constitute a BJT with
a wide base region and hence small current gain. The device
operation can be explained by a BJT with its base current
controlled by the voltage applied to the MOS gate. For sim-
plicity, it is assumed that the emitter terminal is connected
to the ground potential. By applying a negative voltage to
the collector, the pn junction between the p* substrate and

Emitter Gate E
= e -
p-base

o 4( j||ﬂe

N-MOSFET

n— drift

pt substrate

Collector
(a) (b)

FIGURE 5.2 IGBT: (a) half-cell vertical cross section and (b) equivalent
circuit model.
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the n™ drift region is reverse biased which prevents any cur-
rent flow and the device is in its reverse blocking state. If the
gate terminal is kept at ground potential but a positive poten-
tial is applied to the collector, the pn junction between the
p-base and n~ drift region is reverse biased. This prevents
any current flow and the device is in its forward blocking
state until the open base breakdown of the pnp transistor is
reached.

When a positive potential is applied to the gate and exceeds
the threshold voltage required to invert the MOS region under
the gate an n channel is formed, which provides a path for
electrons to flow into the n™ drift region. The pn junction
between the p* substrate and n™ drift region is forward biased
and holes are injected into the drift region. The electrons in
the drift region recombine with these holes to maintain space
charge neutrality and the remaining holes are collected at the
emitter, causing a vertical current flow between the emitter
and collector. For small values of collector potential and a gate
voltage larger than the threshold voltage the on-state char-
acteristics can be defined by a wide base power BJT. As the
current density increases, the injected carrier density exceeds
the low doping of the base region and becomes much larger
than the background doping. This conductivity modulation
decreases the resistance of the drift region, and therefore IGBT
has a much greater current density than a power MOSFET
with reduced forward voltage drop. The base—collector junc-
tion of the pnp BJT cannot be forward biased, and therefore
this transistor will not operate in saturation. But when the
potential drop across the inversion layer becomes comparable
to the difference between the gate voltage and threshold volt-
age, channel pinch-off occurs. The pinch-off limits the electron
current and as a result the holes injected from the p* layer.
Therefore, base current saturation causes the collector current
to saturate.
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Typical forward characteristics of an IGBT as a function of
gate potential and IGBT transfer characteristics are shown in
Fig. 5.3. The transfer characteristics of IGBT and MOSFET
are similar. The IGBT is in the off-state if the gate—emitter
potential is below the threshold voltage. For gate voltages
greater than the threshold voltage, the transfer curve is linear
over most of the drain current range. Gate-oxide breakdown
and the maximum IGBT drain current limit the maximum
gate—emitter voltage.

To turn-off the IGBT, gate is shorted to the emitter to remove
the MOS channel and the base current of the pnp transistor.
The collector current is suddenly reduced because the elec-
tron current from channel is removed. Then the excess carriers
in the n™ drift region decay by electron-hole recombination,
which causes a gradual collector current decay. In order to keep
the on-state voltage drop low, the excess carrier lifetime must
be kept large. Therefore, similar to the other minority carrier
devices there is a tradeoff between on-state losses and faster
turn-off switching times. In the punch-through (PT) IGBT
structure of Fig. 5.4 the switching time is reduced by use of a
heavily doped n buffer layer in the drift region near the collec-
tor. Because of much higher doping density in the buffer layer,
the injection efficiency of the collector junction and the minor-
ity carrier lifetime in the base region is reduced. The smaller
excess carrier lifetime in the buffer layer sinks the excess holes.
This speeds up the removal of holes from the drift region
and therefore decreases the turn-off time. Non-punch-through
(NPT) IGBTs have higher carrier lifetimes and low doped
shallow collector region, which affect their electrical character-
istics. In order to prevent punch through, NPT IGBTs have a
thicker drift region, which results in a higher base transit time.
Therefore in NPT structure carrier lifetime is kept more than
that of a PT structure, which causes conductivity modulation
of the drift region and reduces the on-state voltage drop.

COLLECTOR CURRENT (A)

0 2 4 6
GATE VOLTAGE (V)

IGBT: (a) forward characteristics and (b) transfer characteristics.
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FIGURE 5.4 Punch-through (PT) IGBT structure.

5.3 Static Characteristics

In the IGBT structure of Fig. 5.2, if a negative voltage is applied
to the collector, the junction between the p* substrate and
n~ drift region becomes reverse biased. The drift region is
lightly doped and the depletion layer extends principally into
the drift region. An open base transistor exists between the
pT substrate, n~ drift region, and the p-base region. The dop-
ing concentration (Np) and thickness of the n™ drift region
(Wp) are designed to avoid the breakdown of this structure.
The width of the drift region affects the forward voltage drop
and therefore, should be optimized for a desired breakdown
voltage. The thickness of the drift region (Wp) is chosen equal
to the sum of one diffusion length (L,) and the width of the
depletion layer at maximum applied voltage (Viax)-

285 Vinax

Wp =
gNp

+ Lp (5.1)

When the gate is shorted to the emitter, no channel exists
under the gate. Therefore, if a positive voltage is applied to the
collector the junction between the p-base and n™ drift region
is reverse biased and only a small leakage current flows through
IGBT. Similar to a MOSFET the depletion layer extends into
the p-base and n™ drift region. The p-base doping concen-
tration, which also controls the threshold voltage is chosen to
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avoid punch through of the p-base to n™ emitter. In ac cir-
cuit applications, which require identical forward and reverse
blocking capability the drift region thickness of the symmet-
rical IGBT shown in Fig. 5.2 is designed by use of Eq. (5.1)
to avoid reach through of the depletion layer to the junction
between the p™ collector and the n™ drift region. When IGBT
is used in dc circuits, which do not require reverse blocking
capability a highly doped n buffer layer is added to the drift
region near the collector junction to form a PT IGBT. In this
structure, the depletion layer occupies the entire drift region
and the n buffer layer prevents reach through of the depletion
layer to the p collector layer. Therefore the required thick-
ness of the drift region is reduced, which reduces the on-state
losses. But the highly doped n buffer layer and p™ collector
layer degrade the reverse blocking capability to a very low
value. Therefore on-state characteristics of a PT IGBT can be
optimized for a required forward blocking capability while the
reverse blocking capability is neglected.

When a positive voltage is applied to the gate of an IGBT,
an MOS channel is formed between the n' emitter and the
n~ drift region. Therefore a base current is provided for the
parasitic pnp BJT. By applying a positive voltage between
the collector and emitter electrodes of an n type IGBT, minor-
ity carriers (holes) are injected into the drift region. The
injected minority carriers reduce the resistivity of the drift
region and reduce the on-state voltage drop resulting in a much
higher current density compared to a power MOSFET.

If the shorting resistance between the base and emitter of the
npn transistor is small, the n* emitter p-base junction does not
become forward biased and therefore the parasitic npn transis-
tor is not active and can be deleted from the equivalent IGBT
circuit. The analysis of the forward conduction characteris-
tics of an IGBT is possible by the use of two equivalent circuit
approaches. The model based on a PiN rectifier in series with a
MOSEET, shown in Fig. 5.5b is easy to analyze and gives a rea-
sonable understanding of the IGBT operation. But this model
does not account for the hole current component flowing into
the p-base region. The junction between the p-base and the n™
drift region is reverse biased. This requires that the free car-
rier density be zero at this junction, and therefore results in a
different boundary condition for IGBT compared to those for
PiN rectifier. The IGBT conductivity modulation in the drift
region is identical to the PiN rectifier near the collector junc-
tion, but it is less than a PiN rectifier near the p-base junction.
Therefore, the model based on a bipolar pnp transistor driven
by a MOSFET in Fig. 5.5a gives a more complete description
of the conduction characteristics.

Analyzing the IGBT operation by the use of these models
shows that IGBT has one diode drop due to the parasitic diode.
Below the diode knee voltage, there is negligible current flow
due to the lack of minority carrier injection from the collector.
Also by increasing the applied voltage between the gate and
emitter, the base of the internal bipolar transistor is supplied by
more base current, which results in an increase in the collector
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FIGURE 5.5 IGBT equivalent circuits: (a) BJT/MOSFET and (b) PiN/
MOSFET.

current. The IGBT current shows saturation due to the pinch-
off of the MOS channel. This limits the input base current of
the bipolar transistor. The MOS channel of the IGBT reverse
biases the collector-base junction and forces the bipolar pnp
transistor to operate in its active region. The drift region is in
high-level injection at the required current densities and wider
n~ drift region results in higher breakdown voltage.

Because of the very low gain of the pnp BJT, the driver MOS-
FET in the equivalent circuit of the IGBT carries a major por-
tion of the total collector current. Therefore, the IGBT on-state
voltage drop as is shown in Fig. 5.6 consists of voltage drop
across the collector junction, drift region, and MOSFET por-
tion. The low value of the drift region conductivity modulation
near the p-base junction causes a substantial drop across the
junction field effect transistor (JFET) resistance of the MOS-
FET (Vjper) in addition to the voltage drop across the channel
resistance (V) and the accumulation layer resistance (V).

VcE(on) = Vptn + Vari + VMosrer (5.2)

Vmosrer = Ven + Virer + Vace (5.3)

When the lifetime in the n™ drift region is large, the gain
of the pnp bipolar transistor is high and its collector current
is much larger than the MOSFET current and therefore, the
voltage drop across the MOSFET component of IGBT is a
small fraction of the total voltage drop. When lifetime control
techniques are used to increase the switching speed, the current
gain of the bipolar transistor is reduced and a greater portion
of the current flows through the MOSFET channel and there-
fore the voltage drop across the MOSFET increases. In order
to decrease the resistance of the MOSFET current path, trench
IGBTs can be used as shown in Fig. 5.7. Extending the trench
gate below the p-base and n™ drift region junction forms
a channel between the n™ emitter and the n™ drift region.
This eliminates the JFET and accumulation layer resistance
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and therefore reduces the voltage drop across the MOSFET
component of IGBT, which results in a superior conduction
characteristics. By the use of trench structure, the IGBT cell
density and latching current density are also improved.

5.4 Dynamic Switching Characteristics

5.4.1 Turn-on Characteristics

The switching waveforms of an IGBT in a clamped inductive
circuit are shown in Fig. 5.8. The L/R time constant of the
inductive load is assumed to be large compared to the switch-
ing frequency and therefore, can be considered as a constant
current source I,,. The IGBT turn-on switching performance
is dominated by its MOS structure. During t4(,y), the gate cur-
rent charges the constant input capacitance with a constant
slope until the gate—emitter voltage reaches the threshold volt-
age Vg of the device. During t,;, load current is transferred
from the diode into the device and increases to its steady-state
value.

The gate voltage rise time and IGBT transconductance
determine the current slope and results as f;. When the
gate—emitter voltage reaches Vg (jon), which will support the
steady-state collector current, collector—emitter voltage starts
to decrease. After this there are two distinct intervals, during
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FIGURE 5.8 IGBT turn-on waveforms in a clamped inductive load
circuit.
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IGBT turn-on. In the first interval, the collector to emitter
voltage drops rapidly as the gate—drain capacitance Cgy of the
MOSFET portion of IGBT discharges. At low collector—emitter
voltage Cgq increases. A finite time is required for high-level
injection conditions to set in the drift region. The pnp transis-
tor portion of IGBT has a slower transition to its on-state than
the MOSFET. The gate voltage starts rising again only after
the transistor comes out of its saturation region into the linear
region, when complete conductivity modulation occurs and
the collector—emitter voltage reaches its final on-state value.

5.4.2 Turn-off Characteristics

Turn-off begins by removing the gate—emitter voltage. Volt-
age and current remain constant until the gate voltage reaches
VGE(Ion)> required to maintain the collector steady-state cur-
rent as shown in Fig. 5.9. After this delay time (#y(,q)) the
collector voltage rises, while the current is held constant. The
gate resistance determines the rate of collector voltage rise.
As the MOS channel turns off, collector current decreases
sharply during 5. The MOSFET portion of IGBT deter-
mines the turn-off delay time f4(,4) and the voltage rise
time f.,. When the collector voltage reaches the bus voltage,
the freewheeling diode starts to conduct.

However the excess stored charge in the n™ drift region
during on-state conduction, must be removed for the device
to turn-off. The high minority carrier concentration stored
in the n™ drift region supports the collector current after the
MOS channel is turned off. Recombination of the minority
carriers in the wide base region gradually decreases the col-
lector current and results in a current tail. Since there is no
access to the base of the pnp transistor, the excess minority
carriers cannot be removed by reverse biasing the gate. The
tf interval is long because the excess carrier lifetime in this
region is normally kept high to reduce the on-state voltage
drop. Since the collector—emitter voltage has reached the bus
voltage in this interval, a significant power loss occurs which
increases with frequency. Therefore, the current tail limits the
IGBT operating frequency and there is a tradeoff between the
on-state losses and faster switching times. For an on-state cur-
rent of I,,, the magnitude of the current tail, and the time
required for the collector current to decrease to 10% of its
on-state value, turn-off (toff) time, are approximated as:

I.(£) = atpuplone™ "™ (5.4)
toff = tHLIN(100tpp) (5.5)

where
Ctpnp = sec h (Li) (5.6)

is the gain of the bipolar pnp transistor, [ is the undepleted
base width, and L, is the ambipolar diffusion length and it
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FIGURE 5.9 Switching waveforms during IGBT clamped inductive load turn-off.

is assumed that the high level lifetime (tzz) is independent
of the minority carrier injection during the collector current
decay.

Lifetime-control techniques are used to reduce the life-
time (tyr) and the gain of the bipolar transistor (o). As a
result, the magnitude of the current tail and t,5 decrease. But
the conductivity modulation decreases, which increases the
on-state voltage drop in the drift region. Therefore, higher
speed IGBTs have a lower current rating. Thermal diffusion
of impurities such as gold and platinum introduces recombi-
nation centers, which reduce the lifetime. The device can also
be irradiated with high-energy electrons to generate recom-
bination centers. Electron irradiation introduces a uniform
distribution of defects, which results in reduction of lifetime
in the entire wafer and affects the conduction properties of the
device. Another method of lifetime control is proton implan-
tation, which can place defects at a specific depth. Therefore,
it is possible to have a localized control of lifetime to improve
the tradeoff between the on-state voltage and switching speed
of the device. The turn-off loss can be minimized by curtailing
the current tail as a result of speeding up the recombination

process in the portion of the drift region, which is not swept
by the reverse bias.

5.4.3 Latch-up of Parasitic Thyristor

A portion of minority carriers injected into the drift region
from the collector of an IGBT flows directly to the emitter
terminal. The negative charge of electrons in the inversion
layer attracts the majority of holes and generates the lateral
component of hole current through the p-type body layer as
shown in Fig. 5.10. This lateral current flow develops a volt-
age drop across the spreading resistance of the p-base region,
which forward biases the base—emitter junction of the npn
parasitic BJT. By designing a small spreading resistance, the
voltage drop is lower than the built-in potential and therefore
the parasitic thyristor between the p™ collector region, n™ drift
region, p-base region, and n* emitter does not latch-up. Larger
values of on-state current density produce a larger voltage
drop, which causes injection of electrons from the emitter
region into the p-base region and hence turns on the npn
transistor. When this occurs the pnp transistor will turn-on,
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FIGURE 5.10 On-state current flow paths in an IGBT structure.

therefore the parasitic thyristor will latch-up and the gate loses
control over the collector current.

Under dynamic turn-off conditions the magnitude of the
lateral hole current flow increases and latch-up can occur at
lower on-state currents compared to the static condition. The
parasitic thyristor latches up when the sum of the current gains
of the npn and pnp transistors exceeds one. When the gate volt-
age is removed from IGBT with a clamped inductive load, its
MOSEFET component turns off and reduces the MOSFET cur-
rent to zero very rapidly. As a result the drain—source voltage
rises rapidly and is supported by the junction between the n™
drift region and the p-base region. The drift region has a lower
doping and therefore the depletion layer extends more in the
drift region. As a result the current gain of the pnp transistor
portion, o,y increases and a greater portion of the injected
holes into the drift region will be collected at the junction of
p-base and n™ drift regions. Therefore, the magnitude of the
lateral hole current increases, which increases the lateral volt-
age drop. As a result the parasitic thyristor will latch-up even
if the on-state current is less than the static latch-up value.

Reducing the gain of the npn or pnp transistors can pre-
vent the parasitic thyristor latch-up. A reduction in the gain
of the pnp transistor increases the IGBT on-state voltage drop.
Therefore in order to prevent the parasitic thyristor latch-up, it
is better to reduce the gain of the npn transistor component of
IGBT. Reduction of carrier lifetime, use of buffer layer, and use
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of deep p™ diffusion improve the latch-up immunity of IGBT.
But inadequate extent of the p* region may fail to prevent the
device from latch-up. Also care should be taken that the p*
diffusion does not extend into the MOS channel because this
causes an increase in the MOS threshold voltage.

5.5 IGBT Performance Parameters

The IGBTs are characterized by certain performance param-
eters. The manufacturers specify these parameters, which are
described below, in the IGBT data sheet. The important rat-
ings of IGBTs are values, which establish either a minimum
or maximum limiting capability or limiting condition. The
IGBTs cannot be operated beyond the maximum or minimum
rating’s value, which are determined for a specified operating
point and environment condition.

Collector-Emitter blocking voltage (BV(cgs): This parameter
specifies the maximum off-state collector—emitter voltage
when the gate and emitter are shorted. Breakdown is speci-
fied at a specific leakage current and varies with temperature
by a positive temperature coefficient.

Emitter—Collector blocking voltage (BVgcs): This parameter
specifies the reverse breakdown of the collector—base junc-
tion of the pnp transistor component of IGBT.

Gate—Emitter voltage (Vggs): This parameter determines the
maximum allowable gate—emitter voltage, when collector
is shorted to emitter. The thickness and characteristics of
the gate-oxide layer determine this voltage. The gate volt-
age should be limited to a much lower value to limit the
collector current under fault conditions.

Continuous collector current (I¢): This parameter represents the
value of the dc current required to raise the junction to
its maximum temperature, from a specified case tempera-
ture. This rating is specified at a case temperature of 25°C
and maximum junction temperature of 150°C. Since nor-
mal operating condition cause higher case temperatures, a
plot is given to show the variation of this rating with case
temperature.

Peak collector repetitive current (Icy): Under transient con-
ditions, the IGBT can withstand higher peak currents
compared to its maximum continuous current, which is
described by this parameter.

Maximum power dissipation (Pp): This parameter represents the
power dissipation required to raise the junction tempera-
ture to its maximum value of 150°C, at a case temperature
of 25°C. Normally a plot is provided to show the variation
of this rating with temperature.

Junction temperature (7Tj): Specifies the allowable range of the
IGBT junction temperature during its operation.

Clamped inductive load current (Irp): This parameter specifies
the maximum repetitive current that IGBT can turn-off
under a clamped inductive load. During IGBT turn-on, the
reverse recovery current of the freewheeling diode in par-
allel with the inductive load increases the IGBT turn-on
switching loss.
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Collector-Emitter leakage current (Icgs): This parameter deter-
mines the leakage current at the rated voltage and specific
temperature when the gate is shorted to emitter.

Gate—Emitter threshold voltage (Vgg(m)): This parameter spec-
ifies the gate—emitter voltage range, where the IGBT is
turned on to conduct the collector current. The threshold
voltage has a negative temperature coefficient. Threshold
voltage increases linearly with gate-oxide thickness and as
the square root of the p-base doping concentration. Fixed
surface charge at the oxide—silicon interface and mobile ions
in the oxide shift the threshold voltage.

Collector-Emitter saturation voltage (Vcg(sar)): This parameter
specifies the collector—emitter forward voltage drop and is a
function of collector current, gate voltage, and temperature.
Reducing the resistance of the MOSFET channel and JFET
region, and increasing the gain of the pnp bipolar transistor
can minimize the on-state voltage drop. The voltage drop
across the MOSFET component of IGBT, which provides
the base current of the pnp transistor is reduced by a larger
channel width, shorter channel length, lower threshold volt-
age, and wider gate length. Higher minority carrier lifetime
and a thin n-epi region cause high carrier injection and
reduce the voltage drop in the drift region.

Forward transconductance (grg): Forward transconductance is
measured with a small variation on the gate voltage, which
linearly increases the IGBT collector current to its rated cur-
rent at 100°C. The transconductance of an IGBT is reduced
at currents much higher than its thermal handling capa-
bility. Therefore, unlike the bipolar transistors, the current
handling capability of IGBTs is limited by thermal con-
sideration and not by its gain. At higher temperatures,
the transconductance starts to decrease at lower collec-
tor currents. Therefore, these features of transconductance
protects the IGBT under short circuit operation.

Total gate charge (Qg): This parameter helps to design a suit-
able size gate drive circuit and approximately calculate its
losses. Because of the minority carrier behavior of device,
the switching times cannot be approximately calculated by
the use of gate charge value. This parameter varies as a
function of the gate—emitter voltage.

Turn-on delay time (#;): It is defined as the time between 10% of
gate voltage and 10% of the final collector current.

Rise time (¢,): It is the time required for the collector current to
increase to 90% of its final value from 10% of its final value.

Turn-off delay time (tg(,f)): It is the time between 90% of gate
voltage and 10% of final collector voltage.

Fall time (t): It is the time required for the collector current
to drop from 90% of its initial value to 10% of its initial
value.

Input capacitance (Cj): It is the measured gate—emitter capac-
itance when collector is shorted to emitter. The input
capacitance is the sum of the gate—emitter and the miller
capacitance. The gate—emitter capacitance is much larger
than the miller capacitance.

Output capacitance (Coes): It is the capacitance between collector
and emitter when gate is shorted to the emitter, which has
the typical pn junction voltage dependency.
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Reverse transfer capacitance (Cy,): It is the miller capacitance
between gate and collector, which has a complex voltage
dependency.

Safe operating area (SOA): The safe operating area determines
the current and voltage boundary within which the IGBT
can be operated without destructive failure. At low cur-
rents the maximum IGBT voltage is limited by the open
base transistor breakdown. The parasitic thyristor latch-
up limits the maximum collector current at low voltages.
The IGBTs immune to static latch-up may be vulnerable to
dynamic latch-up. Operation in short circuit and inductive
load switching are conditions that would subject an IGBT
to a combined voltage and current stress. Forward biased
safe operating area (FBSOA) is defined during the turn-on
transient of the inductive load switching when both elec-
tron and hole current flow in the IGBT in the presence of
high voltage across the device. The reverse biased safe oper-
ating area (RBSOA) is defined during the turn-off transient,
where only hole current flows in the IGBT with high voltage
across it.

If the time duration of simultaneous high voltage and high
current is long enough, the IGBT failure will occur because of
thermal breakdown. But if this time duration is short, the tem-
perature rise due to power dissipation will not be enough to
cause thermal breakdown. Under this condition the avalanche
breakdown occurs at voltage levels lower than the breakdown
voltage of the device. Compared to the steady-state forward
blocking condition the much larger charge in the drift region
causes a higher electric field and narrower depletion region at
the p-base and n™ drift junction. Under RBSOA conditions
there is no electron in the space charge region, and there-
fore there is a larger increase in electric field than the FBSOA
condition.

The IGBT SOA is indicated in Fig. 5.11. Under short-
switching times the rectangular SOA shrinks by increase in
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FIGURE 5.11 IGBT safe operating area (SOA).
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the duration of on-time. Thermal limitation is the reason for
smaller SOA and the lower limit is set by dc operating condi-
tions. The device switching loci under hard switching (dashed
lines) and zero voltage or zero current switching (solid lines)
is also indicated in Fig. 5.11. The excursion is much wider
for switch-mode hard-switching applications than for the soft-
switching case, and therefore a much wider SOA is required for
hard-switching applications. Presently IGBTs are optimized for
hard-switching applications. In soft-switching applications the
conduction losses of IGBT can be optimized at the cost of
smaller SOA. In this case the p-base doping can be adjusted
to result in a much lower threshold voltage and hence for-
ward voltage drop. But in hard-switching applications, the SOA
requirements dominate over forward voltage drop and switch-
ing time. Therefore, the p-base resistance should be reduced,
which causes a higher threshold voltage. As a result, the channel
resistance and forward voltage drop will increase.

5.6 Gate Drive Requirements

The gate drive circuit acts as an interface between the logic sig-
nals of the controller and the gate signals of the IGBT, which
reproduces the commanded switching function at a higher
power level. Non-idealities of the IGBT such as finite volt-
age and current rise and fall times, turn-on delay, voltage and
current overshoots, and parasitic components of the circuit
cause differences between the commanded and real waveforms.
Gate drive characteristics affect the IGBT non-idealities. The
MOSEET portion of the IGBT drives the base of the pnp tran-
sistor and therefore the turn-on transient and losses is greatly
affected by the gate drive.

Due to lower switching losses, soft-switched power convert-
ers require gate drives with higher power ratings. The IGBT
gate drive must have sufficient peak current capability to pro-
vide the required gate charge for zero current switching and
zero voltage switching. The delay of the input signal to the
gate drive should be small compared to the IGBT switching
period and therefore, the gate drive speed should be designed
properly to be able to use the advantages of faster switching
speeds of the new generation IGBTs.

5.6.1 Conventional Gate Drives

The first IGBT gate drives used fixed passive components and
were similar to MOSFET gate drives. Conventional gate drive
circuits use a fixed gate resistance for turn-on and turn-off
as shown in Fig. 5.12. The turn-on gate resistor Rgp, limits
the maximum collector current during turn-on, and the turn-
off gate resistor Ry limits the maximum collector—emitter
voltage. In order to decouple the dv./dt and di./dt control,
an external capacitance C, can be used at the gate, which
increases the time constant of the gate circuit and reduces the
dic/dt as shown in Fig. 5.13. But C; does not affect the dv,./dt
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transient, which occurs during the miller plateau region of the
gate voltage.

5.6.2 New Gate Drive Circuits

In order to reduce the delay time required for the gate voltage
to increase from Vg to Vi, (th), the external gate capacitor
can be introduced in the circuit only after V, reaches Ve(th)
as is shown in Fig. 5.14, where the collector current rise occurs.
The voltage tail during turn-on transient is not affected by
this method. In order to prevent shoot through caused by
accidental turn-on of IGBT due to noise, a negative gate voltage
is required during off-state. Low gate impedance reduces the
effect of noise on gate.

During the first slope of the gate voltage turn-on transient,
the rate of charge supply to the gate determines the collector
current slope. During the miller effect zone of the turn-on
transient the rate of charge supply to the gate determines the
collector voltage slope. Therefore, the slope of the collector
current, which is controlled by the gate resistance, strongly
affects the turn-on power loss. Reduction in switching power
loss requires low gate resistance. But the collector current slope
also determines the amplitude of the conducted electromag-
netic interference (EMI) during turn-on switching transient.
Lower EMI generation requires higher values of gate resis-
tance. Therefore, in conventional gate drive circuits by selecting
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FIGURE 5.14 A circuit for reducing the turn-on delay.
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an optimum value for Ry, there is a tradeoff between lower
switching losses and lower EMI generation.

But the turn-off switching of IGBT depends on the bipolar
characteristics. Carrier lifetime determines the rate at which
the minority carriers stored in the drift region recombine.
The charge removed from the gate during turn-off has small
influence on minority carrier recombination. The tail current
and di/dt during turn-off, which determine the turn-off losses,
depend mostly on the amount of stored charge and the minor-
ity carriers lifetime. Therefore, the gate drive circuit has a
minor influence on turn-off losses of the IGBT, while it affects
the turn-on switching losses.

The turn-on transient is improved by use of the circuit
shown in Fig. 5.15. The additional current source increases the
gate current during the tail voltage time, and therefore reduces
the turn-on loss. The initial gate current is determined by Vge+
and Rgon, which are chosen to satisfy device electrical spec-
ifications and EMI requirements. After the collector current
reaches its maximum value, the miller effect occurs and the
controlled current source is enabled to increase the gate cur-
rent to increase the rate of collector voltage fall. This reduces
the turn-on switching loss. Turn-off losses can only be reduced
during the miller effect and MOS turn-off portion of the turn-
off transient, by reducing the gate resistance. But this increases
the rate of change of collector voltage, which strongly affects
the IGBT latching current and RBSOA. During the turn-off
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FIGURE 5.15 Schematic circuit of an IGBT gate drive circuit.
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period, the turn-off gate resistor Reoff determines the maxi-
mum rate of collector voltage change. After the device turns
off, turning on transistor Ty prevents the spurious turn-on of
IGBT by preventing the gate voltage to reach the threshold
voltage.

5.6.3 Protection

Gate drive circuits can also provide fault protection of IGBT
in the circuit. The fault protection methods used in IGBT con-
verters are different from their gate turn-off thyristor (GTO)
counterparts. In a GTO converter, a crowbar is used for pro-
tection and as a result there is no current limiting. When the
short circuit is detected the control circuit turns on all the
GTO switches in the converter, which results in the opening of
a fuse or circuit breaker on the dc input. Therefore, series di/dt
snubbers are required to prevent rapid increase of the fault
current and the snubber inductor has to be rated for large cur-
rents in the fault condition. But IGBT has an important ability
to intrinsically limit the current under over-current and short
circuit fault conditions. However, the value of the fault current
can be much larger than the nominal IGBT current. Therefore,
IGBT has to be turned off rapidly after the fault occurs. The
magnitude of the fault current depends on the positive gate
bias voltage Vigo+. A higher V,+ is required to reduce conduc-
tion loss in the device, but this leads to larger fault currents.
In order to decouple the tradeoff limitation between conduc-
tion loss and fault current level, a protection circuit can reduce
the gate voltage when a fault occurs. But this does not limit
the peak value of the fault current, and therefore, a fast fault
detection circuit is required to limit the peak value of the fault
current. Fast integrated sensors in the gate drive circuit are
essential for proper IGBT protection.

Various methods have been studied to protect IGBTs under
fault conditions. One of the techniques uses a capacitor to
reduce the gate voltage when the fault occurs. But depend-
ing on the initial condition of the capacitor and its value the
IGBT current may reduce to zero and then turned on again.
Another method is to softly turn-off the IGBT after the fault
and to reduce the over-voltage due to di./dt. Therefore the
over-voltage on IGBT caused by the parasitic inductance is
limited while turning off large currents. The most common
method of IGBT protection is the collector voltage monitoring
or desat detection. The monitored parameter is the collector—
emitter voltage, which makes fault detection easier compared
to measuring the device current. But voltage detection can be
activated only after the complete turn-on of IGBT. If the fault
current increases slowly due to large fault inductance, the fault
detection is difficult because the collector-emitter voltage will
not change significantly. In order to determine whether the
current that is being turned off is over-current or nominal cur-
rent, the miller voltage plateau level can be used. This method
can be used to initiate soft turn-off and reduce the over-voltage
during over-currents.
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Special sense IGBTs have been introduced at low power
levels with a sense terminal to provide a current signal pro-
portional to the IGBT collector current. A few active device
cells are used to mirror the current carried by the other cells.
But unfortunately, sense IGBTs are not available at high power
levels and there are problems related to the higher conduc-
tion losses in the sense device. The most reliable method to
detect an over-current fault condition is to introduce a current
sensor in series with the IGBT. The additional current sen-
sor makes the power circuit more complex and may lead to
parasitic bus inductance, which results in higher over-voltages
during turn-off.

After the fault occurs, the IGBT has to be safely turned off.
Due to large di./dt during turn-off, the over-voltage can be very
large. Therefore, many techniques have been investigated to
obtain soft turn-off. The most common method is to use large
turn-off gate resistor when the fault occurs. Another method
to reduce the turn-off over-voltage is to lower the fault cur-
rent level by reducing the gate voltage before initiating the
turn-off. A resistive voltage divider can be used to reduce the
gate voltage during fault turn-off. For example, the gate volt-
age reduction can be obtained by turning on simultaneously
Rgoff and Rgoy in the circuit of Fig. 5.12. Another method is
to switch a capacitor into the gate and rapidly discharge the
gate during the occurrence of a fault. To prevent the capacitor
from charging back up to the nominal on-state gate voltage, a
large capacitor should be used, which may cause a rapid gate
discharge. Also a zener can be used in the gate to reduce the
gate voltage after a fault occurs. But the slow transient behav-
ior of the zener leads to large initial peak fault current. The
power dissipation during a fault determines the time duration
that the fault current can flow in the IGBT without damaging
it. Therefore, the IGBT fault endurance capability is improved
by the use of fault current limiting circuits to reduce the power
dissipation in the IGBT under fault conditions.

5.7 Circuit Models

High-quality IGBT model for circuit simulation is essential for
improving the efficiency and reliability in the design of power
electronic circuits. Conventional models for power semicon-
ductor devices simply described an abrupt or linear switching
behavior and a fixed resistance during the conduction state.
Low switching frequencies of power circuits made it possible
to use these approximate models. But moving to higher switch-
ing frequencies to reduce the size of a power electronic system
requires high-quality power semiconductor device models for
circuit simulation.

The n-channel IGBT consists of a pnp bipolar transistor
whose base current is provided by an n-channel MOSFET, as
is shown in Fig. 5.1. Therefore, the IGBT behavior is deter-
mined by the physics of the bipolar and MOSFET devices.
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Several effects dominate the static and dynamic device
characteristics. The influence of these effects on low-power
semiconductor device is negligible and therefore they can-
not be described by standard device models. The conventional
circuit models were developed to describe the behavior of low
power devices, and therefore were not adequate to be modified
for IGBT. The reason is that the bipolar transistor and MOS-
FET in the IGBT have a different behavior compared to their
low-power counterparts and have different structures.

The present available models have different levels of accu-
racy at the expense of speed. Circuit issues such as switching
losses and reliability are strongly dependent on the device
and require accurate device models. But simpler models
are only adequate for system oriented issues such as the
behavior of an electric motor driven by a pulse width mod-
ulation (PWM) converter. Finite element models have high
accuracy, but are slow and require internal device structure
details. Macro models are fast but have low accuracy, which
depends on the operating point. Recently commercial circuit
simulators have introduced one-dimensional physics-based
models, which offer a compromise between the finite ele-
ment models and macro models. The Hefner model and the
Kraus model are such examples that have been implemented
in Saber and there has been some effort to implement them in
PSPICE. The Hefner model depends on the redistribution of
charge in the drift region during transients. The Kraus model
depends on the extraction of charge from the drift region by
the electric field and emitter back injection.

The internal BJT of the IGBT has a wide base, which is lightly
doped to support the depletion region to have high blocking
voltages. The excess carrier lifetime in the base region is low
to have fast turn-off. But low power bipolar transistors have
high excess carrier lifetime in the base, narrow base, and high
current gain. A finite base transit time is required for a change
in the injected base charge to change the collector current.
Therefore, quasi-static approximation cannot be used at high
speeds and the transport of carriers in the base should be
described by ambipolar transport theory.

5.7.1 Input and Output Characteristics

The bipolar and MOSFET components of a symmetric IGBT
are shown in Fig. 5.16. The components between the emit-
ter (e), base (b), and collector (c) terminals correspond to
the bipolar transistor and those between gate (g), source (s),
and drain (d) are associated with MOSFET. The combina-
tion of the drain—source and gate—drain depletion capacitances
is identical to the base—collector depletion capacitance, and
therefore they are shown for the MOSFET components. The
gate-oxide capacitance of the source overlap (Cyys) and source
metallization capacitance (C,,) form the gate—source capac-
itance (Cy). When the MOSFET is in its linear region the
gate-oxide capacitance of the drain overlap (Cyy) forms the
gate—drain capacitance (Cgyq). In the saturation region of
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MOSEFET the equivalent series connection of gate—drain over-
lap oxide capacitance and the depletion capacitance of the
gate—drain overlap (Cggj) forms the gate-drain miller capac-
itance. The gate-drain depletion width and the drain—source
depletion width are voltage dependent, which has the same
effect on the corresponding capacitances.

The most important capacitance in IGBT is the capacitance
between the input terminal (g) and output terminal (a),
because the switching characteristics is affected by this
feedback.

dQ,

d
Cga_ = Cox Tox

7
Avga (5.7)

Cox 1s determined by the oxide thickness and device area.
The accumulation, depletion, and inversion states below the
gate cause different states of charge and therefore different
capacitance values.

The stored charge in the lightly doped wide base of the
bipolar component of IGBT causes switching delays and
switching losses. The standard quasi-static charge description
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is not adequate for IGBT because it assumes that the charge
distribution is a function of the IGBT terminal voltage. But the
stored charge density (P(x,t)) changes with time and position
and therefore the ambipolar diffusion equation must be used
to describe the charge variation.

dP(x,t) P(x,t) A*P(x,t)
=_ D,
dt T

(5.8)

The slope of the charge carrier distribution determines
the sum of electron and hole currents. The non-quasi-static
behavior of the stored charge in the base of the bipolar com-
ponent of IGBT results in the collector—emitter redistribution
capacitance (Cgy). This capacitance dominates the output
capacitance of IGBT during turn-off and describes the rate
of change of base—collector depletion layer with the rate of
change of base—collector voltage. But the base—collector dis-
placement current is determined by the gate—drain (Cgg;) and
drain-source (Cysj) capacitance of the MOSFET component.

5.7.2 Implementing the IGBT Model into a
Circuit Simulator

Usually a netlist is used in a circuit simulator such as Saber
to describe an electrical circuit. Each component of the cir-
cuit is defined by a model template with the component
terminal connection and the model parameters values. While
Saber libraries provide some standard component models, the
models can be generated by implementing the model equa-
tions in a defined saber template. Electrical component models
of IGBT are defined by the current through each component
element as a function of component variables, such as termi-
nal and internal node voltages and explicitly defined variables.
The circuit simulator uses the Kirchhoff’s current law to solve
for electrical component variables such that the total current
into each node is equal to zero, while satisfying the explicitly
defined component variables needed to describe the state of
the device.

The IGBT circuit model is generated by defining the currents
between terminal nodes as a non-linear function of component
variables and their rate of change. An IGBT circuit model is
shown in Fig. 5.17. Compared to Fig. 5.16, the bipolar transis-
tor is replaced by the two base and collector current sources.
There is a distributed voltage drop due to diffusion and drift
in the base regions. The drift terms in the ambipolar diffusion
equation depends on base and collector currents. Therefore,
both of these currents generate the resistive voltage drop Vi,
and Ry is placed at the emitter-terminal in the IGBT circuit
model. The capacitance of the emitter—base junction (C,)
is implicitly defined by the emitter—base voltage as a func-
tion of base charge. I, is the emitter—base capacitor current
which defines the rate of change of the base charge. The cur-
rent through the collector—emitter redistribution capacitance
(Iscer) is part of the collector current, which in contrast to
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Iss depends on the rate of change of the base—emitter volt-
age. Ips 1s part of the base current that does not flow through
Cgp and does not depend on rate of change of base—collector
voltage.

Impact ionization causes carrier multiplication in the high
electric field of the base—collector depletion region. This carrier
multiplication generates an additional base—collector current
component (I,,,;;), which is proportional to I, I;es, and the
multiplication factor. The resulting Saber IGBT model should
be able to describe accurately the experimental results for the
range of static and dynamic conditions where IGBT operates.
Therefore, the model can be used to describe the steady-state
and dynamic characteristics under various circuit conditions.

The present available models have different levels of accu-
racy at the expense of speed. Circuit issues such as switching
losses and reliability are strongly dependent on the device and
require accurate device models. But simpler models are ade-
quate for system oriented issues such as the behavior of an
electric motor driven by a PWM converter. Finite element
models have high accuracy, but are slow and require inter-
nal device structure details. Macro models are fast but have low
accuracy, which depends on the operating point. Recently com-
mercial circuit simulators have introduced one-dimensional



5 Insulated Gate Bipolar Transistor

physics-based models, which offer a compromise between the
finite element models and macro models.

5.8 Applications

Power electronics evolution is a result of the evolution of
power semiconductor devices. Applications of power electron-
ics are still expanding in industrial and utility systems. A major
challenge in designing power electronic systems is a simulta-
neous operation at high power and high-switching frequency.
The advent of IGBTs has revolutionized power electronics by
extending the power and frequency boundary. During the last
decade, the conduction and switching losses of IGBTs has been
reduced in the process of transition from the first to the third
generation IGBTs. The improved charcteristics of the IGBTs
have resulted in higher switching speed and lower energy
losses. High voltage IGBTs are expected to take the place of
high voltage GTO thyristor converters in the near future. To
advance the performance beyond the third generation IGBTs,
the fourth generation devices will require exploiting fine-line
lithographic technology and employing the trench technology
used to produce power MOSFETs with very low on-state resis-
tance. Intelligent IGBT or intelligent power module (IPM) is
an attractive power device integrated with circuits to protect
against over-current, over-voltage, and over-heat. The main
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application of IGBT is for use as a switching component in
inverter circuits, which are used in both power supply and
motor-drive applications. The advantages of using IGBT in
these converters are simplicity and modularity of the con-
verter, simple gate drive, elimination of snubber circuits due
to the square SOA, lower switching loss, improved protection
characteristics in case of over-current and short circuit fault,
galvanic isolation of the modules, and simpler mechanical con-
struction of the power converter. These advantages have made
the IGBT the preferred switching device in the power range
below 1 MW.

Power supply applications of IGBTs include uninterrupt-
ible power supplies (UPS) as is shown in Fig. 5.18, constant
voltage, constant frequency power supplies, induction heat-
ing systems, switch mode power supplies, welders (Fig. 5.19),
cutters, traction power supplies, and medical equipment (CT,
X-ray). Low noise operation, small size, low cost, and high
accuracy are chracteristics of the IGBT converters in these
applications. Examples of motor-drive applications include
variable voltage, variable frequency inverter as is shown in
Fig. 5.20. The IGBTS have been recently introduced at high
voltage and current levels, which has enabled their use in high
power converters utilized for medium voltage motor drives.
The improved characteristics of the IGBTs have introduced
power converters in megawatt power applications such as trac-
tion drives. One of the critical issues in realizing high power
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converters is the reliability of the power switches. The devices
used in these applications must be robust and capable of with-
standing faults long enough for a protection scheme to be
activated. The hard switching voltage source power converter
is the most commonly used topology. In this switch-mode
operation, the switches are subjected to high switching stresses
and high switching power loss that increases linearly with
the switching frequency of the PWM. The resulting switch-
ing loci in the v,—i; plane is shown by the dotted lines in
Fig. 5.11. Because of simultaneous large switch voltage and
large switch current, the switch must be capable of withstand-
ing high switching stresses with a large SOA. The requirement
of being able to withstand large stresses results in design com-
promises in other characteristics of the power semiconductor
device. Often forward voltage drop and switching speed are
sacrificed for enhanced short circuit capability. Process param-
eters of the IGBT such as threshold voltage, carrier lifetime, and
the device thickness can be varied to obtain various combina-
tions of SOA, on-state voltage, and switching time. However,
there is very little overlap in the optimum combination for
more than one performance parameter. Therefore, improved
performance in one parameter is achieved at the cost of other
parameters.

In order to reduce the size, the weight, and the cost of circuit
components used in a power electronics converter very high-
switching frequencies of the order of few megahertz are being
contemplated. In order to be able to increase the switching
frequency, the problems of switch stresses, switching losses,
and the EMI associated with switch-mode applications need
to be overcome. Use of soft-switching converters reduces the
problems of high dv/dt and high di/dt by the use of external
inductive and capacitive components to shape the switching
trajectory of device. The device switching loci resulting from
soft switching is shown in Fig. 5.11, where significant reduc-
tion in switching stress can be noticed. The traditional snubber
circuits achieves this goal without the added control complex-
ity, but the power dissipation in these snubber circuits can
be large and limit the switching frequency of the converter.
Also passive components significantly add to the size, weight,
and cost of the converter at high power levels. Soft switching
uses lossless resonant circuits, which overcomes the problem

Variable voltage, variable frequency inverter (PWM).

of power loss in the snubber circuit, but increases the conduc-
tion loss. Resonant transition circuits eliminate the problem
of high peak device stress in the soft-switched converters. The
main drawback of these circuits is the increased control com-
plexity required to obtain the resonant switching transition.
The large number of circuit variables that have to be sensed
in such power converters can affect their reliability. Short cir-
cuit capability no longer being the primary concern, designers
can push the performance envelope for their circuits until the
device becomes the limiting factor once again.

The transient response of the conventional volts/hertz
induction motor drive is sluggish, because both torque and
flux are functions of stator voltage and frequency. Use of vec-
tor or field oriented control methods makes the performance
of the induction motor drive almost identical to that of a sep-
arately excited dc motor. Therefore, the transient response is
like a dc machine, where torque and flux can be controlled in
a decoupled manner. Vector controlled induction motors with
shaft encoders or speed sensors have been widely applied in
combination with voltage source PWM inverters using IGBT
modules. According to the specification of the new products,
vector controlled induction motor drive systems ranging from
kilowatts to megawatts provide a broad range of speed control,
constant torque operation, and high starting torque.

Because of their simple gate drives and modular packaging,
IGBTs lead to simpler construction of power electronic circuits.
This feature has lead to a trend to standardize and modu-
larize power electronic circuits. Simplification of the overall
system design and construction and significant cost reduc-
tion are the main implications of this approach. With these
goals the power electronics building block (PEBB) program has
been introduced, where the entire power electronic converter
system is reduced to a single block. Similar modular power
electronic blocks are commercially available at low power lev-
els in the form of power integrated circuits. At higher power
levels, these blocks have been realized in the form of intelligent
power modules and power blocks. But these high power mod-
ules do not encompass the entire power electronic systems like
motor drives and UPS. The aim of the PEBB program is to
realize the whole power handling system within standardized
blocks. A PEBB is a universal power processor that changes any
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electrical power input to any desired form of voltage, current,
and frequency output. A PEBB is a single package with a multi-
function controller that replaces the complex power electronic
circuits with a single device and therefore reduces the devel-
opment and design costs of the complex power circuits and
simplifies the development and design of large electric power
systems.

The applications of power electronics are varied and various
applications have their own specific design requirement. There
is a wide choice of available power devices. Because of physical,
material, and design limitations, none of the presently available
devices behave as an ideal switch, which should block arbi-
trarily large forward and reverse voltages with zero current in
the off-state, conduct arbitrarily large currents with zero volt-
age drop in the on-state, and have negligible switching time
and power loss. Therefore, power electronic circuits should
be designed by considering the capabilities and limitations of
available devices. Traditionally there has been limited inter-
action between device manufacturers and circuit designers.
Therefore, manufacturers have been fabricating generic power
semiconductor devices with inadequate consideration of the
specific applications where the devices are used. The diverse
nature of power electronics does not allow the use of generic
power semiconductor devices in all applications as it leads
to non-optimal systems. Therefore, the devices and circuits
need to be optimized at the application level. Soft-switching
topologies offer numerous advantages over conventional hard-
switching applications such as reduced switching stress and
EMI, and higher switching speed at reduced power loss. The
IGBTs behave dissimilarly in the two circuit conditions. As
a result, devices optimized for hard switching conditions do
not necessarily give the best possible performance when used
in soft switching circuits. In order to extract maximum system
performance, it is necessary to develop IGBTs suited for specific
applications. These optimized devices need to be manufac-
turable and cost effective in order to be commercially viable.
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6.1 Introduction

Thyristors are usually three-terminal devices that have four
layers of alternating p-type and n-type material (i.e. three
p—n junctions) comprising its main power handling section.
In contrast to the linear relation which exists between load and
control currents in a transistor, the thyristor is bistable. The
control terminal of the thyristor, called the gate (G) electrode,
may be connected to an integrated and complex structure as a
part of the device. The other two terminals, called the anode
(A) and cathode (K), handle the large applied potentials (often
of both polarities) and conduct the major current through the
thyristor. The anode and cathode terminals are connected in
series with the load to which power is to be controlled.
Thyristors are used to approximate ideal closed (no voltage
drop between anode and cathode) or open (no anode cur-
rent flow) switches for control of power flow in a circuit.
This differs from low-level digital switching circuits that are
designed to deliver two distinct small voltage levels while con-
ducting small currents (ideally zero). Thyristor circuits must
have the capability of delivering large currents and be able

Copyright © 2007, 2001, Elsevier Inc.
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to withstand large externally applied voltages. All thyristor
types are controllable in switching from a forward-blocking
state (positive potential applied to the anode with respect to
the cathode, with correspondingly little anode current flow)
into a forward-conduction state (large forward anode current
flowing, with a small anode—cathode potential drop). Most
thyristors have the characteristic that after switching from a
forward-blocking state into the forward-conduction state, the
gate signal can be removed and the thyristor will remain in
its forward-conduction mode. This property is termed “latch-
ing” and is an important distinction between thyristors and
other types of power electronic devices. Some thyristors are
also controllable in switching from forward-conduction back
to a forward-blocking state. The particular design of a thyristor
will determine its controllability and often its application.
Thyristors are typically used at the highest energy levels
in power conditioning circuits because they are designed to
handle the largest currents and voltages of any device tech-
nology (systems approximately with voltages above 1kV or
currents above 100A). Many medium-power circuits (sys-
tems operating at less than 1kV or 100A) and particularly

91



92

low-power circuits (systems operating below 100V or sev-
eral amperes) generally make use of power bipolar transis-
tors, power metal oxide semiconductor field effect transistors
(MOSFETs) or insulated gate bipolar transistors (IGBTs) as
the main switching elements because of the relative ease in
controlling them. IGBT technology, however, continues to
improve and multiple silicon die are commonly packaged
together in a module. These modules are replacing thyristors
in applications operating up to 3kV that require control-
lable turn-off because of easier gate-drive requirements. Power
diodes are used throughout all levels of power condition-
ing circuits and systems for component protection and wave
shaping.

A thyristor used in some ac power circuits (50 or 60 Hz in
commercial utilities or 400 Hz in aircraft) to control ac power
flow can be made to optimize internal power loss at the expense
of switching speed. These thyristors are called phase-control
devices, because they are generally turned from a forward-
blocking into a forward-conducting state at some specified
phase angle of the applied sinusoidal anode—cathode voltage
waveform. A second class of thyristors is used in association
with dc sources or in converting ac power at one amplitude
and frequency into ac power at another amplitude and fre-
quency, and must generally switch on and off relatively quickly.
A typical application for the second class of thyristors is in con-
verting a dc voltage or current into an ac voltage or current. A
circuit that performs this operation is often called an inverter,
and the associated thyristors used are referred to as inverter
thyristors.

There are four major types of thyristors: (i) the silicon-
controlled rectifier (SCR); (ii) the gate turn-off thyristor
(GTO) and its close relative the integrated gate commutated
thyristor (IGCT); (iii) the MOS-controlled thyristor (MCT)
and its various forms; and (iv) the static induction thyristor
(SITh). MCTs are so-named because many parallel enhance-
ment mode, MOSFET structures of one charge type are
integrated into the thyristor for turn-on and many more MOS-
FETs of the other charge type are integrated into the thyristor
for turn-off. A SITh or field-controlled thyristor (FCTh), has
essentially the same construction as a power diode with a
gate structure that can pinch-off anode current flow. Although
MCTs, derivative forms of the MCT and SIThs have the advan-
tage of being essentially voltage-controlled devices (i.e. little
control current is required for turn-on or turn-off, and there-
fore require simplified control circuits attached to the gate
electrode), they are currently only found in niche applications
such as pulse power. Detailed discussion of variations of MCTs
and SIThs, as well as additional references on these devices are
discussed by Hudgins in [1]. Other types of thyristors include
the Triac (a pair of anti-parallel SCRs integrated together to
form a bi-directional current switch) and the programmable
unijunction transistor (PUT).

The SCRs and GTOs are designed to operate at all power
levels. These devices are primarily controlled using electrical

A. Bryant et al.

signals (current), though some types are made to be controlled
using optical energy (photons) for turn-on. Subclasses of SCRs
and GTOs are reverse conducting types and symmetric struc-
tures that block applied potentials in the reverse and forward
polarities. Other variations of GTOs are the gate-commutated
turn-off thyristor (GCT), commonly available as the IGCT,
and the bi-directional controlled thyristor (BCT). Most power
converter circuits incorporating thyristors make use of SCRs,
GTOs, or IGCTs, and hence the chapter will focus on these
devices, though the basics of operation are applicable to all
thyristor types.

All power electronic devices must be derated (e.g. power
dissipation levels, current conduction, voltage blocking, and
switching frequency must be reduced), when operating above
room temperature (defined as approximately 25°C). Bipolar-
type devices have thermal runaway problems, in that if allowed
to conduct unlimited current, these devices will heat up inter-
nally causing more current to flow, thus generating more
heat, and so forth until destruction. Devices that exhibit this
behavior are pin diodes, bipolar transistors, and thyristors.

Almost all power semiconductor devices are made from sil-
icon (Si). Research and development continues in developing
other types of devices in silicon carbide (SiC), gallium nitride
(GaN), and related material systems. However, the physical
description and general behavior of thyristors is unimportant
to the semiconductor material system used, though the discus-
sion and any numbers cited in the chapter will be associated
with Si devices.

6.2 Basic Structure and Operation

Figure 6.1 shows a conceptual view of a typical thyristor with
the three p—n junctions and the external electrodes labeled.
Also shown in the figure is the thyristor circuit symbol used in
electrical schematics.

Anode(A)
A

p-emitter p

J1
n-base n-

J2 G
p-base p

J3 K
n-emitter n*

Cathode (K) Gate (G)

FIGURE 6.1 Simple cross section of a typical thyristor and the associ-
ated electrical schematic symbols.
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A high-resistivity region, n-base, is present in all thyristors. It
is this region, the n-base and associated junction, J, of Fig. 6.1,
which must support the large applied forward voltages that
occur when the switch is in its off- or forward-blocking state
(non-conducting). The n-base is typically doped with impurity
phosphorous atoms at a concentration of 10!® to 10!* cm™3.
The n-base can be tens to hundreds of micrometer thick to sup-
port large voltages. High-voltage thyristors are generally made
by diffusing aluminum or gallium into both surfaces to cre-
ate p-doped regions forming deep junctions with the n-base.
The doping profile of the p-regions ranges from about 10'° to
1017 cm™3. These p-regions can be up to tens of micrometer
thick. The cathode region (typically only a few micrometer
thick) is formed by using phosphorous atoms at a doping
density of 10'7 to 10'® cm 3.

The higher the forward-blocking voltage rating of the thyris-
tor, the thicker the n-base region must be. However, increasing
the thickness of this high-resistivity region results in slower
turn-on and turn-off (i.e. longer switching times and/or lower
frequency of switching cycles because of more stored charge
during conduction). For example, a device rated for a forward-
blocking voltage of 1kV will, by its physical construction,
switch much more slowly than one rated for 100 V. In addi-
tion, the thicker high-resistivity region of the 1kV device will
cause a larger forward voltage drop during conduction than
the 100V device carrying the same current. Impurity atoms,
such as platinum or gold, or electron irradiation are used to
create charge-carrier recombination sites in the thyristor. The
large number of recombination sites reduces the mean carrier
lifetime (average time that an electron or hole moves through
the Si before recombining with its opposite charge-carrier
type). A reduced carrier lifetime shortens the switching times
(in particular the turn-off or recovery time) at the expense
of increasing the forward-conduction drop. There are other
effects associated with the relative thickness and layout of
the various regions that make up modern thyristors, but the
major tradeoff between forward-blocking voltage rating and
switching times, and between forward-blocking voltage rat-
ing and forward-voltage drop during conduction should be
kept in mind. (In signal-level electronics an analogous trade-
off appears as a lowering of amplification (gain) to achieve
higher operating frequencies, and is often referred to as the
gain-bandwidth product.)

Operation of thyristors is as follows. When a positive voltage
is applied to the anode (with respect to cathode), the thyristor
is in its forward-blocking state. The center junction, J, (see
Fig. 6.1) is reverse biased. In this operating mode the gate
current is held to zero (open circuit). In practice, the gate
electrode is biased to a small negative voltage (with respect
to the cathode) to reverse bias the GK-junction J3 and prevent
charge-carriers from being injected into the p-base. In this con-
dition only thermally generated leakage current flows through
the device and can often be approximated as zero in value (the
actual value of the leakage current is typically many orders of
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magnitude lower than the conducted current in the on-state).
As long as the forward applied voltage does not exceed the
value necessary to cause excessive carrier multiplication in the
depletion region around J, (avalanche breakdown), the thyris-
tor remains in an off-state (forward-blocking). If the applied
voltage exceeds the maximum forward-blocking voltage of the
thyristor, it will switch to its on-state. However, this mode of
turn-on causes non-uniformity in the current flow, is generally
destructive, and should be avoided.

When a positive gate current is injected into the device,
J3 becomes forward biased and electrons are injected from
the n-emitter into the p-base. Some of these electrons diffuse
across the p-base and get collected in the n-base. This collected
charge causes a change in the bias condition of J;. The change
in bias of J; causes holes to be injected from the p-emitter
into the n-base. These holes diffuse across the n-base and are
collected in the p-base. The addition of these collected holes in
the p-base acts the same as gate current. The entire process is
regenerative and will cause the increase in charge carriers until
J also becomes forward biased and the thyristor is latched in
its on-state (forward-conduction). The regenerative action will
take place as long as the gate current is applied in sufficient
amount and for a sufficient length of time. This mode of turn-
on is considered to be the desired one as it is controlled by the
gate signal.

This switching behavior can also be explained in terms of
the two-transistor analog shown in Fig. 6.2. The two transistors
are regeneratively coupled so that if the sum of their forward
current gains (a’s) exceeds unity, each drives the other into
saturation. Equation 6.1 describes the condition necessary for
the thyristor to move from a forward-blocking state into the
forward-conduction state. The forward current gain (expressed
as the ratio of collector current to emitter current) of the pnp
transistor is denoted by a), and that of the npn as a,. The
o’s are current dependent and increase slightly as the current
increases. The center junction J, is reverse biased under for-
ward applied voltage (positive, vax). The associated electric
field in the depletion region around the junction can result
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FIGURE 6.2 Two-transistor behavioral model of a thyristor.
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in significant carrier multiplication, denoted as a multiplying
factor M on the current components, I, and ig.

i = Ml + Mayic 6.1)
1 — M(a, +ap)
In the forward-blocking state, the leakage current I, is small,
both «’s are small, and their sum is less than unity. Gate cur-
rent increases the current in both transistors, increasing their
a’s. Collector current in the npn transistor acts as base cur-
rent for the pnp, and analogously, the collector current of the
pnp acts as base current driving the npn transistor. When the
sum of the two o’s equals unity, the thyristor switches to its
on-state (latches). This condition can also be reached, without
any gate current, by increasing the forward applied voltage so
that carrier multiplication (M >> 1) at J, increases the inter-
nal leakage current, thus increasing the two o’s. A third way to
increase the o’s exists by increasing the device (junction) tem-
perature. Increasing the temperature causes a corresponding
increase in the leakage current I, to the point where latch-
ing can occur. The typical manifestation of this temperature
dependence is to cause an effective lowering of the maximum
blocking voltage that can be sustained by the thyristor.
Another way to cause a thyristor to switch from forward-
blocking to forward-conduction exists. Under a forward
applied voltage, ], is reverse biased while the other two junc-
tions are forward-biased in the blocking mode. The reverse-
biased junction of ], is the dominant capacitance of the three
and determines the displacement current that flows. If the
rate of increase in the applied vax (dvax/dt) is sufficient, it
will cause a significant displacement current through the J,
capacitance. This displacement current can initiate switching
similar to an externally applied gate current. This dynamic
phenomenon is inherent in all thyristors and causes there to
be a limit (dv/dt) to the time rate of applied v4x that can be
placed on the device to avoid uncontrolled switching. Alter-
ations to the basic thyristor structure can be produced that
increase the dv/dt limit and will be discussed in Section 6.4.
Once the thyristor has moved into forward-conduction, any
applied gate current is superfluous. The thyristor is latched
and, for SCRs, cannot be returned to a blocking mode by
using the gate terminal. Anode current must be commutated
away from the SCR for a sufficient time to allow stored charge
in the device to recombine. Only after this recovery time
has occurred, can a forward voltage be reapplied (below the
dv/dt limit of course) and the SCR again be operated in a
forward-blocking mode. If the forward voltage is reapplied
before sufficient recovery time has elapsed, the SCR will move
back into forward-conduction. For GTOs and IGCTs, a large
applied reverse gate current (typically in the range of 10-50%
of the anode current for GTOs, and 100% of the anode current
for IGCTs) applied for a sufficient time can remove enough
charge near the GK junction to cause it to turn-off. This inter-
rupts the base current to the pnp transistor, leaving the pnp
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open-base, causing thyristor turn-off. This is similar in princi-

ple to use negative base current to quickly turn-off a traditional
bipolar transistor.

6.3 Static Characteristics

6.3.1 Current-Voltage Curves for Thyristors

A plot of the anode current (iy) as a function of anode-
cathode voltage (vax) is shown in Fig. 6.3. The forward-
blocking mode is shown as the low-current portion of the
graph (solid curve around operating point “1”). With zero gate
current and positive v4g, the forward characteristic in the off-
or blocking-state is determined by the center junction J,, which
is reverse biased. At operating point “1” very little current flows
(I, only) through the device. However, if the applied voltage
exceeds the forward-blocking voltage, the thyristor switches
to its on- or conducting-state (shown as operating point “2”)
because of carrier multiplication (M in Eq. (6.1)). The effect of
gate current is to lower the blocking voltage at which switching
takes place. The thyristor moves rapidly along the negatively-
sloped portion of the curve until it reaches a stable operating
point determined by the external circuit (point “2”). The por-
tion of the graph indicating forward-conduction shows the
large values of i4 that may be conducted at relatively low values
of v4xk, similar to a power diode.

As the thyristor moves from forward-blocking to forward-
conduction, the external circuit must allow sufficient anode
current to flow to keep the device latched. The minimum
anode current that will cause the device to remain in forward-
conduction as it switches from forward-blocking is called the

FIGURE 6.3 Static characteristic i—v curve typical of thyristors.
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latching current Ir. If the thyristor is already in forward-
conduction and the anode current is reduced, the device can
move its operating mode from forward-conduction back to
forward-blocking. The minimum value of anode current nec-
essary to keep the device in forward-conduction after it has
been operating at a high anode current value is called the
holding current Iy. The holding current value is lower than
the latching current value as indicated in Fig. 6.3.

The reverse thyristor characteristic, quadrant III of Fig. 6.3,
is determined by the outer two junctions (J; and J3), which
are reverse biased in this operating mode (applied vak is neg-
ative). Symmetric thyristors are designed so that J; will reach
reverse breakdown due to carrier multiplication at an applied
reverse potential near the forward breakdown value (operating
point “3” in Fig. 6.3). The forward- and reverse-blocking junc-
tions are usually fabricated at the same time with a very long
diffusion process (10-50h) at high temperatures (>1200°C).
This process produces symmetric blocking properties. Wafer
edge termination processing causes the forward-blocking capa-
bility to be reduced to about 90% of the reverse-blocking
capability. Edge termination is discussed below. Asymmetric
devices are made to optimize forward-conduction and turn-
off properties, and as such reach reverse breakdown at a lower
voltage than that applied in the forward direction. This is
accomplished by designing the asymmetric thyristor with a
much thinner n-base than is used in symmetric structures. The
thin n-base leads to improved properties such as lower for-
ward drop and shorter switching times. Asymmetric devices
are generally used in applications when only forward volt-
ages (positive, v4x ) are to be applied (including many inverter
designs).

The form of the gate-to-cathode i—v characteristic of SCRs,
GTOs and IGCTs is similar to that of a diode. With positive gate
bias, the gate—cathode junction is forward biased and permits
the flow of a large current in the presence of a low voltage
drop. When negative gate voltage is applied to an SCR, the
gate—cathode junction is reverse biased and prevents the flow
of current until the avalanche breakdown voltage is reached. In
a GTO or IGCT, a negative gate voltage is applied to provide
a low impedance path for anode current to flow out of the
device instead of out the cathode. In this way the cathode
region (base—emitter junction of the equivalent npn transistor)
turns off, thus pulling the equivalent npn transistor out of
conduction. This causes the entire thyristor to return to its
blocking state. The problem with the GTO and IGCT is that
the gate-drive circuitry is typically required to sink 10-50%
(for the GTO) or 100% (for the IGCT) of the anode current
to achieve turn-off.

6.3.2 Edge and Surface Terminations

Thyristors are often made with planar diffusion technol-
ogy to create the cathode region. Formation of these
regions creates cylindrical curvature of the metallurgical
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gate—cathode junction. Under reverse bias, the curvature of
the associated depletion region results in electric field crowd-
ing along the curved section of the p™ diffused region. The field
crowding seriously reduces the breakdown potential below that
expected for the bulk semiconductor. A floating field ring, an
extra p diffused region with no electrical connection at the sur-
face, is often added to modify the electric field profile and thus
reduce it to a value below or at the field strength in the bulk. An
illustration of a single floating field ring is shown in Fig. 6.4.
The spacing, W, between the main anode region and the field
ring is critical. Multiple rings can also be employed to further
modify the electric field in high-voltage rated thyristors.

Another common method for altering the electric field at
the surface is by using a field plate as shown in cross section
in Fig. 6.5. By forcing the potential over the oxide to be the
same as at the surface of the p™ region, the depletion region
can be extended so that the electric field intensity is reduced
near the curved portion of the diffused p* region. A common
practice is to use field plates with floating field rings to obtain
optimum breakdown performance.

High-voltage thyristors are made from single wafers of Si
and must have edge terminations other than floating field
rings or field plates to promote bulk breakdown and limit

FIGURE 6.4 Cross section showing a floating field ring to decrease the
electric field intensity near the curved portion of the main anode region
(left-most p* region).

—_— e

FIGURE 6.5 Cross section showing a field plate used to reduce the
electric field intensity near the curved portion of the p™-region (anode).
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p

FIGURE 6.6 Cross section of a thyristor showing the negative bevel
(upper p-n~ and p-n' junctions) and positive bevel (lower p—n~
junction) used for edge termination of large-area devices.

leakage current at the surface. Controlled bevel angles can be
created using lapping and polishing techniques during pro-
duction of large-area thyristors. Two types of bevel junctions
can be created: (i) a positive bevel defined as one in which the
junction area decreases when moving from the highly-doped
to the lightly-doped side of the depletion region and (ii) a neg-
ative bevel defined as one in which the junction area increases
when moving from the highly-doped to the lightly-doped side
of the depletion region. In practice, the negative bevel must
be lapped at an extremely shallow angle to reduce the surface
field below the field intensity in the bulk. All positive bevel
angles between 0 and 90° result in a lower surface field than
in the bulk. Figure 6.6 shows the use of a positive bevel for
the J; junction and a shallow negative bevel for the J, and J3
junctions on a thyristor cross section to make maximum use of
the Si area for conduction and still reduce the surface electric
field. Further details of the use of beveling, field plates, and
field rings can be found in Ghandi [2] and Baliga [3].

6.3.3 Packaging

Thyristors are available in a wide variety of packages, from
small plastic ones for low-power (i.e. TO-247), to stud-mount
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packages for medium-power, to press-pack (also called flat-
pack) for the highest power devices. The press-packs must
be mounted under pressure to obtain proper electrical and
thermal contact between the device and the external metal
electrodes. Special force-calibrated clamps are made for this
purpose. Large-area thyristors cannot be directly attached to
the large copper pole piece of the press-pack because of the
difference in the coefficient of thermal expansion (CTE), hence
the use of a pressure contact for both anode and cathode.
Figure 6.7 shows typical thyristor stud-mount and press-pack
packages.

Many medium power thyristors are appearing in mod-
ules where a half- or full-bridge (and associated anti-parallel
diodes) is put together in one package. A power module
package should have five characteristics:

i) electrical isolation of the baseplate from the semicon-
ductor;
ii) good thermal performance;
iii) good electrical performance;
iv) long life/high reliability; and

v) low cost.

Electrical isolation of the baseplate from the semiconductor
is necessary in order to contain both halves of a phase leg in
one package as well as for convenience (modules switching
different phases can be mounted on one heatsink) and safety
(heatsinks can be held at ground potential).

Thermal performance is measured by the maximum tem-
perature rise in the Si die at a given power dissipation level
with a fixed heat sink temperature. The lower the die temper-
ature, the better the package. A package with a low thermal
resistance from junction-to-sink can operate at higher power
densities for the same temperature rise or lower temperatures
for the same power dissipation than a more thermally resistive
package. While maintaining low device temperature is gener-
ally preferable, temperature variation affects majority carrier
and bipolar devices differently. Roughly speaking, in a bipo-
lar device such as a thyristor, switching losses increase and

FIGURE 6.7 Examples of thyristor packaging:

stud-mount (left) and press-pack/capsule (right).
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TABLE 6.1 Thermal conductivity of thyristor package materials
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TABLE 6.2 CTE for thyristor package materials

Material Thermal conductivity
(W/m-K) at 300 K

Silicon 150

Copper (baseplate and pole pieces) 390-400

AIN substrate 170

AlyO3 (Alumina) 28

Aluminum (Al) 220

Tungsten (W) 167

Molybdenum (Mo) 138

Metal matrix composites (MMC) 170

Thermal grease (heatsink compound) 0.75

60/40 solder (Pb/Sn eutectic) 50

95/5 solder (Pb/Sn high temperature) 35

conduction losses decrease with increasing temperature. In a
majority carrier device, such as a MOSFET, conduction losses
increase with increasing temperature. The thermal conductiv-
ity of typical materials used in thyristor packages is shown in
Table 6.1.

Electrical performance refers primarily to the stray induc-
tance in series with the die, as well as the capability of
mounting a low-inductance bus to the terminals. Another
problem is the minimization of capacitive cross-talk from one
switch to another, which can cause an abnormal on-state con-
dition by charging the gate of an off-state switch, or from a
switch to any circuitry in the package (as would be found in
a hybrid power module). Capacitive coupling is a major cause
of electromagnetic interference (EMI). As the stray inductance
of the module and the bus sets a minimum switching loss
for the device — because the switch must absorb the stored
inductive energy — it is very important to minimize induc-
tance within the module. Reducing the parasitic inductance
reduces the high-frequency ringing during transients that is
another cause of radiated electromagnetic interference. Since
stray inductance can cause large peak voltages during switching
transients, minimizing it helps to maintain the device within
its safe area of operation.

Long life and high reliability are primarily attained through
minimization of thermal cycling, minimization of ambient
temperature, and proper design of the transistor stack. Ther-
mal cycling fatigues material interfaces because of coefficient of
thermal expansion (CTE) mismatch between dissimilar mate-
rials. As the materials undergo temperature variation, they
expand and contract at different rates which stresses the inter-
face between the layers and can cause interface deterioration
(e.g. cracking of solder layers or wire debonding). Chemical
degradation processes such as dendrite growth and impu-
rity migration are accelerated with increasing temperature, so
keeping the absolute temperature of the device low, as well as
minimizing the temperature changes to which it is subjected is
important. Typical CTE values for common package materials
are given in Table 6.2.

Material CTE (\wm/m-K) at 300 K
Silicon 4.1

Copper (baseplate and pole pieces) 17

AIN substrate 45

Al O3 (Alumina) 6.5

Tungsten (W) 4.6

Molybdenum (Mo) 4.9

Aluminum (Al) 23

Metal matrix composites (MMC) 5-20

60/40 solder (Pb/Sn eutectic) 25

Low cost is achieved in a variety of ways. Both man-
ufacturing and material costs must be taken into account
when designing a power module. Materials that are difficult
to machine or process, even if they are relatively cheap in
raw form (molybdenum, for example), should be avoided.
Manufacturing processes that lower yield also drive up costs.
In addition, a part that is very reliable can reduce future costs
by reducing the need for repair and replacement.

The basic half-bridge module has three power terminals:
plus, minus and phase. Advanced modules differ from tradi-
tional high power commercial modules in several ways. The
baseplate is metallized aluminum nitride (AIN) ceramic rather
than the typical 0.125” thick nickel-plated copper baseplate
with a soldered metallized ceramic substrate for electrical isola-
tion. This AIN baseplate stack provides a low thermal resistance
from die to heatsink. The copper terminal power busses are
attached by solder to the devices in a wirebond-free, low-
inductance, low-resistance, device interconnect configuration.
The balance of the assembly is typical for module manufactur-
ing with attachment of shells, use of dielectric gels, and hard
epoxies and adhesive to seal the finished module. Details of
the thermal performance of modules and advanced modules
can be found in Beker et al. [4] and Godbold et al. [5].

6.4 Dynamic Switching Characteristics

The time rate of rise of anode current (di/dt) during turn-on
and the time rate of rise of anode—cathode voltage (dv/dt) dur-
ing turn-off are important parameters to control for ensuring
proper and reliable operation. All thyristors have maximum
limits for di/dt and dv/dt that must not be exceeded. Devices
capable of conducting large currents in the on-state, are neces-
sarily made with large surface areas through which the current
flows. During turn-on, localized areas of a device (near the
gate region) begin to conduct current. The initial turn-on of
an SCR is shown in Fig. 6.8. The cross section illustrates how
injected gate current flows to the nearest cathode region, caus-
ing this portion of the npn transistor to begin conducting. The
pnp transistor then follows the npn into conduction such that
anode current begins flowing only in a small portion of the
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FIGURE 6.8 Top view and associated cross section of gate—cathode
periphery showing initial turn-on region in a center-fired thyristor.

cathode region. If the local current density becomes too large
(in excess of several thousand amperes per square centime-
ter), then self-heating will damage the device. Sufficient time
(referred to as plasma spreading time) must be allowed for
the entire cathode area to begin conducting before the local-
ized currents become too high. This phenomenon results in a
maximum allowable rate of rise of anode current in a thyris-
tor and is referred to as a di/dt limit. In many high-frequency
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applications, the entire cathode region is never fully in con-
duction. Prevention of di/dt failure can be accomplished if the
rate of increase of conduction area exceeds the di/dt rate such
that the internal junction temperature does not exceed a speci-
fied critical temperature (typically approximately 350°C). This
critical temperature decreases as the blocking voltage increases.
Adding series inductance to the thyristor to limit di/dt below
its maximum usually causes circuit design problems.

Another way to increase the di/dt rating of a device is to
increase the amount of gate—cathode periphery. Inverter SCRs
(so-named because of their use in high-frequency power con-
verter circuits that convert dc to ac, i.e. invert) are designed
so that there is a large amount of gate edge adjacent to a
significant amount of cathode edge. A top surface view of
two typical gate—cathode patterns, found in large thyristors,
is shown in Fig. 6.9. An inverter SCR often has a stated max-
imum di/dt limit of approximately 2000 A/ps. This value has
been shown to be conservative [6], and by using excessive gate
current under certain operating conditions, an inverter SCR
can be operated reliably at 10,000 A/jts—20,000 A/jvs.

A GTO takes the interdigitation of the gate and cathode to
the extreme (Fig. 6.9, left). In Fig. 6.10 a cross section of a
GTO shows the amount of interdigitation. A GTO often has
cathode islands that are formed by etching the Si. A metal plate
can be placed on the top to connect the individual cathodes
into a large arrangement of electrically parallel cathodes. The
gate metallization is placed so that the gate surrounding each
cathode is electrically in parallel as well. This construction not
only allows high di/dt values to be reached, as in an inverter
SCR, but also provides the capability to turn-off the anode
current by shunting it away from the individual cathodes and
out of the gate electrode upon reverse biasing of the gate.
During turn-off, current is decreasing while voltage across the
device is increasing. If the forward voltage becomes too high
while sufficient current is still flowing, then the device will
drop back into its conduction mode instead of completing its
turn-off cycle. Also, during turn-off, the power dissipation can

FIGURE 6.9 Top view of typical interdigitated gate—cathode patterns used for thyristors.
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FIGURE 6.10 Cross section of a GTO showing the cathode islands and
interdigitation with the gate (p-base).

become excessive if the current and voltage are simultaneously
too large. Both of these turn-off problems can damage the
device as well as other portions of the circuit.

Another switching problem that occurs is associated pri-
marily with thyristors, though other power electronic devices
suffer some degradation of performance from the same prob-
lem. This problem is that thyristors can self-trigger into a
forward-conduction mode from a forward-blocking mode if
the rate of rise of forward anode—cathode voltage is too large.
This triggering method is due to displacement current through
the associated junction capacitances (the capacitance at J,
dominates because it is reverse biased under forward applied
voltage). The displacement current contributes to the leakage
current I, shown in Eq. (6.1). The SCRs, GTOs and IGCTs,
therefore, have a maximum dv/dt rating that should not be
exceeded (typical values are 100—1000V/ps). Switching into
a reverse-conducting from a reverse-blocking state, due to an
applied reverse dv/dt, is not possible because the values of the
reverse «’s of the equivalent transistors can never be made
large enough to cause the necessary feedback (latching) effect.
An external capacitor is often placed between the anode and
cathode of the thyristor to help control the dv/dt experienced.
Capacitors and other components that are used to form such
protection circuits, known as snubbers, may be found in all
power semiconductor devices.

6.4.1 Cathode Shorts

As the temperature in the thyristor increases above 25°C,
the minority carrier lifetime and the corresponding diffusion
lengths in the n- and p-bases increase. This leads to an increase
in the o’s of the equivalent transistors. Discussion of the details
of the minority carrier diffusion length and its role in deter-
mining the current gain factor @ can be found in Sze [7].
Referring to Eq. (6.1), it is seen that a lower applied bias
will give a carrier multiplication factor M sufficient to switch
the device from forward-blocking into conduction, because of
this increase of the o’s with increasing temperature. Placing a
shunt resistor in parallel with the base—emitter junction of the
equivalent npn transistor (shown in Fig. 6.11) will result in an
effective current gain, Aneff> that is lower than «,, as given by
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FIGURE 6.11 Two-transistor equivalent circuit showing the addition of
a resistive shunt path for anode current.
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FIGURE 6.12 Cross section showing cathode shorts and the resulting

resistive shunt path for anode current.

Eq. (6.2), where vk is the applied gate—cathode voltage, R; is
the equivalent lumped value for the distributed current shunt-
ing structure, and the remaining factors form the appropriate
current factor based on the applied bias and characteristics of
the gate—cathode junction. The shunt current path is imple-
mented by providing intermittent shorts, called cathode shorts,
between the p-base (gate) region and the n™ -emitter (cathode)
region in the thyristor as illustrated in Fig. 6.12. The lumped
shunt resistance value is in the range of 1-15 Q2 as measured
from gate to cathode.

1
neff — %n " 6.2
neff = & <1 + (vgxan)/ (Rsig exp(quK/kT))> (6.2)

Low values of anode current (e.g. those associated with an
increase in temperature under forward-blocking conditions)
will flow through the shunt path to the cathode contact,
bypassing the n'-emitter and keeping the device out of its
forward-conduction mode. As the anode current becomes
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large, the potential drop across the shunt resistance will be suf-
ficient to forward bias the gate—cathode junction, J3, and bring
the thyristor into forward-conduction. The cathode shorts
also provide a path for displacement current to flow with-
out forward biasing J3. The dv/dt rating of the thyristor is
thus improved as well as the forward-blocking characteristics
by using cathode shorts. However, the shorts do cause a low-
ering of cathode current handling capability because of the
loss of some of the cathode area (n*-region) to the shorting
pattern, an increase in the necessary gate current to obtain
switching from forward-blocking to forward-conduction, and
an increase in complexity of manufacturing of the thyristor.
The loss of cathode area due to the shorting-structure is from
5 to 20%, depending on the type of thyristor. By careful
design of the cathode short windows to the p-base, the hold-
ing current can be made lower than the latching current. This
is important so that the thyristor will remain in forward-
conduction when used with varying load impedances.

6.4.2 Anode Shorts

A further increase in forward-blocking capability can be
obtained by introducing anode shorts in addition to the cath-
ode shorts. This reduces « in a similar manner that cathode
shorts reduce «,. An illustration of this is provided in Fig. 6.13.
In this structure both J; and J3 are shorted (anode and cathode
shorts), so that the forward-blocking capability of the thyristor
is completely determined by the avalanche breakdown charac-
teristics of J,. Anode shorts will result in the complete loss of
reverse-blocking capability and is only suitable for thyristors
used in asymmetric circuit applications.

Shorted cathode Gate
n+ n+
n
n+ region

—— A pt bt P pt L pt
V7777777777777

Shorted anode

FIGURE 6.13 Cross section showing integrated cathode and anode
shorts.

6.4.3 Amplifying Gate

The cathode-shorting structure will reduce the gate sensitiv-
ity dramatically. To increase this sensitivity and yet retain the
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FIGURE 6.14 Cross section showing the amplifying gate structure in a
thyristor.

benefits of the cathode-shorts, a structure called an amplify-
ing gate (or regenerative gate) is used, as shown in Fig. 6.14
(and Fig. 6.9, right). When the gate current (1) is injected
into the p-base through the pilot-gate contact, electrons are
injected into the p-base by the n™-emitter with a given emit-
ter injection efficiency. These electrons traverse through the
p-base (the time taken for this process is called the transit
time) and accumulate near the depletion region. This nega-
tive charge accumulation leads to injection of holes from the
anode. The device then turns on after a certain delay, dic-
tated by the p-base transit time, and the pilot anode current
(2) begins to flow through a small region near the pilot-gate
contact as shown in Fig. 6.14.

This flow of pilot anode current corresponds to the initial
sharp rise in the anode current waveform (phase I), as shown in
Fig. 6.15. The device switching then goes into phase II, during
which the anode current remains fairly constant, suggesting
that the resistance of the region has reached its lower limit.
This is due to the fact that the pilot anode current (2) takes a
finite time to traverse through the p-base laterally and become
the gate current for the main cathode area. The n™-emitters
start to inject electrons which traverse the p-base vertically and
after a certain finite time (transit time of the p-base) reach the
depletion region. The total time taken by the lateral traversal
of pilot anode current and the electron transit time across the
p-base is the reason for observing this characteristic phase 1I
interval. The width of the phase II interval is comparable to the
switching delay, suggesting that the p-base transit time is of pri-
mary importance. Once the main cathode region turns on, the
resistance of the device decreases and the anode current begins
to rise again (transition from phase II to III). From this time
onward in the switching cycle, the plasma spreading velocity
will dictate the rate at which the conduction area will increase.
The current density during phase I and II can be quite large,
leading to a considerable increase in the local temperature and
device failure. The detailed effect of the amplifying gate on
the anode current rise will only be noticed at high levels of
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FIGURE 6.15 Turn-on waveforms showing the effect of the amplifying
gate in the anode current rise.

di/dt (in the range of 1000 A/ps), shown in Fig. 6.15. It can be
concluded that the amplifying gate will increase gate sensitiv-
ity at the expense of some di/dt capability, as demonstrated by
Sankaran [8]. This lowering of di/dt capability can be some-
what off-set by an increase in gate—cathode interdigitation as
previously discussed.

6.4.4 Temperature Dependencies

The forward-blocking voltage of an SCR has been shown to be
reduced from 1350V at 25°C to 950V at —175°C in a near lin-
ear fashion [8]. Above 25°C, the forward-blocking capability is
again reduced, due to changes in the minority carrier lifetime
which cause the leakage current to increase and the associ-
ated breakover voltage to decrease. Several dominant physical
parameters associated with semiconductor devices are sensi-
tive to temperature variations, causing their dependent device
characteristics to change dramatically. The most important of
these parameters are: (i) the minority carrier lifetimes (which
control the high-level injection lifetimes); (ii) the hole and
electron mobilities; (iii) the impact ionization collision cross
sections; and (iv) the free-carrier concentrations (primarily
the ionized impurity-atom concentration). Almost all of the
impurity atoms are ionized at temperatures above 0°C, and
so further discussion of the temperature effects on ioniza-
tion is not relevant for normal operation. As the temperature
increases above 25°C, the following trends are observed: the
carrier lifetimes increase, giving longer recovery times and
greater switching losses; the carrier mobilities are reduced,
increasing the on-state voltage drop; and at very high temper-
atures, the intrinsic carrier concentration becomes sufficiently
high that the depletion layer will not form and the device can-
not switch off. A more detailed discussion of these physical
parameters is beyond the scope of this article, but references
are listed for those persons interested in pursuing relevant
information about temperature effects.
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FIGURE 6.16 Temperature effect on the anode current tail during
turn-off.

It is well known that charge carrier recombination events
are more efficient at lower temperatures. This shows up as a
larger potential drop during forward-conduction and a shorter
recovery time during turn-off. A plot of the anode current
during turn-off, at various temperatures, for a typical GTO is
shown in Fig. 6.16.

An approximate relation between the temperature and the
forward drop across the n-base of a thyristor is discussed in
detail by Herlet [10] and Hudgins et al. [11]. Temperature
dependent equations relating the anode current density, J4 and
the applied anode—cathode voltage Vak are also given in Ref-
erence [11]; these include the junction potential drops in the
device, the temperature dependence of the bandgap energy,
and the n-base potential drop. Data from measurements at
forward current densities of approximately 100 A/cm? on a
GTO rated for 1 kV symmetric blocking gives forward voltage
drops of 1.7V at —-50°C and 1.8 V at 150°C.

6.5 Thyristor Parameters

Understanding of a thyristor’s maximum ratings and electri-
cal characteristics is required for proper application. Use of
a manufacturer’s data sheet is essential for good design prac-
tice. Ratings are maximum or minimum values that set limits
on device capability. A measure of device performance under
specified operating conditions is a characteristic of the device.
A summary of some of the maximum ratings which must be
considered when choosing a thyristor for a given application
is provided in Table 6.3. Thyristor types shown in parenthe-
ses indicate a maximum rating unique to that device. Both
forward and reverse repetitive and non-repetitive voltage rat-
ings must be considered, and a properly rated device must
be chosen so that the maximum voltage ratings are never
exceeded. In most cases, either forward or reverse voltage
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TABLE 6.3 Thyristor maximum ratings specified by manufacturers

Symbol Description

VRRM Peak repetitive reverse voltage

VRsMm Peak non-repetitive reverse voltage (transient)

VR(DC) DC reverse blocking voltage

VDRM Peak repetitive forward off-state voltage

Vpsm Peak non-repetitive forward off-state voltage
(transient)

Vp(pe) DC forward-blocking voltage

I7(rRMS)> IF(RMS)
Ir(AV), Ig(ay)

Itsams Tr(Tsm

RMS forward on-state current

Average forward on-state current at specified
case or junction temperature

Peak one-cycle surge on-state current (values
specified at 60 and 50 Hz)

ItGq (GTO) Peak controllable current

I*t Non-repetitive pulse overcurrent capability
(t = 8.3 ms for a 60 Hz half cycle)

Pr Maximum power dissipation

di/dt Critical rate of rise of on-state current at

Poyv (Pegy for GTO)

specified junction temperature, gate current
and forward-blocking voltage

Peak gate power dissipation (forward)

Prgm (GTO) Peak gate power dissipation (reverse)
Pgav) Average gate power dissipation
VEGM Peak forward gate voltage

VRGM Peak reverse gate voltage

IrGMm Peak forward gate current

Irgm (GTO) Peak reverse gate current

TstG Storage temperature

T; Junction operating temperature
VRMS Voltage isolation (modules)

transients in excess of the non-repetitive maximum ratings
result in destruction of the device. The maximum root mean
square (RMS) or average current ratings given are usually those
which cause the junction to reach its maximum rated temper-
ature. Because the maximum current will depend upon the
current waveform and upon thermal conditions external to
the device, the rating is usually shown as a function of case
temperature and conduction angle. The peak single half-cycle
surge-current rating must be considered, and in applications
where the thyristor must be protected from damage by over-
loads, a fuse with an Pt rating smaller than the maximum
rated value for the device must be used. Maximum ratings for
both forward and reverse gate voltage, current and power also
must not be exceeded.

The maximum rated operating junction temperature T
must not be exceeded, since device performance, in particular
voltage-blocking capability, will be degraded. Junction tem-
perature cannot be measured directly but must be calculated
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from a knowledge of steady-state thermal resistance Rg(j—c),
and the average power dissipation. For transients or surges,
the transient thermal impedance (Zg(;_c)) curve must be
used (provided in manufacturer’s data sheets). The maxi-
mum average power dissipation Pr is related to the maximum
rated operating junction temperature and the case tempera-
ture by the steady-state thermal resistance. In general, both
the maximum dissipation and its derating with increasing case
temperature are provided.

The number and type of thyristor characteristics specified
varies widely from one manufacturer to another. Some charac-
teristics are given only as typical values of minima or maxima,
while many characteristics are displayed graphically. Table 6.4
summarizes some of the typical characteristics provided as
maximum values. The maximum value means that the man-
ufacturer guarantees that the device will not exceed the value
given under the specified operating or switching conditions. A
minimum value means that the manufacturer guarantees that
the device will perform at least, as well as the characteristic
given under the specified operating or switching conditions.
Thyristor types shown in parenthesis indicate a characteris-
tic unique to that device. Gate conditions of both voltage and
current to ensure either non-triggered or triggered device oper-
ation are included. The turn-on and turn-off transients of the
thyristor are characterized by switching times like the turn-off

TABLE 6.4 Typical thyristor characteristic maximum and minimum
values specified by manufacturers

Symbol Description

Vram, VEM Maximum on-state voltage drop(at specified
junction temperature and forward current)

IDRM Maximum forward off-state current (at specified
junction temperature and forward voltage)

1RRM Maximum reverse off-state current (at specified
junction temperature and reverse voltage)

dvldt Minimum critical rate of rise of off-state voltage at
specified junction temperature and
forward-blocking voltage level

Ver Maximum gate trigger voltage (at specified
temperature and forward applied voltage)

Vep, Vobum Maximum gate non-trigger voltage (at specified
temperature and forward applied voltage)

Igr Maximum gate trigger current (at specified
temperature and forward applied voltage)

Tgt (GTO) Maximum turn-on time (under specified switching
conditions)

Tq Maximum turn-off time (under specified switching
conditions)

tp Maximum turn-on delay time (for specified test)

Reg-c) Maximum junction-to-case thermal resistance

Re(c-s) Maximum case-to-sink thermal resistance (interface

lubricated)
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time listed in Table 6.4. The turn-on transient can be divided
into three intervals: (i) gate-delay interval; (ii) turn-on of ini-
tial area; and (iii) spreading interval. The gate-delay interval is
simply the time between application of a turn-on pulse at the
gate and the time the initial cathode area turns on. This delay
decreases with increasing gate drive current and is of the order
of a few microseconds. The second interval, the time required
for turn-on of the initial area, is quite short, typically less than
1 ps. In general, the initial area turned on is a small percent-
age of the total useful device area. After the initial area turns
on, conduction spreads (spreading interval or plasma spread-
ing time) throughout the device in tens of microseconds for
high-speed or thyristors. The plasma spreading time may take
up to hundreds of microseconds in large-area phase-control
devices.

Table 6.5 lists many of the thyristor parameters that appear
as listed values or as information on graphs. The definition of
each parameter and the test conditions under which they are
measured are given in the table as well.

6.6 Types of Thyristors

In recent years, most development effort has gone into con-
tinued integration of the gating and control electronics into
thyristor modules, and the use of MOS-technology to cre-
ate gate structures integrated into the thyristor itself. Many
variations of this theme are being developed and some tech-
nologies should rise above the others in the years to come.
Further details concerning most of the following discussion of
thyristor types can be found in [1].

6.6.1 SCRs and GTOs

The highest power handling devices continue to be bipolar
thyristors. High powered thyristors are large diameter devices,
some well in excess of 100 mm, and as such have a limita-
tion on the rate of rise of anode current, a di/dt rating. The
depletion capacitances around the p—n junctions, in particular
the center junction J5, limit the rate of rise in forward voltage
that can be applied even after all the stored charge, introduced
during conduction, is removed. The associated displacement
current under application of forward voltage during the thyris-
tor blocking state sets a dv/dt limit. Some effort in improving
the voltage hold-off capability and over-voltage protection
of conventional SCRs is underway by incorporating a lat-
eral high resistivity region to help dissipate the energy during
breakover. Most effort, though, is being placed in the further
development of high performance GTOs and IGCTs because of
their controllability and to a lesser extent in optically triggered
structures that feature gate circuit isolation.

High voltage GTOs with symmetric blocking capability
require thick n-base regions to support the high electric field.
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The addition of an #n+ buffer layer next to the p+-anode allows
high voltage forward-blocking and a low forward voltage drop
during conduction because of the thinner n-base required.
Cylindrical anode shorts have been incorporated to facilitate
excess carrier removal from the n-base during turn-off and still
retain the high blocking capability. This device structure can
control 200 A, operating at 900 Hz, with a 6 kV hold-off. Some
of the design tradeoff between the n-base width and turn-off
energy losses in these structures have been determined. A sim-
ilar GTO incorporating an n*-buffer layer and a pin structure
has been fabricated that can control up to 1kA (at a forward
drop of 4V) with a forward blocking capability of 8kV. A
reverse conducting GTO has been fabricated that can block
6kV in the forward direction, interrupt a peak current of 3 kA
and has a turn-off gain of about 5.

The IGCT is a modified GTO structure. It is designed and
manufactured so that it commutates all of the cathode current
away from the cathode region and diverts it out of the gate
contact. The IGCT is similar to a GTO in structure except that
it always has a low-loss n-buffer region between the n-base
and p-emitter. The IGCT device package is designed to result
in a very low parasitic inductance and is integrated with a
specially designed gate-drive circuit. The gate drive contains all
the necessary di/dt and dv/dt protection; the only connections
required are a low-voltage power supply for the gate drive and
an optical signal for controlling the gate. The specially designed
gate drive and ring-gate package circuit allows the IGCT to
be operated without a snubber circuit, and to switch with a
higher anode di/dt than a similar GTO. At blocking voltages
of 4.5kV and higher the IGCT provides better performance
than a conventional GTO. The speed at which the cathode
current is diverted to the gate (digq/dt) is directly related to
the peak snubberless turn-off capability of the IGCT. The gate
drive circuit can sink current for turn-off at digg/dt values
in excess of 7000 A/js. This hard gate drive results in a low
charge storage time of about 1 ps. The low storage time and
the fail-short mode makes the IGCT attractive for high-power,
high-voltage series applications; examples include high-power
converters in excess of 100 MVA, static vol-ampere reactive
(VAR) compensators and converters for distributed generation
such as wind power.

6.6.2 MOS-controlled Thyristors

The cross section of the p-type MCT unit cell is given in
Fig. 6.17. When the MCT is in its forward-blocking state and
a negative gate—anode voltage is applied, an inversion layer is
formed in the n-doped material that allows holes to flow lat-
erally from the p-emitter (p-channel FET source) through the
channel to the p-base (p-channel FET drain). This hole flow
is the base current for the npn transistor. The n-emitter then
injects electrons which are collected in the n-base, causing the
p-emitter to inject holes into the n-base so that the pnp tran-
sistor is turned on and latches the MCT. The MCT is brought
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TABLE 6.5 Symbols and definitions of major thyristor parameters

A. Bryant et al.

Ry Thermal resistance Specifies the degree of temperature rise per unit of power, measuring
junction temperature from a specified external point. Defined when
junction power dissipation results in steady-state thermal flow.

Ro(j—a) Junction-to-ambient thermal resistance The steady-state thermal resistance between the junction and ambient.

Ro(j—c) Junction-to-case thermal resistance

Ro(7—s) Junction-to-sink thermal resistance

Ro(c—s) Contact thermal resistance

Zy Transient thermal impedance

Zo(J—A) Junction-to-ambient transient thermal
impedance

Zo(j—C) Junction-to-case transient thermal impedance

Zo(7—S5) Junction-to-sink transient thermal impedance

Ta Ambient temperature

Ts Sink temperature

Tc Case temperature

Ty Junction temperature

TstG Storage temperature

VRRM Peak reverse blocking voltage

VRsMm Transient peak reverse-blocking voltage

Vr(pc) SCR only dc reverse-blocking voltage

VDRM Peak forward-blocking voltage

Vpsm Transient peak forward-blocking voltage

Vb(pe) dc forward-blocking voltage
dv/dt Critical rate of rise of off-state voltage
dvldt = (0.632Vp)/tVp is specified off-state
voltage 7 is time constant for exponential
Vv Peak on-state voltage

The steady-state thermal resistance between the junction and case surface.

The steady-state thermal resistance between the junction and the heatsink
mounting surface.

The steady-state thermal resistance between the surface of the case and the
heatsink mounting surface.

The change of temperature difference between two specified points or
regions at the end of a time interval divided by the step function
change in power dissipation at the beginning of the same interval
causing the change of temperature difference.

The transient thermal impedance between the junction and ambient.

The transient thermal impedance between the junction and the case
surface.

The transient thermal impedance between the junction and the heatsink
mounting surface.

It is the temperature of the surrounding atmosphere of a device when
natural or forced-air cooling is used, and is not influenced by heat
dissipation of the device.

The temperature at a specified point on the device heatsink.

The temperature at a specified point on the device case.

The device junction temperature rating. Specifies the maximum and
minimum allowable operation temperatures.

Specifies the maximum and minimum allowable storage temperatures
(with no electrical connections).

Within the rated junction temperature range, and with the gate terminal
open circuited, specifies the repetitive peak reverse anode to cathode
voltage applicable on each cycle.

Within the rated junction temperature range, and with the gate terminal
open circuited, specifies the non-repetitive peak reverse anode to
cathode voltage applicable for a time width equivalent to less than 5 ms.

Within the rated junction temperature range, and with the gate terminal
open-circuited, specifies the maximum value for dc anode to cathode
voltage applicable in the reverse direction.

Within the rated junction temperature range, and with the gate terminal
open circuited (SCR), or with a specified reverse voltage between the
gate and cathode (GTO), specifies the repetitive peak off-state anode to
cathode voltage applicable on each cycle. This does not apply for
transient off-state voltage application.

Within the rated junction temperature range, and with the gate terminal
open circuited (SCR), or with a specified reverse voltage between the
gate and cathode (GTO), specifies the non-repetitive off-state anode to
cathode voltage applicable for a time width equivalent to less than 5 ms.
This gives the maximum instantaneous value for non-repetitive
transient off-state voltage.

Within the rated junction temperature range, and with the gate terminal
open circuited (SCR), or with a specified reverse voltage between the
gate and cathode (GTO), specifies the maximum value for dc anode to
cathode voltage applicable in the forward direction.

At the maximum rated junction temperature range, and with the gate
terminal open circuited (SCR), or with a specified reverse voltage
between the gate and cathode (GTO), this specifies the maximum rate
of rise of off-state voltage that will not drive the device from an
off-state to an on-state when an exponential off-state voltage of
specified amplitude is applied to the device.

At specified junction temperature, and when on-state current (50 or
60 Hz, half sine wave of specified peak amplitude) is applied to the
device, indicates peak value for the resulting voltage drop.
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TABLE 6.5—Contd.
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IT(rRMS)

Itay)

Irsm

1%t

dildt

IrRrRM

IprRM

PGm (SCR) PGrm
(GTO)

PGav)

Pgry GTO only

PGR(AV) GTO OIlly

Icrm

IgrMm GTO only
VGrm
VGrm

Igr

Ver

Vepm SCR Only

ItGq GTO only

RMS on-state current

Average on-state current

Peak on-state current

Current-squared time

Critical rate of Rise of on-state current

Peak reverse leakage current

Peak forward-leakage current

Peak gate power dissipation peak gate forward

power dissipation

Average gate power dissipation

Peak gate reverse power dissipation

Average gate reverse power dissipation

Peak forward gate current
Peak reverse gate current
Peak reverse gate voltage
Peak forward gate voltage

Gate current to trigger

Gate voltage to trigger

Non-triggering gate voltage

Gate controlled turn-off current

At specified case temperature, indicates the RMS value for on-state
current that can be continuously applied to the device.

At specified case temperature, and with the device connected to a resistive
or inductive load, indicates the average value for forward-current (sine
half wave, commercial frequency) that can be continuously applied to
the device.

Within the rated junction temperature range, indicates the peak-value for
non-repetitive on-state current (sine half wave, 50 or 60 Hz). This value
indicated for one cycle, or as a function of a number of cycles.

The maximum, on-state, non-repetitive short-time thermal capacity of the
device and is helpful in selecting a fuse or providing a coordinated
protection scheme of the device in the equipment. This rating is
intended specifically for operation less than one half cycle of a 180°
(degree) conduction angle sinusoidal wave form. The off-state blocking
capability cannot be guaranteed at values near the maximum I%¢.

At specified case temperature, specified off-state voltage, specified gate
conditions, and at a frequency of less than 60 Hz, indicates the
maximum rate of rise of on-state current which the thyristor will
withstand when switching from an off-state to an on-state, when using
recommended gate drive.

At maximum rated junction temperature, indicates the peak value for
reverse current flow when a voltage (sine half wave, 50 or 60 Hz, and
having a peak value as specified for repetitive peak reverse-voltage
rating) is applied in a reverse direction to the device.

At maximum rated junction temperature, indicates the peak value for
off-state current flow when a voltage (sine half wave, 50 or 60 Hz, and
having a peak value for repetitive off-state voltage rating) is applied in a
forward direction to the device. For a GTO, a reverse voltage between
the gate and cathode is specified.

Within the rated junction temperature range, indicates the peak value for
maximum allowable power dissipation over a specified time period,
when the device is in forward-conduction between the gate and
cathode.

Within the rated junction temperature range, indicates the average value
for maximum allowable power dissipation when the device is
forward-conducting between the gate and cathode.

Within the rated junction temperature range, indicates the peak value for
maximum allowable power dissipation in the reverse direction between
the gate and cathode, over a specified time period.

Within the rated junction temperature range, indicates the average value
for maximum allowable power dissipation in the reverse direction
between the gate and cathode.

Within the rated junction temperature range, indicates the peak value for
forward current flow between the gate and cathode.

Within the rated junction temperature range, indicates peak value for
reverse current that can be conducted between the gate and cathode.
Within the rated junction temperature range, indicates the peak value for

reverse voltage applied between the gate and cathode.

Within the rated junction temperature range, indicates the peak value for
forward voltage applied between the gate and cathode.

At a junction temperature of 25°C, and with a specified off-voltage, and a
specified load resistance, indicates the minimum gate dc current
required to switch the thyristor from an off-state to an on-state.

At a junction temperature of 25°C, and with a specified off-state voltage,
and a specified load resistance, indicates the minimum dc gate voltage
required to switch the thyristor from an off-state to an on-state.

At maximum rated junction temperature, and with a specified off-state
voltage applied to the device, indicates the maximum dc gate voltage
which will not switch the device from an off-state to an on-state.

Under specified conditions, indicates the instantaneous value for
on-current usable in gate control, specified immediately prior to device
turn-off.

continued
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TABLE 6.5—Contd.
Ry Thermal resistance Specifies the degree of temperature rise per unit of power, measuring

junction temperature from a specified external point. Defined when
junction power dissipation results in steady-state thermal flow.

ton SCR only Turn-on time

T4 SCR Only Turn-off time

tet GTO only Turn-on time

tqt GTO only Turn-off time

At specified junction temperature, and with a peak repetitive off-state
voltage of half rated value, followed by device turn-on using specified
gate current, and when specified on-state current of specified di/dt
flows, indicated as the time required for the applied off-state voltage to
drop to 10% of its initial value after gate current application. Delay time
is the term used to define the time required for applied voltage to drop
to 90% of its initial value following gate-current application. The time
required for the voltage level to drop from 90 to 10% of its initial value
is referred to as rise time. The sum of both these defines turn-on time.

Specified at maximum rated junction temperature. Device set up to
conduct on-state current, followed by application of specified reverse
anode-cathode voltage to quench on-state current, and then increasing
the anode-cathode voltage at a specified rate of rise as determined by
circuit conditions controlling the point where the specified off-state
voltage is reached. Turn-off time defines the minimum time which the
device will hold its off-state, starting from the time on-state current
reached zero until the time forward voltage is again applied (i.e. applied
anode—cathode voltage becomes positive again).

When applying forward current to the gate, indicates the time required to
switch the device from an off-state to an on-state.

When applying reverse current to the gate, indicates the time required to
switch the device from an on-state to an off-state.
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FIGURE 6.17 Cross section of unit cell of a p-type MCT.

out of conduction by applying a positive gate—anode voltage.
This signal creates an inversion layer that diverts electrons in
the n-base away from the p-emitter and into the heavily doped
n-region at the anode. This n-channel FET current amounts
to a diversion of the pnp transistor base current so that its

base—emitter junction turns off. Holes are then no longer avail-
able for collection by the p-base. The elimination of this hole
current (npn transistor base current) causes the npn transis-
tor to turn-off. The remaining stored charge recombines and
returns the MCT to its blocking state.

The seeming variability in fabrication of the turn-off FET
structure continues to limit the performance of MCTs, par-
ticularly current interruption capability, though these devices
can handle two to five times the conduction current density of
IGBTs. Numerical modeling and its experimental verification
show that ensembles of cells are sensitive to current filamenta-
tion during turn-off. All MCT device designs suffer from the
problem of current interruption capability. Turn-on is rela-
tively simple, by comparison; both the turn-on and conduction
properties of the MCT approach the one-dimensional thyristor
limit.

Other variations on the MCT structure have been demon-
strated, namely the emitter switched thyristor (EST) and the
dual-gate emitter switched thyristor (DG-EST) [12]. These
comprise integrated lateral MOSFET structures which con-
nect a floating thyristor n-emitter region to an n+ thyristor
cathode region. The MOS channels are in series with the
floating n-emitter region, allowing triggering of the thyristor
with electrons from the n-base and interruption of the cur-
rent to initiate turn-off. The DG-EST behaves as a dual-mode
device, with the two gates allowing an IGBT mode to oper-
ate during switching and a thyristor mode to operate in the
on-state.
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FIGURE 6.18 Cross section of a SITh or FCT.

6.6.3 Static Induction Thyristors

A SITh or FCTh has a cross section similar to that shown in
Fig. 6.18. Other SITh configurations have surface gate struc-
tures. The device is essentially a pin diode with a gate structure
that can pinch-off anode current flow. High power SIThs have
a sub-surface gate (buried-gate) structure to allow larger cath-
ode areas to be utilized, and hence larger current densities are
possible.

Planar gate devices have been fabricated with blocking capa-
bilities of up to 1.2 kV and conduction currents of 200 A, while
step-gate (trench-gate) structures have been produced that are
able to block up to 4kV and conduct 400 A. Similar devices
with a “Verigrid” structure have been demonstrated that can
block 2kV and conduct 200 A, with claims of up to 3.5kV
blocking and 200 A conduction. Buried-gate devices that block
2.5kV and conduct 300 A have also been fabricated. Recently
there has been a resurgence of interest in these devices for
fabrication in SiC.

6.6.4 Optically Triggered Thyristors

Optically gated thyristors have traditionally been used in power
utility applications where series stacks of devices are necessary
to achieve the high voltages required. Isolation between gate
drive circuits for circuits such as static VAR compensators and
high voltage dc to ac inverters (for use in high voltage dc
(HVDC) transmission) have driven the development of this
class of devices, which are typically available in ratings from 5
to 8kV. The cross section is similar to that shown in Fig. 6.19,
showing the photosensitive region and the amplifying gate
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FIGURE 6.19 Cross section of a light-triggered thyristors (LTT).

structures. Light-triggered thyristors (LTTs) may also integrate
over-voltage protection.

One of the most recent devices can block 6 kV forward and
reverse, conduct 2.5 kA average current, maintain a di/dt capa-
bility of 300 A/ps and a dv/dt capability of 3000 V/us, with a
required trigger power of 10 mW. An integrated light triggered
and light quenched SITh has been produced that can block
1.2kV and conduct up to 20A (at a forward drop of 2.5V).
This device is an integration of a normally off buried-gate
static induction photo-thyristor and a normally off p-channel
darlington surface-gate static induction phototransistor. The
optical trigger and quenching power required is less than 5
and 0.2 mW, respectively.

6.6.5 Bi-directional Thyristors

The BCT is an integrated assembly of two anti-parallel thyris-
tors on one Si wafer. The intended applications for this switch
are VAR compensators, static switches, soft starters and motor
drives. These devices are rated up to 6.5kV blocking. Cross-
talk between the two halves has been minimized. A cross
section of the BCT is shown in Fig. 6.20. Note that each
surface has a cathode and an anode (opposite devices). The
small gate—cathode periphery necessarily restricts the BCT to
low-frequency applications because of its di/dt limit.
Low-power devices similar to the BCT, but in existence for
many years, are the diac and triac. A simplified cross section
of a diac is shown in Fig. 6.21. A positive voltage applied to
the anode with respect to the cathode forward biases J;, while
reverse biasing J,. J4 and J3 are shorted by the metal con-
tacts. When J, is biased to breakdown, a lateral current flows
in the p, region. This lateral flow forward biases the edge
of J3, causing carrier injection. The result is that the device
switches into its thyristor mode and latches. Applying a reverse
voltage causes the opposite behavior at each junction, but
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FIGURE 6.20 Cross section of a bi-directional control thyristor (BCT).
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FIGURE 6.21 Cross section and i—v plot of a diac.
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FIGURE 6.22 Cross section of a triac.

with the same result. Figure 6.21 also shows the i—v plot for
a diac.

The addition of a gate connection, to form a triac, allows
the breakover to be controlled at a lower forward voltage.
Figure 6.22 shows the structure for the triac. Unlike the diac,
this is not symmetrical, resulting in differing forward and

A. Bryant et al.
reverse breakover voltages for a given gate voltage. The device

is fired by applying a gate pulse of the same polarity relative
to MT1 as that of MT2.

6.7 Gate Drive Requirements

6.7.1 Snubber Circuits

To protect a thyristor, from a large di/dt during turn-on and
a large dv/dt during turn-off, a snubber circuit is needed.
A general snubber topology is shown in Fig. 6.23. The turn-on
snubber is made by inductance L; (often Ll is stray inductance
only). This protects the thyristor from a large di/dt during
the turn-on process. The auxiliary circuit made by R; and D,
allows the discharging of L; when the thyristor is turned off.
The turn-off snubber is made by resistor R, and capacitance
G,. This circuit protects a GTO from large dv/dt during the
turn-off process. The auxiliary circuit made by D; and R,
allows the discharging of C, when the thyristor is turned on.
The circuit of capacitance C, and inductance L; also limits the
value of dv/dt across the thyristor during forward-blocking. In
addition, L; protects the thyristor from reverse over-currents.
R; and diodes Dy, D, are usually omitted in ac circuits with
converter-grade thyristors. A similar second set of L, C and R
may be used around this circuit in HVDC applications.

6.7.2 Gate Circuits

It is possible to turn on a thyristor by injecting a current pulse
into its gate. This process is known as gating, triggering or
firing the thyristor. The most important restrictions are on
the maximum peak and duration of the gate pulse current.

Thyristor C,

_;Z

o}

FIGURE 6.23 Turn-on (top elements) and turn-off (bottom elements)
snubber circuits for thyristors.
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FIGURE 6.24 Gate current waveform showing large initial current
followed by a suitable back-porch value.

In order to allow a fast turn-on, and a correspondingly large
anode di/dt during the turn-on process, a large gate current
pulse is supplied during the initial turn-on phase with a large
dig/dt. The gate current is kept on, at lower value, for some
times after the thyristor turned on in order to avoid unwanted
turn-off of the device; this is known as the “back-porch” cur-
rent. A shaped gate current waveform of this type is shown in
Fig. 6.24.

Figure 6.25 shows typical gate i—v characteristics for the
maximum and minimum operating temperatures. The dashed
line represents the minimum gate current and corresponding
gate voltage needed to ensure that the thyristor will be triggered
at various operating temperatures. It is also known as the locus
of minimum firing points. On the data sheet it is possible find a
line representing the maximum operating power of the thyris-
tor gating internal circuit. The straight line, between Vg and

VGK A

Maximum gate power dissipation

109

Vce/Rg, represents the current voltage characteristic of the
equivalent trigger circuit. If the equivalent trigger circuit line
intercepts the two gate i—v characteristics for the maximum
and minimum operating temperatures between where they
intercept the dashed lines (minimum gate current to trigger
and maximum gate power dissipation), then the trigger circuit
is able to turn-on the thyristor at any operating temperature
without destroying or damaging the device.

In order to keep the power circuit and the control circuit
electrically unconnected, the gate signal generator and the gate
of the thyristor are often connected through a transformer.
There is a transformer winding for each thyristor, and in this
way unwanted short circuits between devices are avoided. A
general block diagram of a thyristor gate-trigger circuit is
shown in Fig. 6.26. This application is for a standard bridge
configuration often used in power converters.

Another problem can arise if the load impedance is high,
particularly if the load is inductive and the supply voltage is
low. In this situation, the latching current may not be reached
during the trigger pulse. A possible solution to this problem
could be the use of a longer current pulse. However, such a
solution is not attractive because of the presence of the isola-
tion transformer. An alternative solution is the generation of a
series of short pulses that last for the same duration as a single
long pulse. A single short pulse, a single long pulse and a series
of short pulses are shown in Fig. 6.27. Reliable gating of the
thyristor is essential in many applications.

There are many gate trigger circuits that use optical iso-
lation between the logic-level electronics and a drive stage
(typically MOSFETs) configured in a push—pull output. The dc
power supply voltage for the drive stage is provided through

T,=150°C

0 Vo/Rg

-V

G

Minimum gate current to trigger

FIGURE 6.25 Gate i—v curve for a typical thyristor.
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FIGURE 6.26 Block diagram of a transformer-isolated gate drive circuit.
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FIGURE 6.27 Multiple gate pulses used as an alternative to one long
current pulse. FIGURE 6.28 Typical layout of an IGCT gate drive.

transformer isolation. Many device manufacturers supply drive

circuits available on printed circuit (PC) boards or diagrams capacitors connected in parallel may be used to source or sink

of suggested circuits. the necessary currents to turn the device on or off. Logic in the
IGCT gate drives consist of an integrated module to which  module controls the gate drive from a fiber-optic trigger input,

the thyristor is connected via a low-inductance mounting; and provides diagnostic feedback from a fiber-optic output.

an example is given in Fig. 6.28. Multiple MOSFETs and A simple power supply connection is also required.
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6.8 PSpice Model

Circuit simulators such as Spice and PSpice are widely used
as tools in the design of power systems. For this purpose
equivalent circuit models of thyristors have been developed. A
variety of models have been proposed with varying degrees of
complexity and accuracy. Frequently the simple two-transistor
model described in Section 6.2 is used in PSpice. This simple
structure, however, cannot model the appropriate negative-
differential-resistance (NDR) behavior as the thyristor moves
from forward-blocking to forward-conduction. Few other
models for conventional thyristors have been reported. A
PSpice model for a GTO has been developed by Tsay et al. [13],
which captures much of thyristor behavior, such as the static
i—v curve shown in Fig. 6.3, dynamic characteristics (turn-on
and turn-off times), device failure modes (e.g. current crowd-
ing due to excessive di/dt at turn-on and spurious turn-on
due to excessive dv/dt at turn-off), and thermal effects. Specif-
ically, three resistors are added to the two-transistor model to
create the appropriate behavior.

The proposed two-transistor, three-resistor model (2T-3R)
is shown in Fig. 6.29. This circuit exhibits the desired NDR
behavior. Given the static i—v characteristics for an SCR or
GTO, it is possible to obtain similar curves from the model by
choosing appropriate values for the three resistors and for the
forward current gains «, and «;, of the two transistors. The
process of curve fitting can be simplified by keeping in mind
that resistor R; tends to affect the negative slope of the i—v
characteristic, resistor R, tends to affect the value of the hold-
ing current Iy and resistor R3 tends to affect the value of the
forward breakdown voltage Vrgp. When modeling thyristors
with cathode or anode shorts, as described in Section 6.4, the
presence of these shorts determines the values of R; and Ry,

A

[¢ R

<R,

FIGURE 6.29 A two-transistor, three-resistor model for SCRs and
GTOs.
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respectively. In the case of a GTO or IGCT, an important device
characteristic is the so-called turn-off gain Koy=I4/1Igl, i.e. the
ratio of the anode current to the negative gate current required
to turn-off the device. An approximate formula relating the
turn-off gain to the o's of the two transistors is given by,

(o471

Koﬂr = (6.3)

an+op—1

The ability of this model to predict dynamic effects depends
on the dynamics included in the transistor models. If transis-
tor junction capacitances are included, it is possible to model
the dv/dt limit of the thyristor. Too high a value of dvax/dt
will cause significant current to flow through the J, junction
capacitance. This current acts like gate current and can turn
on the device.

This model does not accurately represent spatial effects such
as current crowding at turn-on (the di/dtlimit), when only part
of the device is conducting, and, in the case of a GTO, current
crowding at turn-off, when current is extracted from the gate to
turn-off the device. Current crowding is caused by the location
of the gate connection with respect to the conducting area
of the thyristor and by the magnetic field generated by the
changing conduction current. To model these effects, Tsay et al.
[13] propose a multi-cell circuit model, in which the device is
discretized in a number of conducting cells, each having the
structure of Fig. 6.29. This model, shown in Fig. 6.30, takes
into account the mutual inductive coupling, the delay in the
gate turn-off signal due to positions of the cells relative to the
gate connection, and non-uniform gate- and cathode-contact
resistance. In particular, the RC delay circuits (series R with
a shunt C tied to the cathode node) model the time delays
between the gate triggering signals due to the position of the
cell with respect to the gate connection; coupled inductors, M,
model magnetic coupling between cells; resistors, Rxc, model
non-uniform contact resistance; and resistors, Rgc, model gate
contact resistances. The various circuit elements in the model
can be estimated from device geometry and measured electrical
characteristics. The choice of the number of cells is a tradeoff
between accuracy and complexity. Example values of the RC
delay network, Rgc, Ric, and M are given in Table 6.6.

Other GTO thyristor models have been developed which
offer improved accuracy at the expense of increased complex-
ity. The model by Tseng et al. [14] includes charge storage

TABLE 6.6 Element values for each cell of a multi-cell GTO model

Model component Symbol Value
Delay resistor R 1 W2
Delay capacitor C 1 nF

Mutual coupling inductance M 10 nH
Gate contact resistance Rge 1 mQ
Cathode contact resistance Rke 1 mQ




112

A. Bryant et al.

Islands
(Cathode) :
io Anode
v A A Ag » |As
Ce” Ce” Ce” 9000000000000000000000000000 Ce”
Model Model Model Model
Ract 1 Racz 2 Racs 3 Racs 8
Gy K, Gy Ky Gy Ky Gg Kg
Rkci Rkca Rkcs Rkcs
M;, Mg
Gacte Delay ] Delay / belay |
Circuit Circuit Circuit
(e}
Cathode

FIGURE 6.30 Thyristor multi-cell circuit model containing eight cells.

effects in the n-base, and its application to a multi-cell model,
as in Fig. 6.30, has been demonstrated successfully. Models
for the IGCT, based on the lumped-charge approach [15] and
the Fourier-based solution of the ambipolar diffusion equation
(ADE) [16], have also been developed.

6.9 Applications

The most important application of thyristors is for line-
frequency phase-controlled rectifiers. This family includes
several topologies, of which one of the most important is
used to construct HVDC transmission systems. A single-phase
controlled rectifier is shown in Fig. 6.31.

The use of thyristors instead of diodes allows the average
output voltage to be controlled by appropriate gating of the
thyristors. If the gate signals to the thyristors were continuously
applied, the thyristors in Fig. 6.31 would behave as diodes. If
no gate currents are supplied they behave as open circuits. Gate
current can be applied any time (phase delay) after the forward
voltage becomes positive. Using this phase-control feature, it is
possible to produce an average dc output voltage less than the
average output voltage obtained from an uncontrolled diode
rectifier.

FIGURE 6.31 Single-phase controlled rectifier circuit.

6.9.1 DC-AC Utility Inverters

Three-phase converters can be made in different ways, accord-
ing to the system in which they are employed. The basic circuit
used to construct these topologies — the three-phase controlled
rectifier — is shown in Fig. 6.32.
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FIGURE 6.32 A three-phase controlled bridge circuit used as a basic
topology for many converter systems.

Starting from this basic configuration, it is possible to con-
struct more complex circuits in order to obtain high-voltage
or high-current outputs, or just to reduce the output ripple by
constructing a multi-phase converter. One of the most impor-
tant systems using the topology shown in Fig. 6.32 as a basic
circuit is the HVDC system represented in Fig. 6.33. This sys-
tem is made by two converters, a transmission line, and two ac
systems. Each converter terminal is made of two poles. Each
pole is made by two six-pulse line-frequency converters con-
nected through A-Y and Y-Y transformers in order to obtain a
twelve-pulse converter and a reduced output ripple. The filters

Converter #1
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are required to reduce the current harmonics generated by the
converter.

When a large amount of current and relatively low volt-
age is required, it is possible to connect in parallel, using a
specially designed inductor, two six-pulse line-frequency con-
verters connected through A-Y and Y-Y transformers. The
special inductor is designed to absorb the voltage between the
two converters, and to provide a pole to the load. This topol-
ogy is shown in Fig. 6.34. This configuration is often known
as a twelve-pulse converter. Higher pulse numbers may also be
found.

6.9.2 Motor Control

Another important application of thyristors is in motor control
circuits. Historically thyristors have been used heavily in trac-
tion, although most new designs are now based on IGBTs. Such
motor control circuits broadly fall into four types: i) chopper
control of a dc motor from a dc supply; ii) single- or three-
phase converter control of a dc motor from an ac supply; iii)
inverter control of an ac synchronous or induction machine
from a dc supply and iv) cycloconverter control of an ac
machine from an ac supply. An example of a GTO chopper
is given in Fig. 6.35. L1, Ry, Dy, and C; are the turn-on snub-
ber; Ry, Dy, and G, are the turn-off snubber; finally R; and
D3 form the snubber for the freewheel diode Ds. A thyristor
cycloconverter is shown in Fig. 6.36; the waveforms show the
fundamental component of the output voltage for one phase.
Three double converters are used to produce a three-phase
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FIGURE 6.33 A HVDC transmission system.
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FIGURE 6.35 GTO chopper for dc motor control.

variable-frequency, variable voltage sinusoidal output for driv-
ing ac motors. However, the limited frequency range (less than
a third of the line frequency) restricts the application to large,
low-speed machines at high powers.

A single- or three-phase thyristor converter (controlled
rectifier) may be used to provide a variable dc supply for con-
trolling a dc motor. Such a converter may also be used as the
front end of a three-phase induction motor drive. The variable
voltage, variable frequency motor drive requires a dc supply,
which is supplied by the thyristor converter. The drive may
use a square-wave or PWM voltage source inverter (VSI), or a
current source inverter (CSI). Figure 6.37 shows a square-wave
or PWM VSI with a controlled rectifier on the input side. The
switch block inverter may be made of thyristors (usually GTOs
or IGCTs) for high power, although most new designs now
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FIGURE 6.36 Cycloconverter for control of large ac machines.

use IGBTs. Low-power motor controllers generally use IGBT
inverters.

In motor control, thyristors are also used in CSI topologies.
When the motor is controlled by a CSI, a controlled rectifier
is also needed on the input side. Figure 6.38 shows a typical
CSI inverter. The capacitors are needed to force the current
in the thyristors to zero at each switching event. This is not
needed when using GTOs. This inverter topology does not
need any additional circuitry to provide the regenerative brak-
ing (energy recovery when slowing the motor). Historically,
two back-to-back connected line-frequency thyristor convert-
ers have been employed to allow bi-directional power flow, and
thus regenerative braking. Use of anti-parallel GTOs with sym-
metric blocking capability, or the use of diodes in series with
each asymmetric GTO, reduces the number of power devices
needed, but greatly increases the control complexity.

6.9.3 VAR Compensators and Static Switching
Systems

Thyristors are also used to switch capacitors or inductors
in order to control the reactive power in the system. Such
arrangements may also be used in phase-balancing circuits for
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FIGURE 6.38 CSI on the output section of a motor drive system using
capacitors for power factor correction.

balancing the load fed from a three-phase supply. Examples
of these circuits are shown in Fig. 6.39. These circuits act as
static VAR controllers. The topology represented on the left of
Fig. 6.39 is called a thyristor-controlled inductor (TCI) and it
acts as a variable inductor where the inductive VAR supplied
can be varied quickly. Because the system may require either
inductive or capacitive VAR compensation, it is possible to con-
nect a bank of capacitors in parallel with a TCI. The topology
shown on the right of Fig. 6.39 is called a thyristor-switched
capacitor (TSC). Capacitors can be switched out by blocking

PWM or square-wave inverter with a controlled rectifier input.

the gate pulse of all thyristors in the circuit. The problem of
this topology is the voltage across the capacitors at the thyristor
turn-off. At turn-on the thyristor must be gated at the instant
of the maximum ac voltage to avoid large over-currents. Many
recent SVCs have used GTOs.

A similar application of thyristors is in solid-state fault cur-
rent limiters and circuit breakers. In normal operation, the
thyristors are continuously gated. However, under fault condi-
tions they are switched rapidly to increase the series impedance
in the load and to limit the fault current. Key advantages are
the flexibility of the current limiting, which is independent of
the location of the fault and the change in load impedance, the
reduction in fault level of the supply, and a smaller voltage sag
during a short-circuit fault.

A less important application of thyristors is as a static trans-
fer switch, used to improve the reliability of uninterruptible
power supplies (UPS) as shown in Fig. 6.40. There are two
modes of using the thyristors. The first leaves the load perma-
nently connected to the UPS system and in case of emergency
disconnects the load from the UPS and connects it directly to
the power line. The second mode is opposite to the first one.
Under normal conditions the load is permanently connected
to the power line, and in event of a line outage, the load is
disconnected from the power line and connected to the UPS
system.

AC
System

VAC@ § L

vg

¥ TX T

1
1—

FIGURE 6.39 Per phase TCI and TSC system.
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FIGURE 6.41 Basic dimmer circuit used in lighting control.

6.9.4 Lighting Control Circuits

An important circuit used in lighting control is the dimmer,
based on a triac and shown in Fig. 6.41. The R-C network
applies a phase shift to the gate voltage, delaying the triggering
of the triac. Varying the resistance, controls the firing angle of
the triac and therefore the voltage across the load. The diac
is used to provide symmetrical triggering for the positive and
negative half-cycles, due to the non-symmetrical nature of the
triac. This ensures symmetrical waveforms and elimination of
even harmonics. An L-C filter is often used to reduce any
remaining harmonics.
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7.1 Introduction

A gate turn-off thyristor (known as a GTO) is a three terminal
power semiconductor device. GTOs belong to a thyristor
family having a four-layer structure. GTOs also belong to a
group of power semiconductor devices that have the ability for
full control of on- and off-states via the control terminal (gate).
To fully understand the design, development and operation of
the GTO, it is easier to compare with the conventional thyris-
tor. Like a conventional thyristor, applying a positive gate signal
to its gate terminal can turn-on to a GTO. Unlike a standard
thyristor, a GTO is designed to turn-off by applying a negative
gate signal.

GTOs are of two types: asymmetrical and symmetrical. The
asymmetrical GTOs are the most common type on the market.
This type of GTOs is normally used with a anti-parallel diode
and hence high reverse blocking capability is not available.
The reverse conducting is accomplished with an anti-parallel
diode integrated onto the same silicon wafer. The symmetri-
cal type of GTOs has an equal forward and reverse blocking
capability.

7.2 Basic Structure and Operation

The symbol of a GTO is shown in Fig. 7.1a. A high degree of
interdigitation is required in GTOs in order to achieve efficient
turn-off. The most common design employs the cathode area

Copyright © 2001 by Academic Press
DOI: 10.1016/B978-0-12-382036-5.00007-0

separated into multiple segments (cathode fingers) arranged
in concentric rings around the device center. The internal
structure is shown in Fig. 7.1b. A common contact disc pressed
against the cathode fingers connects the fingers together.
It is important that all the fingers turns off simultaneously,
otherwise the current may be concentrated into a fewer fingers
which are likely to be damaged due to over heating.

The high level of gate interdigitation also results in a fast
turn-on speed and a high di/dt performance of the GTOs.
The most remote part of a cathode region is not more than
0.16 mm from a gate edge and hence the whole GTO can
conduct within about 5 s with sufficient gate drive and the
turn-on losses can be reduced. However, the interdigitation
reduces the available emitter area so the low frequency aver-
age current rating is less than for a standard thyristor with an
equivalent diameter.

The basic structure of a GTO consists of a four-layer-PNPN
semiconductor device, which is very similar in construction to
a thyristor. It has several design features which allow it to be
turned on and off by reversing the polarity of the gate signal.
The most important differences are that the GTO has long
narrow emitter fingers surrounded by gate electrodes and no
cathode shorts.

The turn-on mode is similar to a standard thyristor. The
injection of the hole current from the gate forward biases
the cathode p-base junction causing electron emission from
the cathode. These electrons flow to the anode and induce
hole injection by the anode emitter. The injection of holes
and electrons into the base regions continues until charge
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FIGURE 7.1 GTO structure.

multiplication effects bring the GTO into conduction. This is
shown in Fig. 7.2a. As with a conventional thyristor only
the area of cathode adjacent to the gate electrode is turned
on initially, and the remaining area is brought into con-
duction by plasma spreading. However, unlike the thyristor,
the GTO consists of many narrow cathode elements, heavily
interdigitated with the gate electrode, and therefore the ini-
tial turned-on area is very large and the time required for
plasma spreading is small. The GTO, therefore, is brought
into conduction very rapidly and can withstand a high
turn-on di/dt.

In order to turn-off a GTO, the gate is reversed biased with
respect to the cathode and holes from the anode are extracted
from the p-base. This is shown in Fig. 7.2b. As a result a
voltage drop is developed in the p-base region, which even-
tually reverse biases the gate cathode junction cutting off the
injection of electrons. As the hole extraction continues, the
p-base is further depleted, thereby squeezing the remaining
conduction area. The anode current then flows through the

M. H. Rashid

most remote areas from the gate contacts, forming high current
density filaments. This is the most crucial phase of the turn-
off process in GTOs, because high density filaments leads to
localized heating which can cause device failure unless these
filaments are extinguished quickly. An application of higher
negative gate voltage may aid in extinguishing the filaments
rapidly. However, the breakdown voltage of the gate-cathode
junction limits this method.

When the excess carrier concentration is low enough for
carrier multiplication to cease, the device reverts to the forward
blocking condition. At this point although the cathode current
has stopped flowing, anode-to-gate current continues to flow
supplied by the carriers from n-base region stored charge. This
is observed as a tail current that decays exponentially as the
remaining charge concentration is reduced by recombination
process. The presence of this tail current with the combina-
tion of high GTO off-state voltage produces substantial power
losses. During this transition period, the electric field in the
n-base region is grossly distorted due to the presence of the
charge carriers and may result in premature avalanche break-
down. The resulting impact ionization can cause device failure.
This phenomenon is known as “dynamic avalanche.” The
device regains its steady-state blocking characteristics when
the tail current diminishes to leakage current level.

7.3 GTO Thyristor Models

One-dimensional two-transistor model of GTOs is shown in
Fig. 7.3. The device is expected to yield the turn-off gain g
given by

I Gwn (7.1)

Ay =
C(pnp + anpn —1

= o

TURN-ON

TURN-OFF

Electrons

Holes

Electrons

Holes

(a) Tumn-on

(b) Turn-off

FIGURE 7.2 Turn-on and turn-off of GTOs.
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FIGURE 7.3 Two-transistor model representing the GTO thyristor.

where I4 is the anode current and I; the gate current at
turn-off, and oy, and apyy are the common-base current
gains in the NPN and PNP transistors sections of the device.
For a non-shorted device, the charge is drawn from the anode
and regenerative action commences, but the device does not
latch on (remain on when the gate current is removed) until
Unpn + Qppp = 1 (7.2)
This process takes a short period while the current and
the current gains increase until they satisfy Eq. (7.2). For
anode-shorted devices, the mechanism is similar but the anode
short impairs the turn-on process by providing a base—emitter
short thus reducing the PNP transistor gain, which is shown
in Fig. 7.4. The composite PNP gain of the emitter-shorted
structure is given as follows

1—-V;
appp(composite) = appp ( be) (7.3)

Rsanode

where Vj, = emitter base voltage (generally 0.6V for injec-
tion of carriers), and Rg is the anode short resistance. The
anode emitter injects when the voltage around it exceed
0.06V, and therefore the collector current of the NPN tran-
sistor flowing through the anode shorts influences turn-on.
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The GTO remains in a transistor state if the load circuit limits
the current through the shorts.

7.4 Static Characteristics

7.4.1 On-state Characteristics

In the on-state the GTO operates in a similar manner to
the thyristor. If the anode current remains above the holding
current level then positive gate drive may be reduced to zero
and the GTO will remain in conduction. However, as a result
of the turn-off ability of the GTO, it does posses a higher hold-
ing current level than the standard thyristor, and in addition,
the cathode of the GTO thyristor is sub-divided into small
finger elements to assist turn-off. Thus, if the GTO thyristor
anode current transiently dips below the holding current level,
localized regions of the device may turn-off, thus forcing a
high anode current back into the GTO at a high rate of rise of
anode current after this partial turn-off. This situation could
be potentially destructive. It is recommended, therefore, that
the positive gate drive is not removed during conduction but is
held at a value Ig(on), where Ig(on) is greater than the maxi-
mum critical trigger current (IgT) over the expected operating
temperature range of the GTO thyristor.
Figure 7.5 shows the typical on-state V-I characteristics for
a 4000 A, 4500V GTO from Dynex range of GTOs [1] at
junction temperatures of 25°C and 125°C. The curves can
be approximated to a straight line of the form
VTM = Vo + IRy (7.4)
where Vjj = voltage intercept, models the voltage across the
cathode and anode forward biased junctions and Ry = on state
resistance. When average and RMS values of on-state current
(ITav, ITRMS) are known, then the on-state power dissipation
Pon can be determined using Vp and Ry. That is,

Pon = Volrav + Rolgus (7.5)

SYMMETRICAL GTO STRUCTURE

A A _l

ASYMMETRICAL GTO STRUCTURE

Anode shorted area == -

FIGURE 7.4 Two-transistor models of GTO structures.
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FIGURE 7.5 V-I characteristics of GTO [see data sheet in Ref. 1].

7.4.2 Off-state Characteristics

Unlike the standard thyristor, the GTO does not include
cathode emitter shorts to prevent non-gated turn-on effects
due to dv/dt induced forward biased leakage current. In the
off-state of the GTO, steps should, therefore, be taken to
prevent such potentially dangerous triggering. This can be
accomplished by either connecting the recommended value of
resistance between the gate and the cathode (Rgk ) or by main-
taining a small reverse bias on the gate contact (Vgg = —2V).
This will prevent the cathode emitter becoming forward biased
and therefore sustain the GTO thyristor in the off state.

The peak off-state voltage is a function of resistance Rgk.
This is shown in Fig. 7.6. Under ordinary operating con-
ditions, GTOs are biased with a negative gate voltage of
around —15V supplied from the gate drive unit during the
off-state interval. Nevertheless, provision of Rgx may be desir-
able design practice in the event of the gate-drive failure
for any reason (Rgx < 1.5 is recommended for a large
GTO). Rk dissipates energy and hence adds to the system
losses.

7.4.3 Rate of Rise of Off-state Voltage (dvr/dt)

The rate of rise of off-state voltage (dvr/dt) depends on the
resistance Rgx connected between the gate and the cathode
and the reverse bias applied between the gate and the cathode.
This relationship is shown in Fig. 7.7.

7.4.4 Gate Triggering Characteristics

The gate trigger current (Igr) and the gate trigger voltage
(VGr) are both dependent on junction temperature T; as
shown in Fig. 7.8. During the conduction state of the GTO
a certain value of gate current must be supplied and this value
should be larger than the Igr at the lowest junction temper-
ature at which the GTO operates. In dynamic conditions the
specified Igr is not sufficient to trigger the GTO switching
from higher voltage and high di/dt. In practice a much high
peak gate current Iy (in order of ten times Igr) at Tj min is
recommended to obtain good turn-on performance.

7.5 Switching Phases

The switching process of a GTO thyristor goes through four
operating phases (a) turn-on, (b) on-state, (c) turn-off, and
(d) off-state.

Turn-on: A GTO has a highly interdigited gate structure
with no regenerative gate. Thus it requires a large initial gate
trigger pulse. A typical turn-on gate pulse and its important
parameters are shown in Fig. 7.9. A minimum and maxi-
mum values of Iy can be derived from the device data sheet.
A value of dig/dt is given in device characteristics of the data
sheet, against turn-on time. The rate of rise of gate current,
dig/dt will affect the device turn-on losses. The duration of
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the Igym pulse should not be less than half the minimum
on time given in data sheet ratings. A longer period will
be required if the anode current di/dt is low such that Igm
is maintained until a sufficient level of anode current is
established.

On-state: Once the GTO is turned on, forward gate current
must be continued for the whole of the conduction period.
Otherwise, the device will not remain in conduction during
the on-state period. If large negative di/dt or anode current
reversal occurs in the circuit during the on-state, then higher
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FIGURE 7.8 GTO trigger characteristics [see data sheet in Ref. 1].

values of Ig may be required. Much lower values of I are,
however, required when the device has heated up.

Turn-off: The turn-off performance of a GTO is greatly
influenced by the characteristics of the gate turn-off circuit.
Thus the characteristics of the turn-off circuit must match
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FIGURE 7.9 A typical turn-on gate pulse [see data sheet in Ref. 2].

FIGURE 7.10 Anode and gate currents during turn-off [see data sheet
in Ref. 2].

with the device requirements. Figure 7.10 shows the typical
anode and gate currents during the turn-off. The gate turn-
off process involves the extraction of the gate charge, the gate
avalanche period and the anode current decay. The amount
of the charge extraction is a device parameter and its value
is not significantly affected by the external circuit conditions.
The initial peak turn-off current and turn-off time, which are
important parameters of the turning-off process, depend on
the external circuit components. The device data sheet gives
typical values for Igq.

The turn-off circuit arrangement of a GTO is shown in
Fig. 7.11. The turn-off current gain of a GTO is low, typically
6-15. Thus, for a GTO with a turn-off gain of 10, it will require
a turn-off gate current of 10 A to turn-off an on-state of 100 A.
A charged capacitor Cis normally used to provide the required
turn-off gate current. Inductor L limits the turn-off di/dt of
the gate current through the circuit formed by R;, Ry, SWi,
and L. The gate circuit supply voltage Vs should be selected
to give the required value of Vg. The values of R; and R,
should also be minimized.

Off-state period: During the off-state period, which begins
after the fall of the tail current to zero, the gate should

FIGURE 7.11 Turn-off circuit [see data sheet in Ref. 2].
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FIGURE 7.12 Gate-cathode resistance, Rgi [see data sheet in Ref. 2].

ideally remain reverse biased. This reverse bias ensures maxi-
mum blocking capability and dv/dt rejection. The reverse bias
can be obtained either by keeping SW; closed during the
whole off-state period or via a higher impedance circuit SW,
and Rs provided a minimum negative voltage exits. This higher
impedance circuit SW, and R; must sink the gate leakage
current.

In case of a failure of the auxiliary supplies for the gate
turn-off circuit, the gate may be in reverses biased condition
and the GTO may not be able to block the voltage. To ensure
blocking voltage of the device is maintained, then a minimum
gate-cathode resistance (Rgk) should be applied as shown in
Fig. 7.12. The value of Rgk for a given line voltage can be
derived from the data sheet.

7.6 SPICE GTO Model

A GTO may be modelled with two transistors shown in Fig. 7.3.
However, a GTO model [3] consisting of two thyristors, which
are connected in parallel, yield improved on-state, turn-on,
and turn-off characteristics. This is shown in Fig. 7.13 with
four transistors.

When the anode to cathode voltage, Vix is positive and
there is no gate voltage, the GTO model will be in the off-
state like a standard thyristor. If a positive voltage (Vax) is
applied to the anode with respect to the cathode and no gate

ZQ'1H"Z

© 10 ohms -

- -10 ohms

e
Cathode =~

FIGURE 7.13 Four-transistor GTO model.
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pulse applied, Iz; = Ipy = 0 and therefore Ic; = Ic; = 0.
Thus no anode current will flow, Iy = Ix = 0.

When a small voltage is applied to the gate, then I, is non-
zero and therefore both Ic; = I, = 0 are non-zero. Thus the
internal circuit will conduct and there will a current flow from
the anode to the cathode.

When a negative gate pulse is applied to the GTO model, the
PNP junction near to the cathode will behave as a diode. The
diode will be reverse biased since the gate voltage is negative
with to the cathode. Therefore the GTO will stop conduction.

When the anode-to-cathode voltage is negative, that is, the
anode voltage is negative with respect to the cathode, the GTO
model will act like a reverse biased diode. This is because the
PNP transistor will see a negative voltage at the emitter and
the NPN transistor will see a positive voltage at the emitter.
Therefore both transistors will be in the off-state and hence the
GTO will not conduct. The SPICE sub-circuit description of
the GTO model will be as follows

.SUBCIRCUIT 1 2 3 5 GTO Sub-circuit
definition

*Terminal anode  cathode gate

Ql 5 4 1 DMOD1 PNP ; PNP transistor with
model DMOD1

Q3 7 6 1 DMODI1 PNP

Q2 4 5 2 DMOD2 NPN ; PNP transistor
with model DMOD2

Q4 6 7 2 DMOD2 NPN

R1 7 5 10 ohms

R2 6 4 10 ohms

R3 3 7 10 ohms

.MODEL DMODI1 PNP ; Model statement for a

PNP transistor

NPN ; Model statement for
an NPN transistor

; End of sub-circuit definition

.MODEL DMOD2

.ENDS

123

7.7 Applications

GTO thyristors find many applications such as in motor drives,
induction heating [4], distribution lines [5], pulsed power [6],
and Flexible AC transmission systems [7, 8].
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8.1 Introduction

The efficiency, capacity, and ease of control of power converters
depend mainly on the power devices employed. Power devices,
in general, belong to either bipolar-junction type or field-effect
type and each one has its advantages and disadvantages. The
silicon controlled rectifier (SCR), also known as a thyristor, is a
popular power device that has been used over the past several
years. It has a high current density and a low forward voltage
drop, both of which make it suitable for use in large power
applications. The inability to turn-off through the gate and the
low switching speed are the main limitations of an SCR. The
gate turn-off (GTO) thyristor was proposed as an alternative
to SCR. However, the need for a higher gate turn-off current
limited its application.

Copyright © 2007, 2001, Elsevier Inc.
All rights reserved. DOI: 10.1016/B978-0-12-382036-5.00008-2

The power MOSFET has several advantages such as high
input impedance, ease of control, and higher switching speeds.
Lower current density and higher forward drop limited the
device to low-voltage and low-power applications. An effort to
combine the advantages of bipolar junction and field-effect
structures has resulted in hybrid devices such as the insu-
lated gate bipolar transistor (IGBT) and the MOS controlled
thyristor (MCT). While an IGBT is an improvement over a
bipolar junction transistor (BJT) using a MOSFET to turn-
on and turn-off current, an MCT is an improvement over a
thyristor with a pair of MOSFETs to turn-on and turn-off
current. The MCT overcomes several of the limitations of the
existing power devices and promises to be a better switch for
the future. While there are several devices in the MCT family
with distinct combinations of channel and gate structures [1],
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one type, called the P-channel MCT, has been widely reported
and is discussed here. Because the gate of the device is referred
to with respect to the anode rather than the cathode, it is
sometimes referred to as a complementary MCT (C-MCT) [2].
Harris Semiconductors (Intersil) originally made the MCTs,
but the MCT division was sold to Silicon Power Cor-
poration (SPCO), which has continued the development
of MCTs.

8.2 Equivalent Circuit and Switching
Characteristics

The SCR is a 4-layer pnpn device with a control gate, and apply-
ing a positive gate pulse turns it on when it is forward-biased.
The regenerative action in the device helps to speed up the
turn-on process and to keep it in the “ON” state even after the
gate pulse is removed. The MCT uses an auxiliary MOS device
(PMOSEFET) to turn-on and this simplifies the gate control.
The turn-on has all the characteristics of a power MOS-
FET. The turn-off is accomplished using another MOSFET
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FIGURE 8.1 Equivalent circuit and symbol of an MCT.
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FIGURE 8.2 Cross section of an MCT unit cell.

(NMOSEFET), which essentially diverts the base current of one
of the BJTs and breaks the regeneration.

The transistor-level equivalent circuit of a P-channel MCT
and the circuit symbol are shown in Fig. 8.1. The cross section
of a unit cell is shown in Fig. 8.2. The MCT is modeled as
an SCR merged with a pair of MOSFETs. The SCR consists
of the bipolar junction transistors (BJTs) Q; and Q,, which
are interconnected to provide regenerative feedback such that
the transistors drive each other into saturation. Of the two
MOSFETs, the PMOS located between the collector and emit-
ter of Q, helps to turn the SCR on, and the NMOS located
across the base-emitter junction of Q, turns it off. In the
actual fabrication, each MCT is made up of a large num-
ber (~100,000) cells, each of which contains a wide-base npn
transistor and a narrow-base pnp transistor. While each pnp
transistor in a cell is provided with an N-channel MOSFET
across its emitter and base, only a small percentage (~4%) of
pnp transistors are provided with P-channel MOSFETSs across
their emitters and collectors. The small percentage of PMOS
cells in an MCT provides just enough current for turn-on and
the large number of NMOS cells provide plenty of current for
turn-off.



8 MOS Controlled Thyristors (MCTs)

8.2.1 Turn-on and Turn-off

When the MCT is in the forward blocking state, it can be
turned on by applying a negative pulse to its gate with respect
to the anode. The negative pulse turns on the PMOSFET
(On-FET) whose drain current flows through the base-emitter
junction of Q; (mpn) thereby turning it on. The regener-
ative action within Q; — Q, turns the MCT on into full
conduction within a very short time and maintains it even
after the gate pulse is removed. The MCT turns on with-
out a plasma-spreading phase giving a high dI/dt capability
and ease of overcurrent protection. The on-state resistance of
an MCT is slightly higher than that of an equivalent thyris-
tor because of the degradation of the injection efficiency of
the N1 emitter/p-base junction. Also, the peak current rating
of an MCT is much higher than its average or rms current
rating.

An MCT will remain in the “ON” state until the device
current is reversed or a turn-off pulse is applied to its
gate. Applying a positive pulse to its gate turns off a con-
ducting MCT. The positive pulse turns on the NMOSFET
(Off-FET), thereby diverting the base current of Q, (pnp)
away to the anode of the MCT and breaking the latch-
ing action of the SCR. This stops the regenerative feedback
within the SCR and turns the MCT off. All the cells within
the device are to be turned off at the same time to avoid
a sudden increase in current density. When the Off-FETs
are turned on, the SCR section is heavily shorted and this
results in a high dV/dt rating for the MCT. The highest
current that can be turned off with the application of a
gate bias is called the “maximum controllable current.” The
MCT can be gate controlled if the device current is less
than the maximum controllable current. For smaller device
currents, the width of the turn-off pulse is not critical. How-
ever, for larger currents, the gate pulse has to be wider
and more often has to occupy the entire off-period of
the switch.

8.3 Comparison of MCT and Other
Power Devices

An MCT can be compared to a power MOSFET, a power
BJT, and an IGBT of similar voltage and current ratings. The
operation of the devices is compared under on-state, off-state,
and transient conditions. The comparison is simple and very
comprehensive.

The current density of an MCT is ~70% higher than that
of an IGBT having the same total current [2]. During its on-
state, an MCT has a lower conduction drop compared to other
devices. This is attributed to the reduced cell size and the
absence of emitter shorts present in the SCR within the MCT.
The MCT also has a modest negative temperature coefficient at
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FIGURE 8.3 Comparison of forward drop for different devices.

lower currents with the temperature coefficient turning pos-
itive at larger current [2]. Figure 8.3 shows the conduction
drop as a function of current density. The forward drop of a
50-A MCT at 25 °C is around 1.1 V, while that for a compara-
ble IGBT is over 2.5 V. The equivalent voltage drop calculated
from the value of rpg(ON) for a power MOSFET will be much
higher. However, the power MOSFET has a much lower delay
time (30 ns) compared to that of an MCT (300 ns). The turn-
on of a power MOSFET can be so much faster than an MCT
or an IGBT therefore, the switching losses would be neg-
ligible compared to the conduction losses. The turn-on of
an IGBT is intentionally slowed down to control the reverse
recovery of the freewheeling diode used in inductive switching
circuits [3].

The MCT can be manufactured for a wide range of block-
ing voltages. Turn-off speeds of MCTs are supposed to be
higher as initially predicted. The turn-on performance of
Generation-2 MCTs are reported to be better compared to
Generation-1 devices. Even though the Generation-1 MCTs
have higher turn-off times compared to IGBTs, the newer
ones with higher radiation (hardening) dosage have compara-
ble turn-off times. At present, extensive development activity
in IGBTs has resulted in high-speed switched mode power
supply (SMPS) IGBTs that can operate at switching speeds
~150 kHz [4]. The turn-off delay time and the fall time for
an MCT are much higher compared to a power MOSFET,
and they are found to increase with temperature [2]. Power
MOSEFETs becomes attractive at switching frequencies above
200 kHz, and they have the lowest turn-off losses among the
three devices.

The turn-off safe operating area (SOA) is better in the case
of an IGBT than an MCT. For an MCT, the full switching cur-
rent is sustainable at 50 to 60% of the breakdown voltage
rating, while for an IGBT it is about 80%. The use of capac-
itive snubbers becomes necessary to shape the turn-off locus
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of an MCT. The addition of even a small capacitor improves
the SOA considerably.

8.4 Gate Drive for MCTs

The MCT has a MOS gate similar to a power MOSFET or an
IGBT and hence it is easy to control. In a PMCT, the gate
voltage must be applied with respect to its anode. A neg-
ative voltage below the threshold of the On-FET must be
applied to turn on the MCT. The gate voltage should fall
within the specified steady-state limits in order to give a rea-
sonably low delay time and to avoid any gate damage due
to overvoltage [3]. Similar to a GTO, the gate voltage rise-
time has to be limited to avoid hot spots (current crowding)
in the MCT cells. A gate voltage less than —5 V for turn-off
and greater than 10 V for turn-on ensures proper operation
of the MCT. The latching of the MCT requires that the gate
voltage be held at a positive level in order to keep the MCT
turned off.

Because the peak-to-peak voltage levels required for driv-
ing the MCT exceeds those of other gate-controlled devices,
the use of commercial drivers is limited. The MCT can be
turned on and off using a push—pull pair with discrete NMOS-
PMOS devices, which, in turn, are driven by commercial
integrated circuits (ICs). However, some drivers developed by
MCT manufacturers are not commercially available [3].

A Baker’s clamp push—pull can also be used to generate gate
pulses of negative and positive polarity of adjustable width for
driving the MCT [5-7]. The Baker’s clamp ensures that the
push—pull transistors will be in the quasi-saturated state prior
to turn-off and this results in a fast switching action. Also,
the negative feedback built into the circuit ensures satisfactory
operation against variations in load and temperature. A similar
circuit with a push—pull transistor pair in parallel with a pair
of power BJTs is available [8]. An intermediate section, with a
BJT that is either cut off or saturated, provides —10 and +15V
through potential division.

8.5 Protection of MCTs

8.5.1 Paralleling of MCTs

Similar to power MOSFETs, MCTs can be operated in parallel.
Several MCTs can be paralleled to form larger modules with
only slight derating of the individual devices provided the
devices are matched for proper current sharing. In particu-
lar, the forward voltage drops of individual devices have to be
matched closely.
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8.5.2 Overcurrent Protection

The anode-to-cathode voltage in an MCT increases with its
anode current and this property can be used to develop a
protection scheme against overcurrent [5, 6]. The gate pulses
to the MCT are blocked when the anode current and hence the
anode-to-cathode voltage exceeds a preset value. A Schmitt
trigger comparator is used to allow gate pulses to the MCT
when it is in the process of turning on, during which time the
anode voltage is relatively large and decreasing.

8.5.2.1 Snubbers

As with any other power device, the MCT is to be protected
against switching-induced transient voltage and current spikes
by using suitable snubbers. The snubbers modify the volt-
age and current transients during switching such that the
switching trajectory is confined within the safe operating area
(SOA). When the MCT is operated at high frequencies, the
snubber increases the switching loss due to the delayed volt-
age and current responses. The power circuit of an MCT
chopper including an improved snubber circuit is shown in
Fig. 8.4 [5, 7]. The turn-on snubber consists of L; and Drg and
the turn-off snubber consists of R, Cs, and D¢s. The series-
connected turn-on snubber reduces the rate of change of the
anode current dls/dt. The MCT does not support V; until the
current through the freewheeling diode reaches zero at turn-
on. The turn-off snubber helps to reduce the peak power and
the total power dissipated by the MCT by reducing the volt-
age across the MCT when the anode current decays to zero.
The analysis and design of the snubber and the effect of the
snubber on switching loss and electromagnetic interference are
given in References [5] and [7]. An alternative snubber config-
uration for the two MCTs in an ac—ac converter has also been
reported [8]. This snubber uses only one capacitor and one
inductor for both the MCT switches (PMCT and NMCT) in a
power-converter leg.

DL, D,
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FIGURE 8.4 An MCT chopper with turn-on and turn-off snubbers.
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8.6 Simulation Model of an MCT

The operation of power converters can be analyzed using
PSPICE and other simulation software. As it is a new device,
models of MCTs are not provided as part of the simulation
libraries. However, an appropriate model for the MCT would
be helpful in predicting the performance of novel converter
topologies and in designing the control and protection circuits.
Such a model must be simple enough to keep the simulation
time and effort at a minimum, and must represent most of the
device properties that affect the circuit operation. The PSPICE
models for Harris PMCTs are provided by the manufacturer
and can be downloaded from the internet. However, a sim-
ple model presenting most of the characteristics of an MCT is
available [9, 10]. It is derived from the transistor-level equiva-
lent circuit of the MCT by expanding the SCR model already
reported the literature. The improved model [10] is capable
of simulating the breakover and breakdown characteristics of
an MCT and can be used for the simulation of high-frequency
converters.

8.7 Generation-1 and Generation-2
MCTs

The Generation-1 MCTs were commercially introduced by
Harris Semiconductors in 1992. However, the development of
Generation-2 MCTs is continuing. In Gen-2 MCTs, each cell
has its own turn-on field-effect transistor (FET). Preliminary
test results on Generation-2 devices and a comparison of their
performance with those of Generation-1 devices and high-
speed IGBTs are available [11, 12]. The Generation-2 MCTs
have a lower forward drop compared to the Generation-1
MCTs. They also have a higher dI/dt rating for a given value
of capacitor used for discharge. During hard switching, the fall
time and the switching losses are lower for the Gen-2 MCTs.
The Gen-2 MCTs have the same conduction loss characteristics
as Gen-1 with drastic reductions in turn-off switching times
and losses [13].

Under zero-current switching conditions, Gen-2 MCTs have
negligible switching losses [13]. Under zero-voltage switching,
the turn-off losses in a Gen-2 device are one-half to one-fourth
(depending on temperature and current level) the turn-off
losses in Gen-1 devices. In all soft-switching applications,
the predominant loss, namely, the conduction loss, reduces
drastically allowing the use of fewer switches in a module.

8.8 N-channel MCT

The PMCT discussed in this chapter uses an NMOSFET for
turn-off and this results in a higher turn-off current capability.
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The PMCT can only replace a P-channel IGBT and inher-
its all the limitations of a P-channel IGBT. The results of a
2D simulation show that the NMCT can have a higher con-
trollable current [13]. It is reported that NMCT versions of
almost all Harris PMCTs have been fabricated for analyzing the
potential for a commercial product [3]. The NMCTs are also
being evaluated for use in zero-current soft-switching appli-
cations. However, the initial results are not quite encouraging
in that the peak turn-off current of an NMCT is one-half to
one-third of the value achievable in a PMCT. It is hoped that
the NMCTs will eventually have a lower switching loss and a
larger SOA as compared to PMCTs and IGBTs.

8.9 Base Resistance-controlled
Thyristor [14]

The base resistance-controlled thyristor (BRT) is another gate-
controlled device that is similar to the MCT but with a different
structure. The Off-FET is not integrated within the p-base
region but is formed within the n-base region. The diverter
region is a shallow p-type junction formed adjacent to the
p-base region of the thyristor. The fabrication process is sim-
pler for this type of structure. The transistor level equivalent
circuit of a BRT is shown in Fig. 8.5.

The BRT will be in the forward blocking state with a
positive voltage applied to the anode and with a zero gate
bias. The forward blocking voltage will be equal to the
breakdown voltage of the open-base pnp transistor. A pos-
itive gate bias turns on the BRT. At low current levels, the
device behaves similarly to an IGBT. When the anode current
increases, the operation changes to thyristor mode resulting
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FIGURE 8.5 Equivalent circuit of base resistance-controlled thyristor
(BRT).
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in a low forward drop. Applying a negative voltage to its gate
turns off the BRT. During the turn-off process, the anode cur-
rent is diverted from the N1 emitter to the diverter. The BRT
has a current tail during turn-off that is similar to an MCT or
an IGBT.

8.10 MOS Turn-off Thyristor [15]

The MOS turn-off (MTO) thyristor or the MTOT is a replace-
ment for the GTO and it requires a much smaller gate drive.
It is more efficient than a GTO, it can have a maximum block-
ing voltage of about 9 kV, and it will be used to build power
converters in the 1-20 MVA range. Silicon Power Corporation
(SPCO) manufactures the device.

The transistor-level equivalent circuit of the MTOT (hybrid
design) and the circuit symbol are shown in Fig. 8.6. Applying
a current pulse at the turn-on gate (Gl), as with a conven-
tional GTO, turns on the MTOT. The turn-on action, including
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FIGURE 8.6 Equivalent circuit and symbol of a MOS turn-oft (MTO)
thyristor.
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regeneration, is similar to a conventional SCR. Applying a
positive voltage pulse to the turn-off gate (G2), as with an
MCT, turns off the MTOT. The voltage pulse turns on the
FET, thereby shorting the emitter and base of the npn tran-
sistor and breaking the regenerative action. The MTOT is a
faster switch than a GTO in that it is turned off with a reduced
storage time compared to a GTO. The disk-type construction
allows double-side cooling.

8.11 Applications of PMCT

The MCTs have been used in various applications, some
of which are in the area of ac-dc and ac-ac conversion
where the input is 60 Hz ac. Variable power factor operation
was achieved using the MCTs as a force-commutated power
switch [5]. The power circuit of an ac voltage controller capa-
ble of operating at a leading, lagging, and unity power factor
is shown in Fig. 8.7. Because the switching frequency is low,
the switching losses are negligible. Because the forward drop
is low, the conduction losses are also small. The MCTs are also
used in circuit breakers.

8.11.1 Soft-switching

The MCT is intended for high-frequency switching applica-
tions where it is supposed to replace a MOSFET or an IGBT.
Similar to a Power MOSFET or an IGBT, the switching losses
will be high at high switching frequencies. The typical charac-
teristics of an MCT during turn-on and turn-off under hard
switching (without snubber) are shown in Fig. 8.8. During
turn-on and turn off, the device current and voltage take a
finite time to reach their steady-state values. Each time the
device changes state, there is a short period during which
the voltage and current variations overlap. This results in a
transient power loss that contributes to the average power loss.

Soft-switching converters are being designed primarily to
enable operation at higher switching frequencies. In these
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FIGURE 8.7 Power circuit of MCT ac voltage controller.
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FIGURE 8.8 The MCT turn-off and turn-on waveforms under hard
switching.

converters, the power devices switch at zero voltage or zero
current, thereby eliminating the need for a large safe oper-
ating area (SOA) and at the same time eliminating the
switching losses entirely. The MCT converters will outperform
IGBT and power MOSFET converters in such applications by
giving the highest possible efficiency. In soft-switching appli-
cations, the MCT will have only conduction loss, which is
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low and is close to that in a power diode with similar power
ratings [12]. The Generation-1 MCTs did not turn on rapidly
in the vicinity of zero anode-cathode voltage and this posed a
problem in softswitching applications of an MCT. However,
Generation-2 MCTs have enhanced dynamic characteristics
under zero voltage soft switching [16]. In an MCT, the PMOS
On-FET together with the pnp transistor constitute a p-IGBT.
An increase in the number of turn-on cells (decrease in the
on-resistance of the p-IGBT) and an enhancement of their
distribution across the MCT active area enable the MCT to
turn on at a very low transient voltage allowing zero voltage
switching (ZVS). During zero voltage turn-on, a bipolar device
such as the MCT takes more time to establish conductivity
modulation. Before the device begins to conduct fully, a volt-
age spike appears, thus causing a modest switching loss [12].
Reducing the tail-current amplitude and duration by proper
circuit design can minimize the turn-off losses in softswitching
cases.

8.11.2 Resonant Converters

Resonant and quasi-resonant converters are known for their
reduced switching loss [17]. Resonant converters with zero
current switching are built using MCTs and the circuit of one
such, a buck-converter, is shown in Fig. 8.9. The resonant com-
mutating network consisting of L., C;, auxiliary switch T;, and
diode D, enables the MCT to turn off under zero current. The
MCT must be turned off during the conduction period of Dy.
Commutating switch T, must be turned off when the resonant
current reaches zero.

A resonant dc link circuit with twelve parallel MCTs has been
reported [18]. In this circuit, the MCTs switch at zero-voltage
instants. The elimination of the switching loss allows operation
at higher switching frequencies, which in turn increases the
power density and offers better control of the spectral content.
The use of MCTs with the same forward drop provides good
current sharing.

D
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D, !
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? Cr I-r Load
H LYY YO\
FIGURE 8.9 Power circuit of MCT resonant buck converter.
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The MCTs are also used in ac-resonant-link converters with
pulse density modulation (PDM) [19]. The advantages of the
PDM converter, such as zero-voltage switching, combined with
those of the MCT make the PDM converter a suitable can-
didate for many ac—ac converter applications. In an ac—ac
PDM converter, a low-frequency ac voltage is obtained by
switching the high- frequency ac link at zero-crossing voltages.
Two MCTs with reverse-connected diodes form a bidirec-
tional switch that is used in the circuit. A single capacitor was
used as a simple snubber for both MCTs in the bidirectional
switch.

8.12 Conclusions

The MCT is a power switch with a MOS gate for turn-
on and turn-off. It is derived from a thyristor by adding
the features of a MOSFET. It has several advantages com-
pared to modern devices like the power MOSFET and
the IGBT. In particular, the MCT has a low forward
drop and a higher current density which are required for
high-power applications. The characteristics of Generation-
2 MCTs are better than those of Generation-1 MCTs. The
switching performance of Generation-2 MCTs is compara-
ble to the IGBTs. At one time, SPCO was developing both
PMCTs and NMCTs. The only product that is currently
under the product list of SPCO is the voltage/current con-
trolled Solidtron, which is a discharge switch utlilizing an
n-type MCT. The device features a high current and high
dl/dt capability and is used in capacitor discharge appli-
cations. The data on Solidtron can be obtained at: http://
www.siliconpower.com/Solidtron/Solid_home.htm.
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8.13 Appendix

The following is a summary of the specifications on a
600 V/150 A PMCT made by SPC:

Peak Off-state Voltage, Vprum —600V
Peak Reverse Voltage, VrRrm +40V
Continuous Cathode Current,

(T = 4+90°C), Ixgo 150 A
Non-repetitive Peak Cathode Current, Ixsm 5000 A
Peak Controllable Current, Ixc 300 A
Gate to Anode Voltage (Continuous), Vga +15V

S. Yuvarajan

Gate to Anode Voltage (Peak), Vgam +20V
Rate of Change of Voltage (Vga =15V),

dvy/dt 10 kV/us
Rate of Change of Current, di/dt 80 kA/p
Peak Off-state Blocking Current (Iprm)
(Vka = —600 V VG = +15V, Tc = +25°C)v 200 A
On-state Voltage (V)
(Ix = 100 A, Vga = —10VTc = 4+25°C) 1.3V
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9.1 Introduction

Static induction devices were invented in 1975 by J. Nishizawa
[1], and for many years, Japan was the only country where
static induction family devices were successfully fabricated.
Static induction transistor can be considered a short chan-
nel junction field effect transistor (JFET) device operating in
prepunch-through region. The number of devices in this fam-
ily is increasing with time. The SIT can operate with power
more than 100 kW at 100 kHz and more than 150 W at 3 GHz
[2]. These devices may operate up to THz frequencies [3, 4].
Static induction transistor logic had switching energy 100 times
smaller than its I*L competitor [5,6]. Static induction thyris-
tor has many advantages over the traditional silicon controlled
rectifier (SCR), and SID exhibits high switching speed, large
reverse voltage, and low forward voltage drops [7].

9.2 Theory of Static Induction Devices

The cross section of the SIT is shown in Fig. 9.1 and its char-
acteristics are shown in Fig. 9.2. An induced electrostatically
potential barrier controls the current in static induction

Copyright (© 2007, 2001, Elsevier Inc.
All rights reserved. DOI: 10.1016/B978-0-12-382036-5.00009-4

devices. The derivations of formulas will be done for an
n-channel device, but the obtained results with a little modi-
fication can also be applied to p-channel devices. For a small
electrical field existing in the vicinity of the potential barrier,
the drift and diffusion currents can be approximated by

Jh= _qn(x)MnM + gD dnlx)

_ 1
dx 1 dx ©-D

where D, = i, V1 and V1 = kT/q. By multiplying both sides
of the equation by exp(—¢(x)/ V) and rearranging

d
Ja exp(—%:)) = ana |:n(x) exp(—%:))} 9.2)

By integrating from x; to x;, one can obtain

D n(x2) exp(—@(x2)/ V1) — n(x1) exp(—@(x1)/ V1)

Jh = q )
[ exp(—¢(x)/Vr) dx

(9.3)
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FIGURE 9.1 Cross section of the static induction transistor.
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FIGURE 9.2 Characteristics of the early SIT design [1].

With the following boundary conditions

@(x1) =0;  n(x1) = Ns
@(x2) = Vp;  n(x) = Np (9.4)
Equation (9.3) reduces to
Dy, N
A (9.5)

[ exp(—e(x)/Vr)dx

X1

Note that the above equations derived for SIT can also be used
to find the current in any device controlled by a potential bar-
rier, such as a bipolar transistor, an MOS transistor operating
in subthreshold mode, or in a Schottky diode.

B. M. Wilamowski

9.3 Characteristics of Static Induction
Transistor

Samples of the potential distribution in the SI devices are
shown in Fig. 9.3 [7]. The vicinity of the potential barrier can
be approximated using parabolic formulas (Fig. 9.4) along and
across the channel [8,9].

o(x) = @[1 — (2% — 1)2}
o(y) = @[1 - (2% — 1)2}

Integrating Eq. (9.5) first along the channel and then across
the channel yields a very simple formula for drain currents in
n-channel SITs:

(9.6)

(9.7)

w [}
Ip = qDPNSZT exp VT (9.8)

where @ is the potential barrier height in reference to the
source potential, N is the electron concentration at the source,

WI/L ratio describes the shape of the potential saddle in the
vicinity of the barrier, and Z is the length of the source strip.
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FIGURE 9.3 Potential distribution in SIT: (a) view from the source side
and (b) view from the drain side.



9 Static Induction Devices

FIGURE 9.4 Potential distribution in the vicinity of the barrier approxi-
mated by parabolic shapes.

Since barrier height & can be a linear function of gate and
drain voltages, therefore

w
Ip = quNSZT exp(a(Vgs + bVps + &) / V1) (9.9)

The above equation describes characteristics of SIT for small
current levels. For large current levels, the device current is
controlled by the space charge of moving carriers. In one-
dimensional case, the potential distribution is described by the
Poisson equation:

&y

_px) _ Ips
d)CQ o

esicg  Av(x)

(9.10)

where A is the effective device cross section and v(x) is the car-
rier velocity. For a small electrical field v(x) = nE(x), Eq. (9.10)
results in

9 , A
Ips = gVDSMSSieo—S (9.11)

L

and for a large electrical field v(x) = const, Eq. (9.10) results in

A
Ips = 2Vpsvsatesi€o 2 (9.12)

where L is the channel length and vy &~ 10" wm/s is the
carrier saturation velocity. In practical devices, the current—
voltage relationship is described by an exponential relation-
ship, Eq. (9.9), for small currents by a quadratic relationship,
Eq. (9.11), and finally for large voltages by an almost linear rela-
tionship, Eq. (9.12). Static induction transistor characteristics
drawn in linear and logarithmic scales are shown in Figs. 9.5
and 9.6, respectively.

9.4 Bipolar Mode Operation of SI
devices (BSIT)

The bipolar mode of operation of an SIT was first reported
in 1976 by Nishizawa and Wilamowski [5, 6]. Several com-
plex theories for the bipolar mode of operation were developed
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FIGURE 9.5 Characteristics of the SIT drawn in a linear scale.
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FIGURE 9.6 Characteristics of the SIT drawn in a logarithmic scale.

[10-14], but actually the simple formula given by Eq. (9.5)
works well not only for the typical mode of the SIT oper-
ation but also for the bipolar mode of the SIT operation.
Furthermore, the same formula works very well for the classical
bipolar transistors. Typical characteristics of the SIT operating
in normal and bipolar modes are shown in Figs. 9.7 and 9.8.
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FIGURE 9.7 Small-size SIT characteristics operating in both the normal
and bipolar modes, Ipn = f(Vps) with Vs as a parameter.
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FIGURE 9.8 Small-size SIT characteristics, operating in both the nor-
mal and bipolar modes, Ip = f(Vps) with I; as a parameter.

A potential barrier controls the current in the SIT, as shown
in Fig. 9.9 and it is given by

qDn Ns

)
i exp(—%?)dx

X1

h= (9.13)

where ¢(x) is the profile of the potential barrier along the
channel.

B. M. Wilamowski

FIGURE 9.9 Potential distributions in SIT: (a) traditional and (b) with
sharp potential barrier.

For example, in the case of npn bipolar transistors, the
potential distribution across the base in reference to emit-
ter potential at the reference impurity level Ng=Ns is
described by

¢(x) = Vrln (9.14)

Ng(x)Ns exof — VBe
I’li2 b Vr

After substituting Eq. (9.14) into Eq. (9.13), one can obtain the
well-known equation for electron current injected into the base

qDar} exp<@>
X2 V
[ Np(x)dx B

X1

If Eq. (9.13) is valid for SIT and BJT, then one may assume that
it is also valid for the bipolar mode of operation of the SIT tran-
sistor. This is a well-known equation for the collector current
in the bipolar transistor, but this time it was derived using the
concept of the current flow through the potential barrier.
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9.5 CMT Conductivity Modulation
Transistor

The CMT conductivity modulation transistor has a unique
ability of controlling ac current flow without a significant dis-
tortion of the sinusoidal waveforms of flowing current [15].
The principle of operation of the CMT is illustrated in Fig. 9.10.
The potential profile of an ntn™n* structure is shown in
Fig. 9.10a. One may notice that holes injected in the n™ region
will drift to the lowest potential and will be trapped near a
potential barrier. In the case of forward direction, holes would
be in vicinity of the base B;, and in the case of reverse bias,
holes would be in the base B,. The positive charge of trapped
holes would lower the potential barriers near source or drain
depending on the direction of applied voltages. As a conse-
quence, larger current may flow through lowered potential
barrier.

In either biasing configuration, holes are trapped by the
potential well, and the number of accumulated holes in the
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n* LU (i) n* V=0
q n-
o
VBB<O
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15 e from 0 to 2mA — ]
E L
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g
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- ///
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(b)

FIGURE 9.10 CMT conductivity modulation transistor: (a) band dia-
grams and (b) typical current-voltage characteristics.
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vicinity of the potential barrier will depend upon the local
recombination rate. The voltage drop across a region of hole
accumulation is quite small due to the effect of conductivity
modulation. In this manner, the device operation is relatively
independent of the electric polarity between B; and B;.

The device has the unique characteristics of allowing for
proper operation for both polarities of B;—B, base volt-
ages while the controlling emitter current direction remains
unchanged (see Fig. 9.10b). Also, it should be noted that in the
vicinity of zero biasing, the device has extremely linear charac-
teristics. In fact, it behaves as a variable resistor controlled by
current injected by the emitter.

9.6 Static Induction Diode

The bipolar mode of operation of the SIT can also be used
to obtain diodes with low forward voltage drop and negligible
carrier storage effect [10, 11,13, 16]. A static induction diode
(SID) can be obtained by shorting a gate to the emitter of the
SIT [17,18]. Such diode has all the advantages of the SIT such
as thermal stability and short switching time. The cross section
of such diode is shown in Fig. 9.11.

SIT

(@)

Anode

AVAYAYS

Emitter |

Dmmm

I Cathode
(b)

FIGURE 9.11 Static induction diode: (a) circuit diagram and (b) cross
section.
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FIGURE 9.12 Schottky diode with enlarged breakdown voltages:
(a) circuit diagram, (b) and (c) two cross sections of possible implemen-
tation.

The quality of the SID can be further improved with
more sophisticated emitters (Fig. 9.10b,c). The SI diode
with Schottky emitter was described by Wilamowski in 1983
[19] (Fig. 9.12). A similar structure was later published by
Baliga [20].

9.7 Lateral Punch-Through Transistor

Fabrications of SI transistors usually require very sophisticated
technology. It is much simpler to fabricate a lateral punch-
through transistor, which operates on the same principle and
has similar characteristics [21] (Fig. 9.13). The cross section of
the LPTT is shown in Fig. 9.14.

9.8 Static Induction Transistor Logic

The static induction transistor logic (SITL) was proposed by
Nishizawa and Wilamowski [5, 6]. This logic circuit has almost
100 times better power-delay product than its I>L competi-
tor. Such drastic improvement of the power-delay product is

B. M. Wilamowski
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FIGURE 9.13 Characteristics of lateral punch-through transistor.
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FIGURE 9.14 Structures of the lateral punch-through transistors:
(a) simple and (b) with sharper potential barrier.

i ieren

FIGURE 9.15 Cross section of SIT logic.

possible because the SITL structure has a significantly smaller
junction parasitic capacitance, and also the voltage swing is
reduced. Figures 9.15 and 9.16 illustrate the concept of SITL.
Measured characteristics of an n-channel transistor of the static
induction logic are shown in Fig. 9.17.
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FIGURE 9.16 Diagrams of SIT logic.
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FIGURE 9.17 Measured characteristics of n-channel transistor of the
logic circuit of Fig. 9.16.

9.9 BJT Saturation Protected by SIT

The SI transistor can also be used instead of a Schottky diode
to protect a bipolar junction transistor against saturation [22].
This leads to faster switching time. The concept is shown in
Figs. 9.18 and 9.19. Note that this approach is advantageous
to the solution with Schottky diode since it does not require
additional area on a chip and it does not introduce additional
capacitance between the base and the collector. The base col-
lector capacitance is always enlarged by the Miller effect, and
this leads to slower switching in the case of the solution with
the Schottky diode.

9.10 Static Induction MOS Transistor

The punch-through transistor with MOS-controlled gate was
described in 1983 [23, 24]. In the illustration shown in
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FIGURE 9.18 Protection of bipolar transistor against deep saturation:
(a) using Schottky diode and (b) using SIT.
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FIGURE 9.19 Cross sections of bipolar transistors protected against
deep saturation using SIT.

Fig. 9.20a, current can flow in a similar fashion as in the lat-
eral punch-through transistor [21]. In this mode of operation,
carriers are moving far from the surface with a velocity close to
the saturation velocity. The real advantage of such structure is
the very low gate capacitance.

Another implementation of static induction MOS transistor
(SIMOS) is shown in Fig. 9.21. The buried p™ layer is con-
nected to the substrate, which has a large negative potential.
As a result, the potential barrier is high and the emitter—drain
current cannot flow. The punch-through current may start to
flow when the positive voltage is applied to the gate, and hence
in this way, the potential barrier is lowered. The p-implant layer
is depleted, and due to the high horizontal electrical field under
the gate, there is no charge accumulation under this gate. Such
a transistor has several advantages over the traditional MOS
transistor.

1. The gate capacitance is very small, since there is no
accumulation layer under the gate.

2. Carriers are moving with a velocity close to saturation
velocity.

3. Much lower substrate doping and the existing depletion
layer lead to much smaller drain capacitance.

The device operates in a similar fashion as MOS transistor
in subthreshold conditions, but this process occurs at much
higher current levels. Such “bipolar mode” of operation may
have many advantages in VLSI applications.
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FIGURE 9.20 MOS controlled punch-through transistor: (a) transis-
tor in the punch-through mode for the negative gate potential and
(b) transistor in the on-state for the positive gate potential.

9.11 Space Charge Limiting Load (SCLL)

Using the concept of the space charge limited current flow, as
shown in Fig. 9.22, it is possible to fabricate very large resis-
tors on a very small area. Moreover, these resistors have a
very small parasitic capacitance. For example, a 50-kS2 resistor
requires only several square micrometers when 2-pum feature
size technology is used [7].

Depending on the value of the electrical field, the device cur-
rent is described by the following two equations. For a small
electrical field v(x) = wE(x)

9 , A
Ips = 3 VDSILESieoE (9.16)
For a large electrical field v(x) = const
A
Ips = ZVDSVsatESiSOE (9.17)

Moreover, these resistors, which are based on the space
charge limit flow, have a very small parasitic capacitance.
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FIGURE 9.21 Static induction MOS structure: (a) cross section and

(b) top view.

FIGURE 9.22 Space charge limiting load (SCLL).

9.12 Power MOS Transistors

Power MOS transistors are being used for fast switching power
supplies and for switching power converters. They can be
driven with relatively small power, and switching frequencies
could be very high. High switching frequencies lead to compact
circuit implementations with small inductors and small capaci-
tances. Basically, only two technologies, DMOS and VMOS, are
used for power MOS devices as shown in Figs. 9.23 and 9.24.
A more popular structure is the DMOS shown in Fig. 9.24.
This structure also uses the SIT concept. Note that for large
drain voltages, the n-region is depleted from carriers and stati-
cally induced electrical field in the vicinity of the virtual drain is
significantly reduced. As a result, this transistor may withstand
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FIGURE 9.23 Cross section of the VMOS transistor.
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FIGURE 9.24 Cross section of the DMOS transistor.

O S
FIGURE 9.25 MOS and SIT equivalent to the structure of Fig. 9.24.

much larger drain voltages and also the effect of channel length
modulation is significantly reduced. The later effect leads to
larger output resistances of the transistor. Therefore, the drain
current is less sensitive to drain voltage variations. The struc-
ture shown in Fig. 9.24 can be considered a composition of the
MOS transistor and the SIT transistor as shown in Fig. 9.25.
The major disadvantage of power MOS transistors is rela-
tively large drain series resistance and much smaller transcon-
ductance in comparison to bipolar transistors. Both of these
parameters can be improved dramatically by a simple change
of the type of drain, in the case of #n-channel device from n-type
to p-type drain. This way the integrated structure is being built
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FIGURE 9.26 Insulated gate bipolar transistor (IGBT): (a) cross section
and (b) equivalent diagram.

where its equivalent diagram consists of MOS transistor inte-
grated with bipolar transistor. Such structure has 8 times larger
transconductance (B is the current gain of bipolar transistor)
and much smaller series resistance due to the conductivity
modulation effect caused by holes injected into lightly doped
drain region. Such device is known as insulated gate bipolar
transistors (IGBT), which is shown in Fig. 9.26. Their main
disadvantage is large switching time limited primarily by poor
switching performance of bipolar transistor. Another difficulty
is related to a possible latch-up action of four-layer n* pn~p™*
structure. This undesired effect could be suppressed by using
heavily doped p* region in the base of NPN structure, which
leads to significant reduction of the current gain of this para-
sitic transistor. The gain of other PNP transistor must be kept
large, so the transconductance of the entire device is large too.
The IGBT transistor has breakdown voltages up to 1500V, and
turn-off times are in the range 0.1-0.5s. They may oper-
ate with currents above 100 A with a forward voltage drop of
about 3 V.

9.13 Static Induction Thyristor

There are several special semiconductor devices dedicated
to high-power applications. The most popular is thyristor
known also as silicon control rectifier (SCR). This device is
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FIGURE 9.27 Silicon control rectifier: (a) cross section and (b) equiva-
lent diagram.
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FIGURE 9.28 Silicon control rectifier with larger dv/dt parameter:
(a) cross section and (b) equivalent diagram.

a four-layer structure as shown in Fig. 9.27a and it can be
considered as two transistors npn and pnp connected as shown
in Fig. 9.27b.

In normal operation mode (anode has positive potential),
only one junction is reverse-biased, and it can be represented
by capacitance C. A spike of anode voltage can, therefore, be
obtained through capacitor C, and it can trigger SCR. This
behavior is not acceptable in practical applications and there-
fore a different device structure is being used as shown in
Fig. 9.28. Note that by shorting gate to cathode by resistor R,
it is much more difficult to trigger the npn transistor by spike
of anode voltage. This way rapid change of anode voltages is
not able to trigger thyristor. Therefore, this structure has very
large dv/dt parameter.

When NPN transistor is replaced with Sltransistor, parame-
ters of a thyristor can be significantly improved. For example,
with breaking voltage in the range of 5kV and current of 600 A,
the switching on time can be as short as 100ns and dv/dt
parameter can be as large as 50 kV/s [16,25].

Most of the SCRs sold in the market comprise an integrated
structure composed of two or more thyristors. This structure
has both large dv/dt and di/dt parameters. This structure con-
sists of internal thyristor that significantly amplifies the gate
signal.

B. M. Wilamowski
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FIGURE 9.29 Integrated structure of silicon control rectifier: (a) cross
section and (b) equivalent diagram.
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FIGURE 9.30 GTO-SIT: (a) cross section and (b) equivalent diagram.

The classical thyristor shown in Fig. 9.27 can be turned off by
the gate voltage while integrated SCR shown in Fig. 9.29 can be
only turned off by decreasing anode current to zero. Most of the
SCRs sold in the market have an integrated structure composed
of two or more thyristors. This structure has both large dv/d¢
and di/dt parameters.

9.14 Gate Turn-Off Thyristor

For dc operation, it is important to have a thyristor that can
be turned off by the gate voltage. Such thyristor has a structure
similar to the one shown in Fig. 9.27. However, it is important
to have significantly different current gains 8 for pnp and npn
transistors. The current gain of npn transistor should be as large
as possible, and the current gain of pnp transistor should be
small. The product of B;pn and Byp should be larger than one.
This can be easily implemented using SI structure as shown in
Fig. 9.30.

9.15 Summary

Several devices from the static induction family such as static
induction transistor (SIT), static induction diode (SID), static
induction thyristor, lateral punch-through transistor (LPTT),
static induction transistor logic (SITL), static induction MOS
transistor (SIMOS), and space charge limiting load (SCLL) are
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described. The theory of operation of static induction devices
is given for both a current controlled by a potential barrier and
a current controlled by space charge. The new concept of a
punch-through emitter (PTE), which operates with majority
carrier transport, is presented.
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10.1 Introduction

10.2 Single-phase Diode Rectifiers

This chapter describes the application and design of diode
rectifier circuits. It covers single-phase rectifier circuits, three-
phase rectifier circuits, poly-phase rectifier circuits, and high-
frequency rectifier circuits. The objectives of this chapter are:

o To enable the readers to understand the operation of
typical rectifier circuits.

« To enable the readers to appreciate the different qualities
of rectifiers required for different applications.

« To enable the reader to design practical rectifier circuits.

The high-frequency rectifier waveforms given are obtained
from PSPICE simulations, which take into account the
secondary effects of stray and parasitic components. In this
way, the waveforms can closely resemble the real ones. These
waveforms are particularly useful to help designers deter-
mine the practical voltage, current, and other ratings of
high-frequency rectifiers.

Copyright © 2007, 2001, Elsevier Inc.
All rights reserved. DOI: 10.1016/B978-0-12-382036-5.00010-0

There are two types of single-phase diode rectifier that convert
a single-phase ac supply into a dc voltage, namely, single-
phase half-wave rectifiers and single-phase full-wave rectifiers.
In the following subsections, the operations of these rectifier
circuits are examined and their performances are analyzed
and compared in a tabulated form. For the sake of sim-
plicity, the diodes are considered to be ideal, i.e. they have
zero forward voltage drop and reverse recovery time. This
assumption is generally valid for the case of diode rectifiers
which use the mains, a low-frequency source, as the input,
and when the forward voltage drop is small compared with
the peak voltage of the mains. Furthermore, it is assumed
that the load is purely resistive such that the load voltage
and the load current have similar waveforms. In Section 10.5,
Filtering Systems in Rectifiers, the effects of inductive load
and capacitive load on a diode rectifier are considered in
detail.
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10.2.1 Single-phase Half-wave Rectifiers

The simplest single-phase diode rectifier is the single-phase
half-wave rectifier. A single-phase half-wave rectifier with resis-
tive load is shown in Fig. 10.1. The circuit consists of only
one diode that is usually fed with a secondary transformer
as shown. During the positive half-cycle of the transformer
secondary voltage, diode D conducts. During the negative
half-cycle, diode D stops conducting. Assuming that the trans-
former has zero internal impedance and provides perfect
sinusoidal voltage on its secondary winding, the voltage and
current waveforms of resistive load R and the voltage waveform
of diode D are shown in Fig. 10.2.

By observing the voltage waveform of diode D in Fig. 10.2,
it is clear that the peak inverse voltage (PIV) of diode D is
equal to V,,, during the negative half-cycle of the transformer
secondary voltage. Hence the peak repetitive reverse voltage
(VrRrm) rating of diode D must be chosen to be higher than
Vi to avoid reverse breakdown. In the positive half-cycle of the
transformer secondary voltage, diode D has a forward current
which is equal to the load current, therefore the peak repetitive
forward current (Ipgps) rating of diode D must be chosen to

Vp
— .
I
N »
1% >

D

FIGURE 10.1 A single-phase half-wave rectifier with resistive load.
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FIGURE 10.2 Voltage and current waveforms of the half-wave rectifier
with resistive load.
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be higher than the peak load current, V,;, = R, in practice. In
addition, the transformer has to carry a dc current that may
result in a dc saturation problem of the transformer core.

10.2.2 Single-phase Full-wave Rectifiers

There are two types of single-phase full-wave rectifier, namely,
full-wave rectifiers with center-tapped transformer and bridge
rectifiers. A full-wave rectifier with a center-tapped trans-
former is shown in Fig. 10.3. It is clear that each diode, together
with the associated half of the transformer, acts as a half-wave
rectifier. The outputs of the two half-wave rectifiers are com-
bined to produce full-wave rectification in the load. As far as
the transformer is concerned, the dc currents of the two half-
wave rectifiers are equal and opposite, such that there is no
dc current for creating a transformer core saturation problem.
The voltage and current waveforms of the full-wave rectifier
are shown in Fig. 10.4. By observing diode voltage waveforms
vp1 and vp, in Fig. 10.4, it is clear that the PIV of the diodes
is equal to 2V}, during their blocking state. Hence the Vrpp
rating of the diodes must be chosen to be higher than 2V,
to avoid reverse breakdown. (Note that, compared with the
half-wave rectifier shown in Fig. 10.1, the full-wave rectifier
has twice the dc output voltage, as shown in Section 10.2.4.)
During its conducting state, each diode has a forward current
which is equal to the load current, therefore the Irgps rating of
these diodes must be chosen to be higher than the peak load
current, V,,, = R, in practice.

Employing four diodes instead of two, a bridge rectifier as
shown in Fig. 10.5 can provide full-wave rectification without
using a center-tapped transformer. During the positive half-
cycle of the transformer secondary voltage, the current flows to
the load through diodes D; and D,. During the negative half-
cycle, D3 and D4 conduct. The voltage and current waveforms
of the bridge rectifier are shown in Fig. 10.6 As with the full-
wave rectifier with center-tapped transformer, the Irgys rating
of the employed diodes must be chosen to be higher than the
peak load current, V,,, = R. However, the PIV of the diodes is
reduced from 2V, to V,, during their blocking state.

D1
\
VS ;’ iL
p
& A
Vs

Vg =V, sin wt

FIGURE 10.3 Full-wave rectifier with center-tapped transformer.
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FIGURE 10.4 Voltage and current waveforms of the full-wave rectifier
with center-tapped transformer.

Ds

o &
Q it
D, z‘g D,

Vg =V, sin ot

FIGURE 10.5 Bridge rectifier.

10.2.3 Performance Parameters

In this subsection, the performance of the rectifiers mentioned
above will be evaluated in terms of the following parameters.
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FIGURE 10.6 Voltage and current waveforms of the bridge rectifier.

10.2.3.1 Voltage Relationships

The average value of the load voltage vy is Vy. and it is
defined as

1 T
Vi = —/ v (t) dt (10.1)
0

T
In the case of a half-wave rectifier, Fig. 10.2 indicates that
load voltage v, (t) = 0 for the negative half-cycle. Note that the

angular frequency of the source w = 27 = T, and Eq. (10.1)
can be re-written as

1 T
Vie = —/ Vi sinwt d(wt) (10.2)
27 0
Therefore,
Vin
Half-wave Vi = —2 = 0.318V,, (10.3)
b1g

In the case of a full-wave rectifier, Figs. 10.4 and 10.6 indicate
that v, (t) = Vy,|sinwt| for both the positive and negative
half-cycles. Hence Eq. (10.1) can be re-written as

1

g
Vie = ;f Vi sinwt d(wt) (10.4)
0

Therefore,

2V,
Full-wave V= —2 = 0.636V,, (10.5)
T
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The root-mean-square (rms) value of load voltage vy, is Vi,
which is defined as

V= ! Tz(t)dt
L= ?/0 VL

In the case of a half-wave rectifier, v, (t) = 0 for the negative
half-cycle, therefore Eq. (10.6) can be re-written as

172
(10.6)

1 T
Vi = \/—/ (Vi sin wt)?d(wt) (10.7)
2w 0
or
Vi
Half-wave V= > =0.5V, (10.8)

In the case of a full-wave rectifier, vi(t) = V| sin wt| for
both the positive and negative half-cycles. Hence Eq. (10.6)
can be re-written as

Vi = \/l /n (Vi sin wt)?2d(wt)
T Jo

(10.9)

or

v
Full-wave V= —2 =0.707V,,

V2

The result of Eq. (10.10) is as expected because the rms
value of a full-wave rectified voltage should be equal to that of
the original ac voltage.

(10.10)

10.2.3.2 Current Relationships

The average value of load current i, is I and because load R
is purely resistive it can be found as

Vie

lie == (10.11)

The rms value of load current i is I; and it can be found as

L= (10.12)
In the case of a half-wave rectifier, from Eq. (10.3)
Half-wave I; = % (10.13)
and from Eq. (10.8)
Half-wave I = 0-5 Vi (10.14)

R
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In the case of a full-wave rectifier, from Eq. (10.5)

0.636Vy,

Full-wave I; = R (10.15)
and from Eq. (10.10)
0.707V,
Full-wave I} = Tm (10.16)

10.2.3.3 Rectification Ratio

The rectification ratio, which is a figure of merit for comparing
the effectiveness of rectification, is defined as

Ve Tdc
ViiL

Py
0O = — =
Pr

(10.17)

In the case of a half-wave diode rectifier, the rectification
ratio can be determined by substituting Eqgs. (10.3), (10.13),
(10.8), and (10.14) into Eq. (10.17).

~ (0.318V,,)?

(O.5Vm)2 = 40.5%

Half-wave (10.18)

In the case of a full-wave rectifier, the rectification ratio
is obtained by substituting Eqgs. (10.5), (10.15), (10.10), and
(10.16) into Eq. (10.17).

_ (0.636V,,)

o= """ =81%
(0.707 V)

Full-wave (10.19)

10.2.3.4 Form Factor

The form factor (FF) is defined as the ratio of the root-mean-
square value (heating component) of a voltage or current to
its average value,

V 1
FF = L or L
Ve Lgc

(10.20)

In the case of a half-wave rectifier, the FF can be found by
substituting Eqs. (10.8) and (10.3) into Eq. (10.20).

0.5V,

FF= ——— =
0.318V,,

Half-wave 1.57 (10.21)

In the case of a full-wave rectifier, the FF can be found by
substituting Eqs. (10.16) and (10.15) into Eq. (10.20).

0.707 Vy

FF = ———
0.636V,,

Full-wave =1.11 (10.22)



10 Diode Rectifiers

10.2.3.5 Ripple Factor

The ripple factor (RF), which is a measure of the ripple
content, is defined as

RF _ Vuc

= (10.23)
Vdc

where V. is the effective (rms) value of the ac component of

load voltage vy.
Vac = V VLZ - dec

Substituting Eq. (10.24) into Eq. (10.23), the RF can be
expressed as

(10.24)

RF = (VL)2—1=\/FF2—1 (10.25)
Ve
In the case of a half-wave rectifier,
Half-wave RF =+/1.572 — 1 = 1.21 (10.26)
In the case of a full-wave rectifier,
Full-wave RE = +/1.112 — 1 = 0.482 (10.27)

10.2.3.6 Transformer Utilization Factor

The transformer utilization factor (TUF), which is a measure
of the merit of a rectifier circuit, is defined as the ratio of the
dc output power to the transformer volt-ampere (VA) rating
required by the secondary winding,

P
TUF = —%< —
VI

Vaclic
VI

(10.28)

where V; and I, are the rms voltage and rms current ratings of
the secondary transformer.

v,
Vi= —2 =0.707V,,

V2

The rms value of the transformer secondary current I; is the
same as that of the load current I;. For a half-wave rectifier, I
can be found from Eq. (10.14).

(10.29)

0.5V,

L=

Half-wave (10.30)

For a full-wave rectifier, I is found from Eq. (10.16).

0.707Vy,

L=~

Full-wave (10.31)
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Therefore, the TUF of a half-wave rectifier can be obtained
by substituting Eqs. (10.3), (10.13), (10.29), and (10.30) into
Eq. (10.28).

0.3182

TUF = ——
0.707 x 0.5

Half-wave =0.286 (10.32)

The poor TUF of a half-wave rectifier signifies that the trans-
former employed must have a 3.496 (1/0.286) VA rating in
order to deliver 1 W dc output power to the load. In addition,
the transformer secondary winding has to carry a dc current
that may cause magnetic core saturation. As a result, half-wave
rectifiers are used only when the current requirement is small.

In the case of a full-wave rectifier with center-tapped trans-
former, the circuit can be treated as two half-wave rectifiers
operating together. Therefore, the transformer secondary VA
rating, VI, is double that of a half-wave rectifier, but the out-
put dc power is increased by a factor of four due to higher
the rectification ratio as indicated by Eqgs. (10.5) and (10.15).
Therefore, the TUF of a full-wave rectifier with center-tapped
transformer can be found from Eq. (10.32)

4 x 0.3182

TUF =————«——
2 x0.707 x 0.5

Full-wave =0.572 (10.33)

In the case of a bridge rectifier, it has the highest TUF
in single-phase rectifier circuits because the currents flowing
in both the primary and secondary windings are continuous
sinewaves. By substituting Egs. (10.5), (10.15), (10.29), and
(10.31) into Eq. (10.28), the TUF of a bridge rectifier can be
found.

0.6362
TUF= ——— =0.81

(0.707)* (1034

Bridge

The transformer primary VA rating of a full-wave rectifier
is equal to that of a bridge rectifier since the current flowing
in the primary winding is also a continuous sinewave.

10.2.3.7 Harmonics

Full-wave rectifier circuits with resistive load do not produce
harmonic currents in their transformers. In half-wave recti-
fiers, harmonic currents are generated. The amplitudes of the
harmonic currents of a half-wave rectifier with resistive load,
relative to the fundamental, are given in Table 10.1. The extra
loss caused by the harmonics in the resistive loaded rectifier
circuits is often neglected because it is not high compared with
other losses. However, with non-linear loads, harmonics can
cause appreciable loss and other problems such as poor power
factor and interference.
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TABLE 10.1 Harmonic percentages of a half-wave rectifier with
resistive load
Harmonic 2nd 3rd 4th 5th 6th 7th 8th
% 21.2 0 4.2 0 1.8 0 1.01

10.2.4 Design Considerations

In a practical design, the goal is to achieve a given dc output
voltage. Therefore, it is more convenient to put all the design
parameters in terms of V.. For example, the rating and turns
ratio of the transformer in a rectifier circuit can be easily deter-
mined if the rms input voltage to the rectifier is in terms of
the required output voltage V.

Denote the rms value of the input voltage to the rectifier
as Vs, which is equal to 0.707V,,. Based on this relation and
Eq. (10.3), the rms input voltage to a half-wave rectifier is
found as

Half-wave V; =222V, (10.35)

Similarly, from Eqs. (10.5) and (10.29), the rms input
voltage per secondary winding of a full-wave rectifier is
found as

Full-wave V;=1.11V, (10.36)

Another important design parameter is the Vrrps rating of
the diodes employed.
In the case of a half-wave rectifier, from Eq. (10.3),

Ve

10.37
0.318 ( )

Half-wave Vi =

VRrRM = =3.14V,

TABLE 10.2

Y. S. Lee and M. H. L. Chow

In the case of a full-wave rectifier with center-tapped
transformer, from Eq. (10.5),

Full v W= 2V _314v,  (1038)
- Vi = = = J. .
ull-wave RRM m 0.636 dc
In the case of a bridge rectifier, also from Eq. (10.5),
. Vic
Brid V =Vn= = 1.57V, 10.39
ridge Virm = Vi = de ( )

It is important to evaluate the Irgps rating of the employed
diodes in rectifier circuits.
In the case of a half-wave rectifier, from Eq. (10.13),

Vm Idc
Half-wave I = — = = 3.41] 10.40
wave Ippy = —= = =0 de ( )
In the case of full-wave rectifiers, from Eq. (10.15),
Vin Lic
Full-wave I = — = = 1.57] 10.41
ull-wave - Ipry = —= = =2 de ( )

The important design parameters of basic single-phase rec-
tifier circuits with resistive loads are summarized in Table 10.2.

10.3 Three-phase Diode Rectifiers

It has been shown in Section 10.2 that single-phase diode recti-
fiers require a rather high transformer VA rating for a given dc
output power. Therefore, these rectifiers are suitable only for
low to medium power applications. For power output higher
than 15kW, three-phase or poly-phase diode rectifiers should
be employed. There are two types of three-phase diode rectifier
that convert a three-phase ac supply into a dc voltage, namely,
star rectifiers and bridge rectifiers. In the following subsections,

Important design parameters of basic single-phase rectifier circuits with resistive load

Half-wave Full-wave rectifier Full-wave bridge
rectifier with center-tapped rectifier
transformer

Peak repetitive reverse voltage Vrry 3.14V,. 3.14V,, 1.57V .
RMS input voltage per transformer leg V 222V 111V 111V
Diode average current Ir(sy) 1.001 4, 0.501 0.501
Peak repetitive forward current Irgys 3.14Ip(Av) L.57Ipav) L.57Ipav)
Diode rms current Ir(Rrps) 1.571, 0.7851;, 0.7851 4,
Form factor of diode current Irrns)/Ir(av) 1.57 1.57 1.57
Rectification ratio 0.405 0.81 0.81
Form factor 1.57 1.11 1.11
Ripple factor 1.21 0.482 0.482
Transformer rating primary VA 2.69P;, 1.23P,, 1.23P,,
Transformer rating secondary VA 3.49P,, 1.75P;, 1.23P;,
Output ripple frequency f; 1f; 2f; 2f;
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the operations of these rectifiers are examined and their perfor-
mances are analyzed and compared in tabulated form. For the
sake of simplicity, the diodes and the transformers are consid-
ered to be ideal, i.e. the diodes have zero forward voltage drop
and reverse current, and the transformers possess no resistance
and no leakage inductance. Furthermore, it is assumed that the
load is purely resistive, such that the load voltage and the load
current have similar waveforms. In Section 10.5 Filtering Sys-
tems in Rectifier Circuits, the effects of inductive load and
capacitive load on a diode rectifier are considered in detail.

10.3.1 Three-phase Star Rectifiers

10.3.1.1 Basic Three-phase Star Rectifier Circuit

A basic three-phase star rectifier circuit is shown in Fig. 10.7.
This circuit can be considered as three single-phase half-wave
rectifiers combined together. Therefore it is sometimes referred
to as a three-phase half-wave rectifier. The diode in a particu-
lar phase conducts during the period when the voltage on that
phase is higher than that on the other two phases. The voltage
waveforms of each phase and the load are shown in Fig. 10.8.
It is clear that, unlike the single-phase rectifier circuit, the con-
duction angle of each diode is 27/3, instead of 7. This circuit
finds uses where the required dc output voltage is relatively
low and the required output current is too large for a practical
single-phase system.
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FIGURE 10.7 Three-phase star rectifier.
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Taking phase R as an example, diode D conducts from 7/6
to 57/6. Therefore, using Eq. (10.1) the average value of the
output can be found as

3 57‘[/6
Vi = —/ V, sin 6d6 (10.42)
27 Juse
or
343
Vie = Vm_% = 0.827Vy, (10.43)
T

Similarly, using Eq. (10.6), the rms value of the output
voltage can be found as

3 51/6
: 2
VL:\/—/ (Vi sin )~ dé
21 Ja

(10.44)

A
Van Vyn Ven
A
wt
T 2r 3r

wt

> ot

| I ot

-1.73V,,

FIGURE 10.8 Waveforms of voltage and current of the three-phase star rectifier shown in Fig. 10.7.
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Important design parameters of the three-phase rectifier circuits with the resistive load

Three-phase
star rectifier

Three-phase
double-star rectifier
with inter-phase

Three-phase
bridge rectifier

transformer
Peak repetitive reverse voltage Vrpy 2.092Vy, 1.06V,, 1.05Vy,
RMS input voltage per transformer leg V; 0.855V, 0.855V, 0.428V,
Diode average current Ir(y) 0.3331,, 0.1671;, 0.33314,
Peak repetitive forward current Irgps 3.63Ip(av) 3.15Ip(av) 3.14IpAv)
Diode rms current Irrps) 0.5871 0.2931,, 0.5791
Form factor of diode current Irrns)/Ip(ay) — 1.76 1.76 1.74
Rectification ratio 0.968 0.998 0.998
Form factor 1.0165 1.0009 1.0009
Ripple factor 0.182 0.042 0.042
Transformer rating primary VA 1.23P,. 1.06P4. 1.05P;,
Transformer rating secondary VA 1.51Py, 1.49P;, 1.05P;,
Output ripple frequency f; 3f; 6f; 6f;

or

=0.84V,, (10.45)

In addition, the rms current in each transformer secondary
winding can also be found as

= 0.4851, (10.46)

where I,,, = V,,/R.

Based on the relationships stated in Egs. (10.43), (10.45),
and (10.46), all the important design parameters of the three-
phase star rectifier can be evaluated, as listed in Table 10.3,
which is given at the end of Subsection 10.3.2. Note that, as
with a single-phase half-wave rectifier, the three-phase star rec-
tifier shown in Fig. 10.7 has direct currents in the secondary
windings that can cause a transformer core saturation prob-
lem. In addition, the currents in the primary do not sum

to zero. Therefore it is preferable not to have star-connected
primary windings.

10.3.1.2 Three-phase Inter-star Rectifier Circuit

The transformer core saturation problem in the three-phase
star rectifier can be avoided by a special arrangement in its sec-
ondary windings, known as zig-zag connection. The modified
circuit is called the three-phase inter-star or zig-zag rectifier
circuit, as shown in Fig. 10.9. Each secondary phase voltage
is obtained from two equal-voltage secondary windings (with
a phase displacement of 7/3) connected in series so that the
dc magnetizing forces due to the two secondary windings on
any limb are equal and opposite. At the expense of extra sec-
ondary windings (increasing the transformer secondary rating
factor from 1.51 to 1.74 VA/W), this circuit connection elimi-
nates the effects of core saturation and reduces the transformer
primary rating factor to the minimum of 1.05VA/W. Apart
from transformer ratings, all the design parameters of this
circuit are the same as those of a three-phase star rectifier
(therefore not separately listed in Table 10.3). Furthermore, a
star-connected primary winding with no neutral connection

Av4

FIGURE 10.9 Three-phase inter-star rectifier.
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is equally permissible because the sum of all primary phase
currents is zero at all times.

10.3.1.3 Three-phase Double-star Rectifier with
Inter-phase Transformer

This circuit consists essentially of two three-phase star rectifiers
with their neutral points interconnected through an inter-
phase transformer or reactor (Fig. 10.10). The polarities of the
corresponding secondary windings in the two interconnected
systems are reversed with respect to each other, so that the rec-
tifier output voltage of one three-phase unit is at a minimum
when the rectifier output voltage of the other unit is at a max-
imum as shown in Fig. 10.11. The function of the inter-phase
transformer is to cause the output voltage v to be the aver-
age of the rectified voltages v1 and 12 as shown in Fig. 10.11.
In addition, the ripple frequency of the output voltage is now
six times that of the mains and therefore the component size
of the filter (if there is any) becomes smaller. In a balanced
circuit, the output currents of two three-phase units flowing
in opposite directions in the inter-phase transformer wind-
ing will produce no dc magnetization current. Similarly, the
dc magnetization currents in the secondary windings of two
three-phase units cancel each other out.

By virtue of the symmetry of the secondary circuits, the
three primary currents add up to zero at all times. Therefore,
a star primary winding with no neutral connection would be
equally permissible.

10.3.2 Three-phase Bridge Rectifiers

Three-phase bridge rectifiers are commonly used for high
power applications because they have the highest possible
transformer utilization factor for a three-phase system. The
circuit of a three-phase bridge rectifier is shown in Fig. 10.12.

FIGURE 10.10 Three-phase double-star rectifier with inter-phase trans-
former.
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The diodes are numbered in the order of conduction sequences
and the conduction angle of each diode is 27/3.

The conduction sequence for diodes is 12, 23, 34, 45,
56, and 61. The voltage and the current waveforms of the
three-phase bridge rectifier are shown in Fig. 10.13. The line
voltage is 1.73 times the phase voltage of a three-phase star-
connected source. It is permissible to use any combination
of star- or delta-connected primary and secondary windings
because the currents associated with the secondary windings
are symmetrical.

Using Eq. (10.1) the average value of the output can be
found as

6 2m/3
V= — f V3V, sin0do (10.47)
2 /3
or
343
V3 (10.48)

Vie = Vip—" = 1654V,
T

Similarly, using Eq. (10.6), the rms value of the output
voltage can be found as

9 27‘[/3
V== / (V, sin 0)% do (10.49)
T Jr/i3
or
393
Vi= V| =+ V3 = 1.655V,, (10.50)
2 4

In addition, the rms current in each transformer secondary
winding can also be found as

(10.51)

(10.52)

where I,,, = 1.73V,,,/R.

Based on Egs. (10.48), (10.50), (10.51), and (10.52), all the
important design parameters of the three-phase star rectifier
can be evaluated, as listed in Table 10.3. The dc output voltage
is slightly lower than the peak line voltage or 2.34 times the
rms phase voltage. The Vgpy rating of the employed diodes
is 1.05 times the dc output voltage, and the Ipgp rating of
the employed diodes is 0.579 times the dc output current.
Therefore, this three-phase bridge rectifier is very efficient and
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FIGURE 10.11 Voltage waveforms of the three-phase double-star rectifier.
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FIGURE 10.13 Voltage and current waveforms of the three-phase bridge rectifier.
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popular wherever both dc voltage and current requirements
are high. In many applications, no additional filter is required
because the output ripple voltage is only 4.2%. Even if a filter
is required, the size of the filter is relatively small because the
ripple frequency is increased to six times the input frequency.

10.3.3 Operation of Rectifiers with Finite Source
Inductance

It has been assumed in the preceding sections that the com-
mutation of current from one diode to the next takes place
instantaneously when the inter-phase voltage assumes the nec-
essary polarity. In practice this is hardly possible, because there
are finite inductances associated with the source. For the pur-
pose of discussing the effects of the finite source inductance,
a three-phase star rectifier with transformer leakage induc-
tances is shown in Fig. 10.14, where I}, L, I3 denote the
leakage inductances associated with the transformer secondary
windings.

Refer to Fig. 10.15. At the time when vyy is about to become
larger than vry, due to leakage inductance I;, the current in Dy
cannot fall to zero immediately. Similarly, due to the leakage
inductance b, the current in D, cannot increase immediately

a3 Ju

FIGURE 10.14 Three-phase star rectifier with the transformer leakage
inductances.

> ot
ip 4 +— overlap angle
L R /\
Dy : D,
conducts C conducts
wt

FIGURE 10.15 Waveforms during commutation in Fig. 10.14.
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to the full value. The result is that both the diodes conduct for
a certain period, which is called the overlap (or commutation)
angle. The overlap reduces the rectified voltage vy as shown
in the upper voltage waveform of Fig. 10.15. If all the leakage
inductances are equal, i.e. I} = L = I = I, then the amount
of reduction of dc output voltage can be estimated as mf;l. I,
where m is the ratio of the lowest-ripple frequency to the input
frequency.

For example, for a three-phase star rectifier operating from a
60-Hz supply with an average load current of 50 A, the amount
of reduction of the dc output voltage is 2.7V if the leakage
inductance in each secondary winding is 300 wH.

10.4 Poly-phase Diode Rectifiers

10.4.1 Six-phase Star Rectifier

A basic six-phase star rectifier circuit is shown in Fig. 10.16.
The six-phase voltages on the secondary are obtained by means
of a center-tapped arrangement on a star-connected three-
phase winding. Therefore, it is sometimes referred to as a
three-phase full-wave rectifier. The diode in a particular phase
conducts during the period when the voltage on that phase is
higher than that on the other phases. The voltage waveforms
of each phase and the load are shown in Fig. 10.17. It is clear
that, unlike the three-phase star rectifier circuit, the conduc-
tion angle of each diode is 7/3, instead of 277/3. Currents flow
in only one rectifying element at a time, resulting in a low
average current, but a high peak to an average current ratio in
the diodes and poor transformer secondary utilization. Never-
theless, the dc currents in the secondary of the six-phase star
rectifier cancel in the secondary windings like a full-wave rec-
tifier and, therefore, core saturation is not encountered. This
six-phase star circuit is attractive in applications which require
a low ripple factor and a common cathode or anode for the
rectifiers.

By considering the output voltage provided by vy between
/3 and 27/3, the average value of the output voltage can be

TVL

FIGURE 10.16 Six-phase star rectifier.
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FIGURE 10.17 Voltage waveforms of the six-phase star rectifier.
found as In addition, the rms current in each transformer secondary
5 winding can also be found as
6 /3
Vi = —/ V. sin 0dO (10.53)
27 /3
or I, = (10.57)
61
Vie = Vin—= = 0.955V,, (10.54)
72 where I, = V,,/R.

Similarly, the rms value of the output voltage can be found

as
6 2m/3
V= —f (V, sin 0)% do (10.55)
27 /3
or
6 [ 3
Vi=Vu | — (= i = 0.956V,, (10.56)
2m \ 6
TABLE 10.4

Based on the relationships stated in Egs. (10.55), (10.56),
and (10.57), all the important design parameters of the six-
phase star rectifier can be evaluated, as listed in Table 10.4
(given at the end of Subsection 10.4.3).

10.4.2 Six-phase Series Bridge Rectifier

The star- and delta-connected secondaries have an inherent
7/6-phase displacement between their output voltages. When
a star- and a delta-connected bridge rectifier are connected

Important design parameters of the six-phase rectifier circuits with resistive load

Six-phase star

Six-phase series Six-phase parallel

rectifier bridge rectifier bridge rectifier (with

inter-phase

transformer)
Peak repetitive reverse voltage Vrpy 2.09Vy, 0.524V . 1.05V,
RMS input voltage per transformer leg V5 0.74V 4. 0.37Vye 0.715V,
Diode average current Ir(ay) 0.1671,, 0.3331;, 0.1671,,
Peak repetitive forward current Irgps 6.281F(Av) 3.0331IF(av) 3.14Ifav)
Diode rms current Irrps) 0.4091, 0.5761 0.4091,
Form factor of diode current Irrnis)/Ir(av) — 2-45 1.73 2.45
Rectification ratio 0.998 1.00 1.00
Form factor 1.0009 1.00005 1.00005
Ripple factor 0.042 0.01 0.01
Transformer rating primary VA 1.28P, 1.01P4 1.01P4
Transformer rating secondary VA 1.81P;, 1.05P . 1.05P .
Output ripple frequency f; 6f; 12f; 12f;
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FIGURE 10.18 Six-phase series bridge rectifier.

in series as shown in Fig. 10.18, the combined output voltage
will have a doubled ripple frequency (12 times that of the
mains). The ripple of the combined output voltage will also
be reduced from 4.2% (for each individual bridge rectifier) to
1%. The combined bridge rectifier is referred to as a six-phase
series bridge rectifier.

In the six-phase series bridge rectifier shown in Fig. 10.18,
let V¥ be the peak voltage of the delta-connected secondary.
The peak voltage between the lines of the star-connected sec-
ondary is also V. The peak voltage across the load, denoted
as Vi, is equal to 2V, x cos(/12) or 1.932V}} because there
is m/6-phase displacement between the secondaries. The rip-
ple frequency is twelve times the mains frequency. The average
value of the output voltage can be found as

12 77[/12
Vie = — Vo sin 0dO (10.58)
27 Jszn2
or
12/3-1
Vie=Vyu— = 0.98862V, 10.59
dc m T 2\/5 m ( )
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The rms value of the output voltage can be found as

12 7m/12

Vi=,— / (Vinsin 0)* do (10.60)
27 Jsni12
or
Vi = Vo |22 (Z 4 1) 2 008867V, (10.61)
Frimyar\i2 Ta) T " '

The rms current in each transformer secondary winding is

L=1, /| ”+1 = 0.807] (10.62)

ST g \12 Ta) T '
The rms current through a diode is

L=1, 2 (2 +1) = o0s71 (10.63)

ST M g \12 Ta) T T '

where I,,, = V,,/R.

Based on Egs. (10.59), (10.61), (10.62), and (10.63), all the
important design parameters of the six-phase series bridge rec-
tifier can be evaluated, as listed in Table 10.4 (given at the end
of Subsection 10.4.3).

10.4.3 Six-phase Parallel Bridge Rectifier

The six-phase series bridge rectifier described above is useful
for high output voltage applications. However, for high out-
put current applications, the six-phase parallel bridge rectifier
(with an inter-phase transformer) shown in Fig. 10.19 should
be used.

The function of the inter-phase transformer is to cause the
output voltage vy to be the average of the rectified voltages
vl and 12 as shown in Fig. 10.20. As with the six-phase series

ZFZE%

FIGURE 10.19 Six-phase parallel bridge rectifier.
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FIGURE 10.20 Voltage waveforms of the six-phase bridge rectifier with inter-phase transformer.

bridge rectifier, the output ripple frequency of the six-phase
parallel bridge rectifier is also 12 times that of the mains. Fur-
ther filtering on the output voltage is usually not required.
Assuming a balanced circuit, the output currents of two three-
phase units (flowing in opposite directions in the inter-phase
transformer winding) produce no dc magnetization current.

All the important design parameters of the six-phase par-
allel rectifiers with inter-phase transformer are also listed in
Table 10.4.

10.5 Filtering Systems in Rectifier
Circuits

Filters are commonly employed in rectifier circuits for smooth-
ing out the dc output voltage of the load. They are classified
as inductor-input dc filters and capacitor-input dc filters.
Inductor-input dc filters are preferred in high-power applica-
tions because more efficient transformer operation is obtained
due to the reduction in the form factor of the rectifier current.
Capacitor-input dc filters can provide volumetrically efficient
operation, but they demand excessive turn-on and repetitive
surge currents. Therefore, capacitor-input dc filters are suit-
able only for lower-power systems where close regulation is
usually achieved by an electronic regulator cascaded with the
rectifier.

Rectifier

10.5.1 Inductive-input DC Filters

The simplest inductive-input dc filter is shown in Fig. 10.21a.
The output current of the rectifier can be maintained at
a steady value if the inductance of Ly is sufficiently large
(wLy > R). The filtering action is more effective in heavy
load conditions than in light load conditions. If the ripple
attenuation is not sufficient even with large values of induc-
tance, an L-section filter as shown in Fig. 10.21b can be used
for further filtering. In practice, multiple L-section filters can
also be employed if the requirement on the output ripple is
very stringent.
For a simple inductive-input dc filter shown in Fig. 10.21a,

the ripple is reduced by the factor

o R (10.64)

LR+ (2nfiLp)

where vy, is the ripple voltage before filtering, v, is the ripple
voltage after filtering, and f; is the ripple frequency.

For the inductive-input dc filter shown in Fig. 10.21b, the
amount of reduction in the ripple voltage can be estimated as

1
1— (Znﬁ)z Lfo

Vo

VL

(10.65)

where f; is the ripple frequency, if R > 1/27xf,Cy.

Rectifier

(b)

FIGURE 10.21 Inductive-input dc filters.
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10.5.1.1 Voltage and Current Waveforms of Full-wave
Rectifier with Inductor-input DC Filter

Figure 10.22 shows a single-phase full-wave rectifier with an
inductor-input dc filter. The voltage and current waveforms
are illustrated in Fig. 10.23.

FIGURE 10.22 A full-wave rectifier with inductor-input dc filter.

Vi

When the inductance of Ly is infinite, the current through
the inductor and the output voltage are constant. When induc-
tor Ly is finite, the current through the inductor has a ripple
component, as shown by the dotted lines in Fig. 10.23. If
the input inductance is too small, the current decreases to
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10.5.1.2 Critical inductance L¢

In the case of single-phase full-wave rectifiers, the critical
inductance can be found as

[ — R
€= 67f;
where f; is the input mains frequency.
In the case of poly-phase rectifiers, the critical inductance
can be found as

Full-wave (10.66)

R

ey g 1 (10.67)

Poly-phase Lc =
where m is ratio of the lowest ripple frequency to the input
frequency, e.g. m = 6 for a three-phase bridge rectifier.

10.5.1.3 Determining the Input Inductance for a
Given Ripple Factor

In practice, the choice of the input inductance depends on the
required ripple factor of the output voltage. The ripple voltage
of a rectifier without filtering can be found by means of Fourier
Analysis. For example, the coefficient of the nth harmonic
component of the rectified voltage v shown in Fig. 10.22 can
be expressed as:

zero (becoming discontinuous) during a portion of the time —4V,,
between the peaks of the rectifier output voltage. The mini- VL, = 22 —1) (nz —) (10.68)
mum value of inductance required to maintain a continuous
current is known as the critical inductance L. where n = 2,4,8, ... etc.
A
VS
/\ /\ B
m2 T 2n 3n
is t inductor with
.......... e infinite inductance
\ > ot
72 b4 2r \ 3r
.......... inductor with
v, 4 finite inductance
} /\ > ot
. /2 b4 2r 3n
iV, 4
_________ inductor with
""""""" i infinite inductance
"""""""""" " inductor with
finite inductance
T > ot
72 b4 2r 3n

FIGURE 10.23 Voltage and current waveforms of full-wave rectifier with inductor-input dc filter.
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The dc component of the rectifier voltage is given by
Eq. (10.5). Therefore, in addition to Eq. (10.27), the ripple
factor can also be expressed as

(10.69)

RE= |2 ) (n21_1>2

n=2,4,8,
Considering only the lowest-order harmonic (n = 2), the
output ripple factor of a simple inductor-input dc filter

(without Cy) can be found, from Egs. (10.64) and (10.69), as

0.4714

Filtered RF = (10.70)

1+ (4nfiLf/R)?

10.5.1.4 Harmonics of the Input Current

In general, the total harmonic distortion (THD) of an input
current is defined as

2
I
THD = (_> 1
Isl
where I is the rms value of the input current and I;; and the

rms value of the fundamental component of the input current.
The THD can also be expressed as

= ()

I
n=2,3,4, 51

(10.71)

THD = (10.72)

where I, is the rms value of the nth harmonic component of
the input current.
Moreover, the input power factor is defined as

I
PF =L cos ¢
I

(10.73)
where ¢ is the displacement angle between the fundamental
components of the input current and voltage.

Assume that inductor Ly of the circuit shown in Fig. 10.22
has an infinitely large inductance. The input current is then
a square wave. This input current contains undesirable higher
harmonics that reduce the input power factor of the system.
The input current can be easily expressed as

4y

1
is = Z - sin 2nmf;t (10.74)

n=1,3,5,

The rms values of the input current and its fundamental
component are I, and 41,,,/(7./2) respectively. Therefore, the
THD of the input current of this circuit is 0.484. Since the
displacement angle ¢ = 0, the power factor is 4/(77,/2) = 0.9.

Y. S. Lee and M. H. L. Chow

FIGURE 10.24 Rectifier with input ac filter.

1‘ lsn C = <> L,

FIGURE 10.25 Equivalent circuit for input ac filter.

The power factor of the circuit shown in Fig. 10.22 can be
improved by installing an ac filter between the source and the
rectifier, as shown in Fig. 10.24.

Considering only the harmonic components, the equiva-
lent circuit of the rectifier given in Fig. 10.24 can be found as
shown in Fig. 10.25. The rms value of the nth harmonic cur-
rent appearing in the supply can then be obtained using the
current-divider rule,

1
1— (Znﬂfi)z L;C;

Ly (10.75)

where I, is the rms value of the nth harmonic current of the
rectifier.

Applying Eq. (10.73) and knowing I,/I,; = 1/n from
Eq. (10.74), the THD of the rectifier with input filter shown in
Fig. 10.24 can be found as

1

Filtered THD = —
1 — (2n7f;)” LiG;

1
Z ; (10.76)

n=3,5

The important design parameters of typical single-phase
and three-phase rectifiers with inductor-input dc filter are
listed in Table 10.5. Note that, in a single-phase half-wave rec-
tifier, a freewheeling diode is required to be connected across
the input of the dc filters such that the flow of load current
can be maintained during the negative half-cycle of the supply
voltage.

10.5.2 Capacitive-input DC Filters

Figure 10.26 shows a full-wave rectifier with capacitor-input
dc filter. The voltage and current waveforms of this rectifier
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TABLE 10.5
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Important design parameters of typical rectifier circuits with inductor-input dc filter

Full-wave rectifier

Full-wave

Three-phase Three-phase Three-phase

with bridge rectifier star rectifier bridge rectifier double-star rectifier
center-tapped with inter-phase
transformer transformer
Peak repetitive reverse voltage Vrrys 3.14Vy, 1.57Vy, 2.09Vy, 1.05V 242V
RMS input voltage per transformer leg V; 111V, 1.11Vy, 0.885V, 0.428V, 0.885V,
Diode average current Ir(ay) 0.51 4. 0.514. 0.33314, 0.3331;, 0.1671,,
Peak repetitive forward current Irg)s 2.00Ip(Av) 2.00Ig(av) 3.00IF(Av) 3.00Ip(Av) 3.00Ip(av)
Diode rms current Ip(ppss) 0.7071,, 0.70714 0.57714; 0.57714; 0.2891,,
Form factor of diode current Irps)/IF(av) 1.414 1.414 1.73 1.73 1.73
Transformer rating primary VA 1.11Pg4 1.11Pg4. 1.21Pg, 1.05P4. 1.05P .
Transformer rating secondary VA 1.57Py, 1.11P,, 1.48P . 1.05P . 1.48P;,
Output ripple frequency f; 2f; 2f; 3f; 6f; 6f;
Ripple component V; at
(a) fundamental, 0.667V 0.667V 4 0250V, 0057V, 0.057V,4
(b) second harmonic, 0.133V, 0.133V, 0.057V, 0.014V, 0.014V,
(c) third harmonic of the ripple frequency 0.057V, 0.057V 4, 0.025V, 0.006V, 0.006V 4,
D, Ve
R inrush < Vm ................
T Vs /\
@ v, =C t wt
T v LT § R 2 T 2r 3r
S
Vi 4
. v o = 2
ve=V,, sin ot D, m
. . . Lo ot
FIGURE 10.26 Full-wave rectifier with capacitor-input dc filter. oy ~ Py 37
is 4 ﬂ —>i0 —
are shown in Fig. 10.27. When the instantaneous voltage of the
secondary winding v is higher than the instantaneous value D,iconducts
of capacitor voltage v, either D; or D, conducts, and the . of
capacitor C is charged up from the transformer. When the 2 n 2r 3r
instantaneous voltage of the secondary winding v; falls below D; conducts D; conducts
the instantaneous value of capacitor voltage vr, both the diodes

are reverse biased and the capacitor C is discharged through
load resistance R. The resulting capacitor voltage vy varies
between a maximum value of V,,;, and a minimum value of
Vin — Vi(pp) as shown in Fig. 10.27. (V;(pp) is the peak-to-peak
ripple voltage.) As shown in Fig. 10.27, the conduction angle
6. of the diodes becomes smaller when the output-ripple volt-
age decreases. Consequently, the power supply and the diodes
suffer from high repetitive surge currents. An LC ac filter, as
shown in Fig. 10.24, may be required to improve the input
power factor of the rectifier.

In practice, if the peak-to-peak ripple voltage is small, it can
be approximated as

Vin

where f, is the output ripple frequency of the rectifier.

J

FIGURE 10.27 Voltage and current waveforms of the full-wave rectifier
with capacitor-input dc filter.

Therefore, the average output voltage V. is given by

1
Vie=Viull — ——— 10.78
dc m( ZerC> ( )

The rms output ripple voltage V. is approximately given
by

Vin

ac



166
The ripple factor RF can be found from

1

= A rre )

(10.80)

10.5.2.1 Inrush Current

The resistor Rj,ys; in Fig. 10.26 is used to limit the inrush
current imposed on the diodes during the instant when the
rectifier is being connected to the supply. The inrush current
can be very large because capacitor C has zero charge initially.
The worst case occurs when the rectifier is connected to the
supply at its maximum voltage. The worst-case inrush current
can be estimated from

Vin

L — (10.81)
Rsec + RESR

Linrush =

where Rq is the equivalent resistance looking from the sec-
ondary transformer and Rgsg is the equivalent series resistance
(ESR) of the filtering capacitor. Hence the employed diode
should be able to withstand the inrush current for a half cycle
of the input voltage. In other words, the Maximum Allow-
able Surge Current (Ipsy) rating of the employed diodes must
be higher than the inrush current. The equivalent resistance
associated with the transformer windings and the filtering
capacitor is usually sufficient to limit the inrush current to
an acceptable level. However, in cases where the transformer
is omitted, e.g. the rectifier of an off-line switch-mode sup-
ply, resistor Rj,y,s;, must be added for controlling the inrush
current.

Consider as an example, a single-phase bridge rectifier,
which is to be connected to a 120-V—60-Hz source (with-
out transformer). Assume that the Irsps rating of the diodes
is 150 A for an interval of 8.3 ms. If the ESR of the filter-
ing capacitor is zero, the value of the resistor for limiting
inrush current resistance can be estimated to be 1.13Q
using Eq. (10.81).

10.6 High-frequency Diode Rectifier
Circuits

In high-frequency converters, diodes perform various func-
tions, such as rectifying, flywheeling, and clamping. One
special quality a high-frequency diode must possess is a fast
switching speed. In technical terms, it must have a short reverse
recovery time and a short forward recovery time.

The reverse recovery time of a diode may be understood as
the time a forwardly conducting diode takes to recover to a
blocking state when the voltage across it is suddenly reversed
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(which is known as forced turn-off). The temporary short
circuit during the reverse recovery period may result in large
reverse current, excessive ringing, and large power dissipation,
all of which are highly undesirable.

The forward recovery time of a diode may be understood as
the time a non-conducting diode takes to change to the fully-
on state when a forward current is suddenly forced into it
(which is known as forced turn-on). Before the diode reaches
the fully-on state, the forward voltage drop during the for-
ward recovery time can be significantly higher than the normal
on-state voltage drop. This may cause voltage spikes in the
circuit.

It should be interesting to note that, as far as circuit opera-
tion is concerned, a diode with a long reverse recovery time is
similar to a diode with a large parasitic capacitance. A diode
with a long forward recovery time is similar to a diode with a
large parasitic inductance. (Spikes caused by the slow forward
recovery of diodes are often wrongly thought to be caused
by leakage inductance.) Comparatively, the adverse effect of a
long reverse recovery time is much worse than that of a long
forward recovery time.

Among commonly used diodes, the Schottky diode has the
shortest forward and reverse recovery times. Schottky diodes
are therefore most suitable for high-frequency applications.
However, Schottky diodes have relatively low reverse break-
down voltage (normally lower than 200V) and large leakage
current. If, due to these limitations, Schottky diodes cannot
be used, ultra-fast diodes should be used in high-frequency
converter circuits.

Using the example of a forward converter, the operations
of a forward rectifier diode, a flywheel diode, and a clamping
diode will be studied in Subsection 10.6.1. Because of the dif-
ficulties encountered in the full analyses taking into account
parasitic/stray/leakage components, PSpice simulations are
extensively used here to study the following:

¢ The idealized operation of the converter.

o The adverse effects of relatively slow rectifiers (e.g. the so-
called ultra-fast diodes, which are actually much slower
than Schottky diodes).

o The improvement achievable by using high-speed recti-
fiers (Schottky diodes).

o The effects of leakage inductance of the transformer.

o The use of snubber circuits to reduce ringing.

o The operation of a practical converter with snubber
circuits.

Using the example of a flyback converter, the operations
of a flyback rectifier diode and a clamping diode will also be
studied in Subsection 10.6.2.

The design considerations for high-frequency diode rectifier
circuits will be discussed in Subsection 10.6.3. Some precau-
tions which must be taken in the interpretation of computer
simulation results are briefed in Subsection 10.6.4.
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10.6.1 Forward Rectifier Diode, Flywheel Diode,
and Magnetic-reset Clamping Diode in a
Forward Converter

10.6.1.1 Ideal Circuit

Figure 10.28 shows the basic circuit of a forward converter.
Figure 10.29 shows the idealized steady-state waveforms for
continuous-mode operation (the current in L; being continu-
ous). These waveforms are obtained from PSpice simulations,
based on the following assumptions:

« Rectifier diode Dg, flywheel diode Dr, and magnetic-reset
clamping diode Dy are ideal diodes with infinitely fast
switching speed.

o Electronic switch M1 is an idealized MOS switch with
infinitely fast switching speed and

On-state resistance = 0.067 2

Off-state resistance = 1 MQ

It should be noted that PSpice does not allow a switch
to have zero on-state resistance and infinite off-state
resistance.

« Transformer T; has a coupling coefficient of 0.99999999.
PSpice does not accept a coupling coefficient of 1.

o The switching operation of the converter has reached a
steady state.

Referring to the circuit shown in Fig. 10.28 and the wave-
forms shown in Fig. 10.29, the operation of the converter can
be explained as follows:

1. For0 < t < DT (Dis the duty cycle of the MOS switch
M, and T is the switching period of the converter. M
is turned on when V1(VPULSE) is 15V, and turned off
when V1(VPULSE) is 0V).

IDR) ¢

Ly 99
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The switch M; is turned on at t = 0.
The voltage at node 3, denoted as V(3), is
V@) =0 for 0<t<DT (10.82)

The voltage induced at node 6 of the secondary
winding Lg is

V (6) = Vin (N:/Np) (10.83)
This voltage drives a current I( DR) (current through
rectifier diode Dg) into the output circuit to produce

the output voltage V,. The rate of increase of I(DR) is
given by

(10.84)

dIOR) [, Ns 71
dt o INNP ¢ L

where V,, is the dc output voltage of the converter.
The flywheel diode Dp is reversely biased by V(9),
the voltage at node 9.

V(9 = Vin (Ng/Np) for 0<t< DT (10.85)

The magnetic-rest clamping diode Dy is reversely
biased by the negative voltage at node 100. Assuming
that Ly; and Lp have the same number of turns, we
have

V(100) =—-Vy for0 <t < DT (10.86)
A magnetizing current builds up linearly in Lp. This

magnetizing current reaches the maximum value of
(ViNDT)/Lp at t = DT.

Notes:

Iy V=50V

n D I(L1)
LcN,
PP s/Ng DF

° L,=8pH
g R, C, =300 pF
Lp=0.576 mH

Ly =0 oV

10

Ly,=0.576 mH
Lg=0.036 mH

R, =0.35Q
Np:Ny:Ng=4:4:1

FIGURE 10.28 Basic circuit of forward converter.
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FIGURE 10.29 Idealized steady-state waveforms of forward converter for continuous-mode operation.
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2. For DT <t <2DT

The switch M; is turned off at t = DT.

The collapse of magnetic flux induces a back emf
in Ly, which is equal to Lp, to turn-on the clamp-
ing diode Dys. The magnetizing current in Lys drops
(from the maximum value of (V;yDT)/Lp, as men-
tioned above) at the rate of Vin/Lp. It reaches zero at
t =2DT.

The back emf induced across Lp is equal to Viy. The
voltage at node 3 is

V(3 =2V)y for DT <t <2DT (10.87)
The back emf across Lg forces Dg to stop conducting.
The inductive current in L; forces the flywheel diode

Dr to conduct. I(LI) (current through L;) falls at the

rate of

dIL) _ —V, (10.38)

dt L

The voltage across Dg, denoted as V(6,9) (the voltage
at node 6 with respect to node 9), is

V (DR) = V (6,9)

= —ViN (Ns/Np) for DT <t < 2DT

(10.89)

3. For2DT <t < T
Dy stops conducting at t = 2DT. The voltage across
Ly then falls to zero.
The voltage across Lp is zero.

V(3) = VN (10.90)
The voltage across Lg is also zero.
V(6) =0 (10.91)

Inductive current I(L1) continues to fall at the rate of

dILy -V,
dt - L

(10.92)

The switching cycle restarts when the switch M is
turned on again at t = T.

From the waveforms shown in Fig. 10.29, the following
useful information (for continuous-mode operation) can be
found:

o The output voltage V, is equal to the average value of
V(9).

Ns
Vo =D Vi (10.93)

P
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e The maximum current in the forward rectifying diode
Dr and flywheel diode Dp is

I (DR)max =1 (DF)max

1V,
=L+-—201-D)T 10.94
o+2Ll( ) ( )

where V, = DVn(Ns/Np) and I, is the output loading
current.
o The maximum reverse voltage of Dg and Dr is

Vv (DR)mux =V (DF)max
Ns

=V (6,9) ax = Vi, (10.95)
o The maximum reverse voltage of Dy is
V (DM) o = VIN (10.96)
e The maximum current in D) is
I (DM) e = DT‘i—I;V (10.97)

e The maximum current in the switch MI1, denoted as
ID(M1), is

Ns
ID(Ml)max :N_pI (DR)max +1 (DM)max

Ng 1V, Vin
=—1 -—(1-D)T DT —
Np[0+2L1( ) }—i— I

(10.98)

It should, however, be understood that, due to the non-ideal
characteristics of practical components, the idealized wave-
forms shown in Fig. 10.29 cannot actually be achieved in the
real world. In the following, the effects of non-ideal diodes and
transformers will be examined.

10.6.1.2 Circuit Using Ultra-fast Diodes

Figure 10.30 shows the waveforms of the forward converter
(circuit given in Fig. 10.28) when ultra-fast diodes are used as
Dy, Dy, and Dr. (Note that ultra-fast diodes are actually much
slower than Schottky diodes.) The waveforms are obtained by
PSpice simulations, based on the following assumptions:

e Dy is an MUR460 ultra-fast diode. Dg and Dg are
MURI1560 ultra-fast diodes.

e M is an IRF640 MOS transistor.

o Transformer T) has a coupling coefficient of 0.99999999
(which may be assumed to be 1).

o The switching operation of the converter has reached a
steady state.
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FIGURE 10.30 Waveforms of forward converter using “ultra-fast” diodes (which are actually much slower than Schottky diodes).



10 Diode Rectifiers

It is observed that a large spike appears in the current wave-
forms of diodes Dr and Dg (denoted as I(DR) and I(DF)
in Fig. 10.30) whenever the MOS transistor M; is turned
on. This is due to the relatively slow reverse recovery of the
flywheel diode Dr. During the reverse recovery time, the pos-
itive voltage suddenly appearing across Lg (which is equal to
Vin(Ns/Np)) drives a large transient current through Dg and
Dg. This current spike results in large current stress and power
dissipation in Dg, Df, and M.

A method of reducing the current spikes is to use Schottky
diodes as Dg and Dr, as described below.

10.6.1.3 Circuit Using Schottky Diodes

In order to reduce the current spikes caused by the slow reverse
recovery of rectifiers, Schottky diodes are now used as Dr and
Dp.The assumptions made here are (referring to the circuit
shown in Fig. 10.28):

e Dg and D are MBR2540 Schottky diodes.

e D) is an MUR460 ultra-fast diode.

e M; is an IRF640 MOS transistor.

o Transformer T) has a coupling coefficient of 0.99999999.

o The switching operation of the converter has reached a
steady state.

The new simulated waveforms are given in Fig. 10.31. It is
found that, by employing Schottky diodes as Dg and Dp, the
amplitudes of the current spikes in ID(M1), I(DR), and I(DF)
can be reduced to practically zero. This solves the slow-speed
problem of ultra-fast diodes.

10.6.1.4 Circuit with Practical Transformer

The simulation results given above in Figs. 10.29-10.31 (for
the forward converter circuit shown in Fig. 10.28) are based
on the assumption that transformer T1 has effectively no leak-
age inductance (with coupling coefficient K = 0.99999999).
It is, however, found that when a practical transformer
(having a slightly lower K) is used, severe ringings occur.
Figure 10.32 shows some simulation results to demonstrate
this phenomenon, where the following assumptions are made:

e Dr and Dr are MBR2540 Schottky diodes. Dys is an
MUR460 ultra-fast diode.

e M; is an IRF640 MOS transistor.

o Transformer T) has a practical coupling coefficient of
0.996.

o The effective winding resistance of Lp is 0.1 2. The effec-
tive winding resistance of Lps is 0.4 Q. The effective
winding resistance of Lg is 0.01 €2.

o The effective series resistance of the output filtering
capacitor is 0.05 2.

o The switching operation of the converter has reached a
steady state.
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The resultant waveforms shown in Fig. 10.32 indicate that
there are large voltage and current ringings in the circuit.
These ringings are caused by the resonant circuits formed by
the leakage inductance of the transformer and the parasitic
capacitances of diodes and transistor.

A practical converter may therefore need snubber circuits to
damp these ringings, as described below.

10.6.1.5 Circuit with Snubber Across the
Transformer

In order to suppress the ringing voltage caused by the res-
onant circuit formed by transformer leakage inductance and
the parasitic capacitance of the MOS switch, a snubber circuit,
shown as R; and C; in Fig. 10.33, is now connected across the
primary winding of transformer T;. The new waveforms are
shown in Fig. 10.34. Here the drain-to-source voltage wave-
form of the MOS transistor, V(3), is found to be acceptable.
However, there are still large ringing voltages across the output
rectifiers (V(6,9) and V(9)).

In order to damp the ringing voltages across the output
rectifiers, additional snubber circuits across the rectifiers may
therefore also be required in a practical circuit, as described
below.

10.6.1.6 Practical Circuit

Figure 10.35 shows a practical forward converter with snubber
circuits added also to rectifiers (RyC, for Dr and R3C;
for Df) to reduce the voltage ringing. Figures 10.36 and
10.37 show the resultant voltage and current waveforms.
Figure 10.36 is for continuous-mode operation (Ry = 0.352),
where I(L1) (current in L;) is continuous. Figure 10.37 is
for discontinuous-mode operation (R = 10 €2), where I(L1)
becomes discontinuous due to an increased value of R;. These
waveforms are considered to be acceptable.

The design considerations of diode rectifier circuits in
high-frequency converters will be discussed later in Sub-
section 10.6.3.

10.6.2 Flyback Rectifier Diode and Clamping
Diode in a Flyback Converter

10.6.2.1 Ideal Circuit

Figure 10.38 shows the basic circuit of a flyback converter. Due
to its simple circuit, this type of converter is widely used in low-
cost low-power applications. Discontinuous-mode operation
(meaning that the magnetizing current in the transformer falls
to zero before the end of each switching cycle) is often used
because it offers the advantages of easy control and low diode
reverse-recovery loss. Figure 10.39 shows the idealized steady-
state waveforms for discontinuous-mode operation. These
waveforms are obtained from PSpice simulations, based on
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FIGURE 10.31 Waveforms of forward converter using Schottky (fast-speed) diodes as output rectifiers.
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FIGURE 10.32 Waveforms of forward converter with practical transformer and output filtering capacitor having non-zero series effective resistance.
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Viy=50V, D),= MUR460

Dg = MBR2540, D= MBR2540

M, = IRF640, R, = 24 Q

°  C,=3000pF, C, =3500 pF

ESRof C; =0.05Q, Ly =8 uH
Lp=0.576 mH, L,,= 0.576 mH
Lg=0.036 mH, Np: Ny,: Ng=4:4:1
R, =0.35Q

Effective winding resistance of L =0.1 Q
Effective winding resistance of L;,=0.4 Q
Effective winding resistance of Lg=0.01 Q
Coupling coefficient K= 0.996

FIGURE 10.33 Forward converter with snubber circuit (R; C;) across transformer.

the following assumptions:

e Dp is an idealized rectifier diode with infinitely fast
switching speed.

e M; is an idealized MOS switch with infinitely fast
switching speed and

On-state resistance = 0.067 2

Off-state resistance = 1M Q

o Transformer T} has a coupling coefficient of 0.99999999.
o The switching operation of the converter has reached a
steady state.

Referring to the circuit shown in Fig. 10.38 and the wave-
forms shown in Fig. 10.39, the operation of the converter can
be explained as follows:

1. For0 <t < DT
The switch M;j is turned on at ¢t = 0.

V@) =0 for0<t<DT

The current in M;, denoted as ID(M1), increases at
the rate of

dID(M1 Vi
# _ N (10.99)
dt Lp

The output rectifier Dy is reversely biased.
2. For DT <t <(D+Dy)T

The switching M; is turned off at t = DT.

The collapse of magnetic flux induces a back emf
in Lg to turn-on the output rectifier Dg. The initial
amplitude of the rectifier current I(DR), which is also
denoted as I(LS), can be found by equating the energy
stored in the primary-winding current I(LP) just before

t = DT to the energy stored in the secondary-winding
current I(LS) just after t = DT:

1 1
?@U@DF=§MU@$F (10.100)
1 V 2
~Lp [—INDT] = Ls[I (LS)]? (10.101)
Lp 2
LpV
1(ws) = |22 2N pr (10.102)
Ls Lp
Np Vi
1(LS) = L N pr (10.103)
Ng Lp
The amplitude of I(LS) falls at the rate of
dI(LS) -V,
= 10.104
dt Lg ( )

and I(LS) falls to zero at t = (D + D,)T. Since D, V, =
Vin (Ns/Np)D

Vin N
DZZINS

(10.105)
Vo Np
D, is effectively the duty cycle of the output rectifier
Dg.
3. For(( D+ D)T <t<T
The output rectifier Dy is off.
The output capacitor Cy provides the output current
to the load R;.
The switching cycle restarts when the switch M is
turned on againat t = T.

From the waveforms shown in Fig. 10.39, the fol-
lowing information (for discontinuous-mode operation)
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FIGURE 10.34 Waveforms of forward converter with snubber circuit across the transformer.
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can be obtained:

o The maximum value of the current in the switch M; is

V
ID(M1),,0 = —2 DT (10.106)
Lp
o The maximum value of the current in the output rectifier
Dy is
Np ViN
I(DR = ——DT 10.107
(DR) pax Ns Ip ( )

o The output voltage V, can be found by equating the input
energy to the output energy within a switching cycle.
Vin x [Charge taken from Viy in a switching cycle]

V2
vie | o2 v = Yo r (10.108)
IN B LP IN | — RL .
R.T
V, = |~ Dviy (10.109)
2Lp

o The maximum reverse voltage of Dg, V(6,9) (which is the
voltage at node 6 with respect to node 9), is

Ns
V(DR) jyax = V (6,9) jyax = VINF +V, (10.110)
P

10.6.2.2 Practical Circuit

When a practical transformer (with leakage inductance) is used
in the flyback converter circuit shown in Fig. 10.38, there will
be large ringings. In order to reduce these ringings to prac-
tically acceptable levels, snubber and clamping circuits have
to be added. Figure 10.40 shows a practical flyback converter
circuit where a resistor—capacitor snubber (R, C;) is used to

Np:Ny:Ng=4:4:1
Effective winding resistance of L, =0.1 Q
Effective winding resistance of L;,= 0.4 Q
Effective winding resistance of Lg=0.01 Q
Coupling coefficient K= 0.996

Practical forward converter with snubber circuits across the transformer and rectifiers.

damp the ringing voltage across the output rectifier Dg, and
a resistor—capacitor-diode clamping (R;CiDs) is used to clamp
the ringing voltage across the switch M;. What the diode Dg
does here is to allow the energy stored by the current in the
leakage inductance to be converted to the form of a dc voltage
across the clamping capacitor C;. The energy transferred to
C, is then dissipated slowly in the parallel resistor R;, without
ringing problems.

The simulated waveforms of the flyback converter (circuit
given in Fig. 10.40) for discontinuous-mode operation are
shown in Fig. 10.41, where the following assumptions are
made:

e Dy and Dg are MUR460 ultra-fast diodes.

e M is an IRF640 MOS transistor.

o Transformer T has a practical coupling coefficient of
0.992.

o The effective winding resistance of Lp is 0.025 Q. The
effective winding resistance of Lg is 0.1 €.

o The effective series resistance of the output filtering
capacitor Cp is 0.05 .

o The switching operation of the converter has reached a
steady state.

The waveforms shown in Fig. 10.40 are considered to be
acceptable.

10.6.3 Design Considerations

In the design of rectifier circuits, it is necessary for the designer
to determine the voltage and current ratings of the diodes.
The idealized waveforms and expressions for the maximum
diode voltages and currents given under the heading of “Ideal
circuit” above (for both forward and flyback converters) are
a good starting point. However, when parasitic/stray compo-
nents are also considered, the simulation results given under
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FIGURE 10.36 Waveforms of practical forward converter for continuous-mode operation.
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“Practical circuit” are much more useful for the determina-
tion of the voltage and current ratings of the high-frequency
rectifier diodes.

Assuming that the voltage and current ratings have been
determined, proper diodes can be selected to meet the require-
ments. The following are some general guidelines on the
selection of diodes:

« For low-voltage applications, Schottky diodes should be
used because they have very fast switching speed and low
forward voltage drop. If Schottky diodes cannot be used,
either because of their low reverse breakdown voltage
or because of their large leakage current (when reversely
biased), ultra-fast diodes should be used.

o The reverse breakdown-voltage rating of the diode should
be reasonably higher (e.g. 10 or 20% higher) than
the maximum reverse voltage, the diode is expected to
encounter under the worst-case condition. However, an
overly-conservative design (using a diode with much
higher breakdown voltage than necessary) would result
in a lower rectifier efficiency, because a diode having
a higher reverse-voltage rating would normally have a
larger voltage drop when it is conducting.

e The current rating of the diode should be substan-
tially higher than the maximum current the diode is
expected to carry during normal operation. Using a diode
with a relatively large current rating has the following
advantages:

o It reduces the possibility of damage due to tran-
sients caused by start-up, accidental short circuit, or
random turning on and off of the converter.

o It reduces the forward voltage drop because the diode
is operated in the lower current region of the V-I
characteristic.

In some of the “high-efficiency” converter circuits, the cur-
rent rating of the output rectifier can be many times larger
than the actual current expected in the rectifier. In this way, a
higher efficiency is achieved at the expense of a larger silicon
area.

In the design of R—C snubber circuits for rectifiers, it should
be understood that a larger C (and a smaller R) will give
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better damping. However, a large C (and a small R) will result
in a large switching loss (which is equal to 0.5CV?2f). As
a guideline, a capacitor with five to ten times the junction
capacitance of the rectifier may be used as a starting point
for iterations. The value of the resistor should be chosen to
provide a slightly underdamped operating condition.

10.6.4 Precautions in Interpreting Simulation
Results

In using the simulated waveforms as references for design
purposes, attention should be paid to the following:

o The voltage/current spikes that appear in the practically
measured waveforms may not appear in the simulated
waveforms. This is due to the lack of a model in the com-
puter simulation to simulate unwanted coupling among
the practical components.

o Most of the computer models of diodes, including those
used in the simulations given above, do not take into
account the effects of the forward recovery time. (The
forward recovery time is not even mentioned in most
manufacturers’ data sheets.) However, it is also interest-
ing to note that in most cases the effect of the forward
recovery time of a diode is masked by that of the effec-
tive inductance in series with the diode (e.g. the leakage
inductance of a transformer).

Further Reading

1. Rectifier Applications Handbook, 3rd ed., Phoenix, Ariz.: Motorola, Inc.,
1993.

2. M. H. Rashid, Power Electronics: Circuits, Devices, and Applications,
2nd ed., Englewood Cliffs, NJ: Prentice Hall, Inc., 1993.

3. Y.-S. Lee, Computer-Aided Analysis and Design of Switch-Mode Power
Supplies, New York: Marcel Dekker, Inc., 1993.

4. J. W. Nilsson, Introduction to PSpice Manual, Electric Circuits Using
OrCAD Release 9.1, 4th ed., Upper Saddle River, NJ: Prentice Hall, Inc.,
2000.

5. J. Keown, OrCAD PSpice and Circuit Analysis, 4th ed., Upper Saddle
River, NJ: Prentice Hall, Inc., 2001.



This page intentionally left blank



11

Single-phase Controlled Rectifiers

José Rodriguez, Ph.D.,
Pablo Lezana, Samir
Kouro, and Alejandro

Weinstein

Department of Electronics,
Universidad Técnica Federico
Santa Maria, Valparaiso, Chile

11.1 Introduction ...........
11.2 Line-commutated Single-phase Controlled Rectifiers.........c..uveeiiireirieeeinnnnees 183
11.2.1 Single-phase Half-wave Rectifier e 11.2.2 Bi-phase Half-wave Rectifier
e 11.2.3 Single-phase Bridge Rectifier e 11.2.4 Analysis of the Input Current e 11.2.5 Power
Factor of the Rectifier e 11.2.6 The Commutation of the Thyristors e 11.2.7 Operation in the
Inverting Mode e 11.2.8 Applications

11.3 Unity Power Factor Single-phase Rectifiers ...........ccceuueviiiiiiiiniiiiiiinieeiiinnnees 192

11.3.1 The Problem of Power Factor in Single-phase Line-commutated Rectifiers

e 11.3.2 Standards for Harmonics in Single-phase Rectifiers e 11.3.3 The Single-phase Boost
Rectifier @ 11.3.4 Voltage Doubler PWM Rectifier e 11.3.5 The PWM Rectifier in Bridge
Connection e 11.3.6 Applications of Unity Power Factor Rectifiers

References .............

11.1 Introduction

This chapter is dedicated to single-phase controlled rectifiers,
which are used in a wide range of applications. As shown in
Fig. 11.1, single-phase rectifiers can be classified into two big
categories:

(i) Topologies working with low switching frequency,
also known as line commutated or phase controlled
rectifiers.

(ii) Circuits working with high switching frequency, also
known as power factor correctors (PFCs).

Line-commutated rectifiers with diodes, covered in a pre-
vious chapter of this handbook, do not allow the control of
power being converted from ac to dc. This control can be
achieved with the use of thyristors. These controlled rectifiers
are addressed in the first part of this chapter.

In the last years, increasing attention has been paid to the
control of current harmonics present at the input side of the
rectifiers, originating from a very important development in
the so-called PFC. These circuits use power transistors work-
ing with high switching frequency to improve the waveform
quality of the input current, increasing the power factor. High
power factor rectifiers can be classified in regenerative and
non-regenerative topologies and they are covered in the second
part of this chapter.

Copyright © 2007, 2001, Elsevier Inc.
All rights reserved. DOI: 10.1016/B978-0-12-382036-5.00011-2

11.2 Line-commutated Single-phase
Controlled Rectifiers

11.2.1 Single-phase Half-wave Rectifier

The single-phase half-wave rectifier uses a single thyristor to
control the load voltage as shown in Fig. 11.2. The thyristor
will conduct, on-state, when the voltage vy is positive and a
firing current pulse ig is applied to the gate terminal. The
control of the load voltage is performed by delaying the firing
pulse by an angle «. The firing angle « is measured from the
position where a diode would naturally conduct. In case of
Fig. 11.2 the angle « is measured from the zero-crossing point
of the supply voltage v;. The load in Fig. 11.2 is resistive and
therefore the current iy has the same waveform of the load
voltage. The thyristor goes to the non-conducting condition,
off-state, when the load voltage, and consequently the current,
reaches a negative value.
The load average voltage is given by

v
max (14 cosa)
2

1 b4

Vig = —/ Vinax sin(wt)d(wt) =
2 Jy

(11.1)

where Viax is the supply peak voltage. Hence, it can be seen
from Eq. (11.1) that changing the firing angle o controls
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FIGURE 11.1 Single-phase rectifier classification.
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FIGURE 11.2 Single-thyristor rectifier with resistive load.

both the load average voltage and the amount of transferred
power.

Figure 11.3a shows the rectifier waveforms for an R-L
load. When the thyristor is turned on, the voltage across the
inductance is

VL =v;— Vg = L— (11.2)

dt

where vy is the voltage in the resistance R, given by vg = R-i,.
If v — vg > 0, from Eq. (11.2) holds that the load current
increases its value. On the other hand, iy decreases its value
when v;— vg < 0. The load current is given by

l wt
ij(wt) = —/ yLdo (11.3)

wL

Graphically, Eq. (11.3) means that the load current i, is equal
to zero when A; = A, maintaining the thyristor in conduction
state even when v; < 0.

When an inductive—active load is connected to the rectifier,
as illustrated in Fig. 11.3b, the thyristor will be turned on
if the firing pulse is applied to the gate when v; > E;. Again,
the thyristor will remain in the on-state until A; = A;. When
the thyristor is turned off, the load voltage will be v; = E;.

11.2.2 Bi-phase Half-wave Rectifier

The bi-phase half-wave rectifier, shown in Fig. 11.4, uses a
center-tapped transformer to provide two voltages v; and v;.
These two voltages are 180° out of phase with respect to the
mid-point neutral N. In this scheme, the load is fed via thyris-
tors Ty and T, during each positive cycle of voltages v; and v,
respectively, while the load current returns via the neutral N.

As illustrated in Fig. 11.4, thyristor T} can be fired into the
on-state at any time while voltage vr; > 0. The firing pulses are
delayed by an angle o with respect to the instant where diodes
would conduct. Also the current paths for each conduction
state are presented in Fig. 11.4. Thyristor T; remains in the on-
state until the load current tends to a negative value. Thyristor
T, is fired into the on-state when vy, > 0, which corresponds
in Fig. 11.4 to the condition when v, > 0.

The mean value of the load voltage with resistive load is
determined by

1 " V,
Viia = —/ Vinax sin(wt)d(wt) = —22(1 + cos )
7T Jo T
(11.4)

The ac supply current is equal to 771 (N,/Nj) when Ty is in the
on-state and —ir,(N,/N;) when T, is in the on-state, where
N>/Nj is the transformer turns ratio.
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FIGURE 11.3 Single-thyristor rectifier with: (a) resistive-inductive load and (b) active load.

The effect of the load time constant Ty = L/R, on the
normalized load current i;(#)/ir(¢) for a firing angle o« = 0° is
shown in Fig. 11.5. The ripple in the load current reduces as
the load inductance increases. If the load inductance L — oo,
then the current is perfectly filtered.

11.2.3 Single-phase Bridge Rectifier

Figure 11.6a shows a fully controlled bridge rectifier, which
uses four thyristors to control the average load voltage. In addi-
tion, Fig. 11.6b shows the half-controlled bridge rectifier which
uses two thyristors and two diodes.

The voltage and current waveforms of the fully controlled
bridge rectifier for a resistive load are illustrated in Fig 11.7.
Thyristors T and T, must be fired on simultaneously during
the positive half-wave of the source voltage v, to allow the
conduction of current. Alternatively, thyristors T3 and T4 must
be fired simultaneously during the negative half-wave of the
source voltage. To ensure simultaneous firing, thyristors T; and
T, use the same firing signal. The load voltage is similar to
the voltage obtained with the bi-phase half-wave rectifier. The
input current is given by

is = iT1 — iT4 (11.5)
and its waveform is shown in Fig. 11.7.

Figure 11.8 presents the behavior of the fully controlled rec-
tifier with resistive—inductive load (with L — o0). The high
load inductance generates a perfectly filtered current and the

rectifier behaves like a current source. With continuous load
current, thyristors T1 and T, remain in the on-state beyond the
positive half-wave of the source voltage v;. For this reason,
the load voltage v; can have a negative instantaneous value.
The firing of thyristors T3 and T4 has two effects:

(i) they turn-off thyristors T and T, and
(ii) after the commutation, they conduct the load current.

This is the main reason why this type of converters are called
“naturally commutated” or “line commutated” rectifiers. The
supply current is has the square waveform, as shown in
Fig. 11.9, for continuous conduction. In this case, the average
load voltage is given by

Vmax

1 T+ 2
Viia = —/ Vinax sin(wt)d(wt) = cosa (11.6)
V4 o

11.2.4 Analysis of the Input Current

Considering a very high inductive load, the input current in
a bridge-controlled rectifier is filtered and presents a square
waveform. In addition, the input current i is shifted by the
firing angle o with respect to the input voltage v;, as shown
in Fig. 11.9a. The input current can be expressed as a Fourier
series, where the amplitude of the different harmonics are

41

Tn

(n=13,5,...) (11.7)

Ismux, n =
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FIGURE 11.6 Single-phase bridge rectifier: (a) fully controlled and (b) half-controlled.
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FIGURE 11.7 Waveforms of a fully controlled bridge rectifier with
resistive load.

where n is the harmonic order. The root mean square (rms)
value of each harmonic can be expressed as

Lmax,n _ 2214

Iy, = 11.8
Thus, the rms value of the fundamental current i is
2+/2
V2 (11.9)

Ig =——1; =091,
b4

It can be observed from Fig. 11.9a that the displacement
angle ¢, of the fundamental current i5; corresponds to the
firing angle . Figure 11.9b shows that in the harmonic spec-
trum of the input current, only odd harmonics are present with
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decreasing amplitude while the frequency increases. Finally the
rms value of the input current i is

L =1 (11.10)

The total harmonic distortion (THD) of the input current can
be determined by

V12— T2

1
THD = 100 = 48.4% (11.11)
sl

11.2.5 Power Factor of the Rectifier

The displacement factor of the fundamental current, obtained
from Fig. 11.9a is

Cos ¢ = cosw (11.12)

In the case of non-sinusoidal currents, the active power
delivered by the sinusoidal single-phase supply is

1 T
P= ?/ vs(1)is(t)dt = Vil cos ¢y (11.13)
0

where V; is the rms value of the single-phase voltage vs.
The apparent power is given by

S =V (11.14)

The power factor (PF) is defined by

P
PF = — 11.15
5 (11.15)

Substitution from Egs. (11.12), (11.13), and (11.14) in
Eq. (11.15) yields

I
PF = ilcosa

S

(11.16)

This equation shows clearly that due to the non-sinusoidal
waveform of the input current, the power factor of the rectifier
is negatively affected both by the firing angle « and by the
distortion of the input current. In effect, an increase in the
distortion of the current produces an increase in the value
of I; in Eq. (11.16), which deteriorates the power factor.

J. Rodriguez et al.

11.2.6 The Commutation of the Thyristors

Until now, the current commutation between thyristors has
been considered to be instantaneous. This condition is not
valid in real cases due to the presence of the line induc-
tance L, as shown in Fig. 11.10a. During the commutation,
the current through the thyristors cannot change instanta-
neously, and for this reason, during the commutation angle w,
all four thyristors are conducting simultaneously. Therefore,
during the commutation, the following relationship for the
load voltage holds

vi=0 a<owt<aoa+pu (11.17)
The effect of the commutation on the supply current, volt-
age waveforms, and the thyristor current waveforms can be
observed in Fig. 11.10b.
During the commutation, the following expression holds
di
L— = Vs =

11.18
o (11.18)

max Sin(wt) o <ot <a+ m

Integrating Eq. (11.18) over the commutation interval yields

Iy Vinax a+plw
dis = I / sin(wt)dt
[0

lw

(11.19)
_Id

From Eq. (11.19), the following relationship for the commu-
tation angle u is obtained

2wl
cos(a+ ) = cosae — —— 1
max

(11.20)

Equation (11.20) shows that an increase of the line induc-
tance L or an increase of the load current I; increases the
commutation angle p. In addition, the commutation angle is
affected by the firing angle «. In effect, Eq. (11.18) shows that
with different values of «, the supply voltage v has a different
instantaneous value, which produces different di;/dt, thereby
affecting the duration of the commutation.

Equation (11.17) and the waveform of Fig. 11.10b show that
the commutation process reduces the average load voltage V.
When the commutation is considered, the expression for the
average load voltage is given by

1 Tt . Vmax
Vi = — sin(wt)d(wt) = [cos(a + ) + cos ]
T Jatu
(11.21)
Substituting Eq. (11.20) into Eq. (11.21) yields
2 2wl
Vie = — Vipax cosa — —1I; (11.22)
T T
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FIGURE 11.10 The commutation process: (a) circuit and (b) waveforms.

11.2.7 Operation in the Inverting Mode

When the angle o > 905, it is possible to obtain a negative aver-
age load voltage. In this condition, the power is fed back to
the single-phase supply from the load. This operating mode
is called inverter or inverting mode, because the energy is
transferred from the dc to the ac side. In practical cases, this
operating mode is obtained when the load configuration is
as shown in Fig. 11.11a. It must be noticed that this rectifier
allows unidirectional load current flow.

Figure 11.11b shows the waveform of the load voltage
with the rectifier in the inverting mode, neglecting the source
inductance L.

Section 11.2.6 described how supply inductance increases
the conduction interval of the thyristors by the angle u. As
shown in Fig. 11.11c, the thyristor voltage vr; has a negative
value during the extinction angle y, defined by

y =180 — (a + ) (11.23)
To ensure that the outgoing thyristor will recover its blocking
capability after the commutation, the extinction angle should
satisfy the following restriction

Y > ol (11.24)
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FIGURE 11.11 Rectifier in the inverting mode: (a) circuit; (b) waveforms neglecting source inductance L; and (c) waveforms considering L.

where w is the supply frequency and ¢, is the thyristor turn-
off time. Considering Eqgs. (11.23) and (11.24) the maximum
firing angle is, in practice,

Opax = 180 — u — y (11.25)
If the condition of Eq. (11.25) is not satisfied, the commutation
process will fail, originating destructive currents.

11.2.8 Applications

Important application areas of controlled rectifiers include
uninterruptible power supplies (UPS), for feeding critical
loads. Figure 11.12 shows a simplified diagram of a single-
phase UPS configuration, typically rated for <10kVA. A fully
controlled or half-controlled rectifier is used to generate the
dc voltage for the inverter. In addition, the input rectifier acts
as a battery charger. The output of the inverter is filtered before

it is fed to the load. The most important operation modes of
the UPS are:

(i) Normal mode. In this case the line voltage is present.
The critical load is fed through the rectifier-inverter
scheme. The rectifier keeps the battery charged.

(if) Outage mode. During a loss of the ac main supply,
the battery provides the energy for the inverter.

Bypass operation. When the load demands an over-

current to the inverter, the static bypass switch is

turned on and the critical load is fed directly from
the mains.

(iif)

The control of low power dc motors is another interesting
application of controlled single-phase rectifiers. In the circuit
of Fig. 11.13, the controlled rectifier regulates the armature
voltage and consequently controls the motor current iy in
order to produce a required torque.

This configuration allows only positive current flow in
the load. However the load voltage can be both positive
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FIGURE 11.14 Single-phase dual-converter drive: (a) connection and (b) four-quadrant operation.

191

and negative. For this reason, this converter works in the Rectifier I provides positive load current iy, while rectifier II
two-quadrant mode of operation in the plane iz vs V. provides negative load current. The motor can work in forward

A better performance can be obtained with two rectifiers powering, forward braking (regenerating), reverse powering,
in back-to-back connection at the dc terminals, as shown in  and reverse braking (regenerating). These operating modes are
Fig. 11.14a. This arrangement, known as a dual converter shown in Fig. 11.14b, where the torque T vs the rotor speed w,

configuration, allows four-quadrant operation of the drive. is illustrated.
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FIGURE 11.16 Input current harmonics produced by a single-phase diode bridge rectifier.

11.3 Unity Power Factor Single-phase
Rectifiers

11.3.1 The Problem of Power Factor in
Single-phase Line-commutated Rectifiers

The main disadvantages of the classical line-commutated rec-
tifiers are that (i) they produce a lagging displacement factor
with respect to the voltage of the utility; (ii) they generate an
important amount of input current harmonics.

These aspects have a negative influence on both power factor
and power quality. In the last several years, the massive use of
single-phase power converters has increased the problems of
power quality in electrical systems. In effect, modern commer-
cial buildings have 50% and even up to 90% of the demand,
originated by non-linear loads, which are composed mainly by
rectifiers [1]. Today it is not unusual to find rectifiers with total

harmonic distortion of the current THD; > 40%, originating
severe overloads in conductors and transformers.

Figure 11.15a shows a single-phase rectifier with a capacitive
filter, used in much of today’s low-power equipment. The input
current produced by this rectifier is illustrated in Fig. 11.15b, it
appears highly distorted due to the presence of the filter capac-
itor. This current has a harmonic content shown in Fig. 11.16
and Table 11.1, with a THD; = 197%.

The rectifier in Fig. 11.15 has a very low power factor of
PF = 0.45, due mainly to its large harmonic content.

TABLE 11.1 Harmonic content of the current of Fig. 11.15
n 3 5 7 9 11 13 15 17 19 21
I,/ [%] 96.8 90.5 81.7 71.0 59.3 473 357 254 16.8 10.6
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11.3.2 Standards for Harmonics in Single-phase
Rectifiers

The relevance of the problems originated by harmonics in
single-phase line-commutated rectifiers has motivated some
agencies to introduce restrictions to these converters. The IEC
61000-3-2 Class D International Standard establishes limits to
all low-power single-phase equipment having an input cur-
rent with a “special wave shape” and an active input power
P < 600W. Class D equipment has an input current with
a special wave shape contained within the envelope given
in Fig. 11.15b. This class of equipment must satisfy certain
harmonic limits, shown in Fig. 11.16. It is clear that a single-
phase line-commutated rectifier with the parameters shown in
Fig. 11.15a is not able to comply with the standard IEC 61000-
3-2 Class D. The standard can be satisfied only by adding huge
passive filters, which increases the size, weight, and cost of the
rectifier. This standard has been the motivation for the devel-
opment of active methods to improve the quality of the input
current and, consequently, the power factor.

11.3.3 The Single-phase Boost Rectifier

One of the most important high power factor rectifiers, from
a theoretical and conceptual point of view, is the so-called
single-phase boost rectifier, shown in Fig. 11.17a, which is
obtained from a classical non-controlled bridge rectifier, with
the addition of transistor T, diode D, and inductor L.

11.3.3.1 Working Principle, Basic Concepts

In boost rectifiers, the input current i(#) is controlled
by changing the conduction state of transistor T. When
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transistor T is in the on-state, the single-phase power sup-
ply is short-circuited through the inductance L, as shown in
Fig. 11.17b; the diode D avoids the discharge of the filter capac-
itor Cthrough the transistor. The current of the inductance i,
is given by the following equation

dip. _ve vl

3 - IL- 1 (11.26)
Due to the fact that |v5] > 0, the on-state of transistor T
always produces an increase in the inductance current iy and
consequently an increase in the absolute value of the source
current is.

When transistor T is turned off, the inductor current iy
cannot be interrupted abruptly and flows through diode D,
charging capacitor C. This is observed in the equivalent circuit
of Fig. 11.17c. In this condition, the behavior of the inductor
current is described by

dip VL [vs| — v,
—_— == — 11.27

dt L L ( )
If v, > |vs|, which is an important condition for the correct
behavior of the rectifier, then |vs| — v, < 0, and this means that
in the off-state the inductor current decreases its instantaneous
value.

11.3.3.2 Continuous Conduction Mode (CCM)

With an appropriate firing pulse sequence is applied to transis-
tor T, the waveform of the input current i; can be controlled to
follow a sinusoidal reference, as can be observed in the positive
half-wave of i; in Fig. 11.18. This figure shows the reference

D
g

(b)

| v5| c=/— v, |::| Load

(c)

FIGURE 11.17 Single-phase boost rectifier: (a) power circuit and equivalent circuit for transistor T in; (b) on-state; and (c) off-state.
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FIGURE 11.18 Behavior of the inductor current 7;: (a) waveforms and
(b) transistor T gate drive signal x.

inductor current ir.f, the inductor current iy and the gate
drive signal x for transistor T. Transistor T is on when x = 1
and it is off when x = 0.

Figure 11.18 clearly shows that the on- (off-) state of
transistor T produces an increase (decrease) in the inductor
current if.

Note that for low values of v; the inductor does not have
enough energy to increase the current value, for this reason it
presents a distortion in their current waveform as shown in
Fig. 11.18a.

Figure 11.19 presents a block diagram of the control system
for the boost rectifier, which includes a proportional-integral
(PI) controller, to regulate the output voltage v,. The reference
value ip,ef for the inner current control loop is obtained from
the multiplication between the output of the voltage controller
and the absolute value |v;(#)|. A hysteresis controller provides a
fast control for the inductor current i, resulting in a practically
sinusoidal input current i;.

Typically, the output voltage v, should be at least 10%
higher than the peak value of the source voltage v;(f), in order
to assure good dynamic control of the current. The control
works with the following strategy: a step increase in the refer-
ence voltage v,.,r will produce an increase in the voltage error
Voref — Vo and an increase of the output of the PI controller,
which originates an increase in the amplitude of the reference

el
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current i.r. The current controller will follow this new ref-
erence and will increase the amplitude of the sinusoidal input
current i;, which will increase the active power delivered by the
single-phase power supply, producing finally an increase in the
output voltage v,.

Figure 11.20a shows the waveform of the input current i;
and the source voltage v;. The ripple of the input current can
be reduced by shortening the hysteresis width §. The tradeoff
for this improvement is an increase in the switching frequency,
which is proportional to the commutation losses of the transis-
tors. For a given hysteresis width §, a reduction of inductance L
also produces an increase in the switching frequency. As can be
seen, the input current presents a third-harmonic component.
This harmonic is generated by the second-harmonic compo-
nent present in v,, which is fed back through the voltage (PI)
controller and multiplied by the sinusoidal waveform, gener-
ating a third-harmonic component on iz, This harmonic
contamination can be avoided by filtering the v, measure-
ment with a lowpass filter or a bandstop filter around 2ws;.
The input current obtained using the measurement filter is
shown in Fig. 11.20b. Figure 11.20d confirms the reduction of
the third-harmonic component.

However, in both cases, a drastic reduction in the harmonic
content of the input current i; can be observed in the frequency
spectrum of Figs. 11.20c and 11.20d. This current fulfills
the restrictions established by standard IEC 61000-3-2. The
total harmonic distortion of the current in Fig. 11.20a is
THD = 7.46%, while the THD of the current of Fig. 11.20b
is 4.83%, in both cases a very high power factor, over 0.99,
is reached.

Figure 11.21 shows the dc voltage control loop dynamic
behavior for step changes in the load. An increase in the load,
at t = 0.3 [s], produces an initial reduction of the output
voltage v,, which is compensated by an increase in the input
current i;. At t = 0.6 [s] a step decrease in the load is applied.
The dc voltage controller again adjusts the supply current in
order to balance the active power.

11.3.3.3 Discontinuous Conduction Mode (DCM)

This PFC method is based on an active current waveform-
shaping principle. There are two different approaches consid-
ering fixed and variable switching frequency, both operating
principles are illustrated in Fig. 11.22.

Vs(t)| i

FIGURE 11.19 Control system of the boost rectifier.



11 Single-phase Controlled Rectifiers

Without Filter

With Filter

(a)

§100: E‘IOO:
T 80 ® 8o f
£ =
o 607 o 60}
e S
L 40+t L 40+
© I © I
0\020: 0\020:

0 ettt tenmomotontoseneotonmnsonons 0

(b)

0 50 150 250 350 450
Frequency [Hz]

(©)

0

50

150 250 350
Frequency [Hz]

(d)

450

195

FIGURE 11.20 Input current and voltage of the single-phase boost rectifier: (a) without a filter on v, measurement; (b) with a filter on v,

measurement; frequency spectrum; (c) without filter; and (d) with filter.

500 T T T
450

400 VA

350 [ v A
30 °

250
200
150
100
50

DC-link Voltage v, [V]

Input Current i [A]

0.3 0.35 0.4

FIGURE 11.21 Response to a change in the load: (a) output-voltage v, and (b) input current i,.

0.45

(b)

0.55 0.6
Time [s]



196

\4

\4

[ X
Mode 2 Mode 3

(@)

Mode

J. Rodriguez et al.

\4

\4

Mode Mode 2

(b)

FIGURE 11.22 Boost DCM operating principle: (a) with fixed switching frequency and (b) with variable switching frequency.

a) DCM with Fixed Switching Frequency

The current shaping strategy is achieved by combining three
different conduction modes, performed over a fixed switching
period T;. At the beginning of each period the power semicon-
ductor is turned on. During the on-state, shown in Fig. 11.23a,
the power supply is short-circuited through the rectifier diodes,
the inductor L, and the boost switch T. Hence, the inductor
current iy increases at a rate proportional to the instantaneous
value of the supply voltage. As a result, during the on-state, the
average supply current i; is proportional to the supply voltage
vs which yields to power factor correction.

When the switch is turned off, the current flows to the load
trough diode D, as shown in Fig. 11.23b. The instantaneous
current value decreases (since the load voltage v, is higher than
the supply peak voltage) at a rate proportional to the difference
between the supply and load voltage. Finally, the last mode,
illustrated in Fig. 11.23c, corresponds to the time in which the
current reaches zero value, completing the switching period Ts.
Therefore, the supply current is not proportional to the voltage
source during the whole control period, introducing distortion
and undesirable EMI in comparison to CCM.

The duty cycle D = t,,/T is determined by the control
loop, in order to obtain the desired output power and to
ensure operation in DCM, i.e. to reach zero current before
the new switching cycle starts. The control strategy can be
implemented with analog circuitry as shown in Fig. 11.24, or
digitally with modern computing devices. Generally, the duty
cycle is controlled with a slow control loop, maintaining the
output voltage and duty cycle constant over a half-source cycle.

A qualitative example of the supply voltage and current
obtained using DCM is illustrated in Fig. 11.25.

b) DCM with Variable Switching Frequency

The operating principle is similar to the one used in the pre-
vious case, the main difference is that mode 3 is avoided by
switching the transistor again to the on-state, immediately
after the inductor current reaches zero value. This reduces

1

]Load

£ emi 4
Vs G‘E Filter T C—

T *[i Cc —(— I:I Load

[ EMI
Vs Filter

iL= L D iD=0

\i
Fat

@)

|

1]
1

+
EMI
v,
S @E Filter

] Load

FIGURE 11.23 Boost DCM equivalent circuits: (a) mode 1: transistor
on, inductor current increasing; (b) mode 2: transistor off, inductor cur-
rent decreasing; and (c) mode 3: transistor off, inductor current reaches
zero.

the current distortion, with the tradeoff of introducing vari-
able switching frequency (T is variable) and consequently
lower-order harmonic content.

Both CCM and DCM achieve an improvement in the power
factor. The DCM is more efficient since reverse-recovery losses
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FIGURE 11.24 Boost DCM control circuit with fixed switching frequency.

FIGURE 11.25 Boost DCM waveforms: supply voltage, transistor con-
trol signal, and supply current.

of the boost diode are eliminated, however this mode intro-
duces high-current ripple and considerable distortion and
usually an important fifth-order harmonic is obtained. There-
fore boost-DCM applications are limited to 300 W power
levels, to meet standards and regulations. The DCM with vari-
able switching frequency reduces this harmonic content, at
expends of a wide distributed current spectrum and all related
design problems.

11.3.3.4 Resonant Structures for the Boost Rectifiers

An important issue in power electronics is the power losses in
power semiconductors. These losses can be classified in two
groups: conduction losses and switching losses, as shown in
Fig. 11.26.

The conduction losses are produced by the current through
the semiconductor juncture, so these losses are unavoidable.

OFF | | ON | | OFF

Voltage CE Current

Conduction
losses | |

Switching
losses

FIGURE 11.26 Conduction and switching losses on a power switch.

However, the switching losses, which are produced while the
power semiconductors work in linear state during the tran-
sition from on- to off- state or from off- to on-state, can be
reduced or even eliminated, if the switch (transition) occurs
when: (a) the current across the power semiconductor is zero;
(b) the voltage between the power terminals of the power
semiconductor is zero.

This operation mode is used in the so-called resonant or soft-
switched converters, which are discussed in detail in a different
chapter of this handbook.

Resonant operation can also be used with the boost con-
verter topology. In order to produce this condition, topology
of Fig. 11.17 needs to be modified, by including reactive
components and additional semiconductors.

In Fig. 11.27 a resonant structure for zero current switching
(ZCS) [2] is shown. As can be seen, additional resonant induc-
tors (L1, Ly2), capacitors (C,), diodes (D;1, D;;), and power
switch (S;) have been included.
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FIGURE 11.28 Boost rectifier with ZVS.

In a similar way, in Fig. 11.28 a resonant structure for zero
voltage switching (ZVS) [3] is shown. Once again, additional
inductance (L,), capacitor (C;), and power switch (S,) are
added, note however, that diode D has been replaced by two
“resonant diodes,” D,; and D,.

In both cases, the ZVS or ZCS condition is reached through
a proper control of S,. Other resonant topologies are described
in the literature [4—6] with similar behavior.

J. Rodriguez et al.

11.3.3.5 Bridgless Boost Rectifier

The bridgless boost rectifier [7] is shown in Fig. 11.29a. This
rectifier replaces the input diode rectifier by a combination
of two boost rectifiers which work alternately: (a) when vs is
positive, T1 and D; operate as boost rectifier 1 (Fig. 11.29b);
(b) when v; is negative, T, and D, operate as boost rectifier 2
(Fig. 11.29¢);

This topology reduces the conduction losses of the rectifier
[8, 9], but requires a slightly more complex control scheme,
also EMI and EMC aspects must be considered.

11.3.4 Voltage Doubler PWM Rectifier

Figure 11.30a shows the power circuit of the voltage doubler
pulse width modulated (PWM) rectifier, which uses two tran-
sistors T1 and T, and two filter capacitors C; and C,. The
transistors are switched complementary to control the wave-
form of the input current i; and the output dc voltage v,.
Capacitor voltages V1 and Vi, must be higher than the peak
value of the input voltage v; to ensure the control of the input
current.

The equivalent circuit of this rectifier with transistor T} in
the on-state is shown in Fig. 11.30b. For this case, the inductor
voltage dynamic equation is

p
v = Ld—’; = ()= Ve, <0 (11.28)

Equation (11.28) means that under this conduction state,
current i;(t) decreases its value.

FIGURE 11.29 (a) Power circuit of bridgless boost rectifier; equivalent circuit when; (b) vs >0; and (¢) vs <O0.
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FIGURE 11.30 Voltage doubler rectifier: (a) power circuit; (b) equiva-
lent circuit with T; on; and (c) equivalent circuit with T, on.

On the other hand, the equivalent circuit of Fig. 11.30c is
valid when transistor T, is in the conduction state, resulting in
the following expression for the inductor voltage

di
v = Li =v(t)+ Ve >0

o (11.29)

hence, for this condition, the input current () increases.

Therefore the waveform of the input current can be con-
trolled by switching appropriately transistors T; and T, in a
similar way as shown in Fig. 11.18a for the single-phase boost
converter. Figure 11.31 shows a block diagram of the control
system for the voltage doubler rectifier, which is very similar
to the control scheme of the boost rectifier. This topology can
present an unbalance in the capacitor voltages V¢ and Vi,
which will affect the quality of the control. This problem is
solved by adding to the actual current value i; an offset signal
proportional to the capacitor’s voltage difference.

Figure 11.32 shows the waveform of the input current.
The ripple amplitude of this current can be reduced by
decreasing the hysteresis width of the controller.

Unbalance
Control

V1_VCQ

C

FIGURE 11.31
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s,

FIGURE 11.32 Waveform of the input current in the voltage doubler
rectifier.

11.3.5 The PWM Rectifier in Bridge Connection

Figure 11.33a shows the power circuit of the fully controlled
single-phase PWM rectifier in bridge connection, which uses
four transistors with antiparallel diodes to produce a con-
trolled dc voltage v,. Using a bipolar PWM switching strategy,
this converter may have two conduction states: (i) Transistors
Ty and T4 in the on-state and T, and T3 in the off-state;
(ii) Transistors T, and T3 in the on-state and Ty and T4 in the
off-state.

In this topology, the output voltage v, must be higher than
the peak value of the ac source voltage v;, to ensure a proper
control of the input current.

Figure 11.33b shows the equivalent circuit with transistors
T; and T4 on. In this case, the inductor voltage is given by

di
VL=L£=v5(t)—Vo<O

11.
dt (11.30)

Therefore, in this condition a reduction of the inductor current
is is produced.

Figure 11.33c shows the equivalent circuit with transistors
T, and T3 on. Here, the inductor voltage has the following
expression

di
VL:L—Szvs(t)+V0>O

11.31
I (11.31)

which means an increase in the instantaneous value of the
input current is.

Control system of the voltage doubler rectifier.
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FIGURE 11.33 Single-phase PWM rectifier in bridge connection: (a) power circuit; (b) equivalent circuit with T; and T4 on; (c) equivalent circuit
with T, and T3 on; (d) equivalent circuit with T; and T3 or T; and T4 on; and (e) waveform of the input current during regeneration.

Finally, Fig. 11.33d shows the equivalent circuit with tran-
sistors T and T3 or T, and T4 are in the on-state. In this case,
the input voltage source is short-circuited through inductor L,
which yields

di
vL=L—S=V5(t)~|—V0>O

11.32
dt (11.32)

Equation (11.32) implies that the current value will depend on
the sign of ;.

The waveform of the input current i; can be controlled by
appropriately switching transistors T1—T4 or T,—T3, originat-
ing a similar shape to the one shown in Fig. 11.18a for the
single-phase boost rectifier.

The control strategy for the rectifier is similar to the one
illustrated in Fig. 11.31, for the voltage doubler topology. The
quality of the input current obtained with this rectifier is
the same as presented in Fig. 11.32 for the voltage doubler
configuration.

The input current waveform can be slightly improved if the
state of Fig. 11.33d is used. This can be done by replacing
the hysteresis current control with a more complex linear con-
trol plus a three-level PWM modulator. This method reduces

the semiconductor switching frequency and provides a more
defined current spectrum.

Finally, it must be said that one of the most attractive char-
acteristics of the fully controlled PWM converter in bridge
connection and the voltage doubler is their regeneration capa-
bility. In effect, these rectifiers can deliver power from the load
to the single-phase supply, operating with sinusoidal current
and a high power factor of PF > 0.99. Figure 11.33e shows that
during regeneration, the input current i; is 180° out of phase
with respect to the supply voltage vs, which means operation
with power factor PF &~ —1 (PF is approximately 1 because of
the small harmonic content in the input current).

11.3.6 Applications of Unity Power Factor
Rectifiers

11.3.6.1 Boost Rectifier Applications

The single-phase boost rectifier has become the most popular
topology for power factor correction (PFC) in general purpose
power supplies. To reduce the costs, the complete control sys-
tem shown in Fig. 11.19 and the gate drive circuit of the power
transistor have been included in a single integrated circuit (IC),
like the UC3854 [10] or MC33262, shown in Fig. 11.34.
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FIGURE 11.34 Simplified circuit of a power factor corrector with control integrated circuit.
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FIGURE 11.35 Functional block diagram of electronic ballast with power factor correction.

Today there is increased interest in developing high-
frequency electronic ballasts to replace the classical electro-
magnetic ballast present in fluorescent lamps. These electronic
ballasts require an ac—dc converter. To satisfy the harmonic
current injection from electronic equipment and to maintain
a high power quality, a high power factor rectifier can be used,
as shown in Fig. 11.35 [11].

11.3.6.2 Voltage Doubler PWM Rectifier

The development of low-cost compact motor drive sys-
tems is a very relevant topic, particularly in the low-power
range. Figure 11.36 shows a low-cost converter for low-power
induction motor drives. In this configuration, a three-phase
induction motor is fed through the converter from a single-
phase power supply. Transistors T, T, and capacitors Cy, G,

o

+
AC
MAINS

SR I

1+

i e

Hob S

FIGURE 11.36 Low-cost induction motor drive.
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constitute the voltage doubler single-phase rectifier, which con-
trols the dc link voltage and generates sinusoidal input current,
working with close-to-unity power factor [12]. On the other
hand, transistors T3, T4, Ts, and Tg and capacitors C; and C,
constitute the power circuit of an asymmetric inverter that
supplies the motor. An important characteristic of the power
circuit shown in Fig. 11.36 is the capability of regenerating
power to the single-phase mains.

11.3.6.3 PWM Rectifier in Bridge Connection

Distortion of the input current in the line-commutated recti-
fiers with capacitive filtering is particularly critical in the UPS
fed from motor-generator sets. In effect, due to the higher
value of the generator impedance, the current distortion can
originate an unacceptable distortion on the ac voltage, which
affects the behavior of the whole system. For this reason, it is
very attractive to use rectifiers with low distortion in the input
current.

Figure 11.37 shows the power circuit of a single-phase UPS,
which has a PWM rectifier in bridge connection at the input

J. Rodriguez et al.

side. This rectifier generates a sinusoidal input current and
controls the charge of the battery [13].

Perhaps the most typical and widely accepted area of
application of high power factor single-phase rectifiers is in
locomotive drives [14]. An essential prerequisite for proper
operation of voltage source three-phase inverter drives in
modern locomotives is the use of four-quadrant line-side con-
verters, which ensure motoring and braking of the drive, with
reduced harmonics in the input current. Figure 11.38 shows
a simplified power circuit of a typical drive for a locomotive
connected to a single-phase power supply [14], which includes
a high power factor rectifier at the input.

Finally, Fig. 11.39 shows the main circuit diagram of the
300 series Shinkansen train [15]. In this application, ac power
from the overhead catenary is transmitted through a trans-
former to single-phase PWM rectifiers, which provide the dc
voltage for the inverters. The rectifiers are capable of control-
ling the input ac current in an approximate sine waveform
and in phase with the voltage, achieving power factor close to
unity on powering and on regenerative braking. Regenerative
braking produces energy savings and an important operational
flexibility.

THY SW

THY 1l e

} THY2

Output
1$100 V

TR1

Converter

Inverter

FIGURE 11.37 Single-phase UPS with PWM rectifier.

5 .
I_ +IK A i AN VG AN
S
=
VST Ve I: 3~
+ + N N A
A 1 1 1 1
Line+ 4-quadrant v ne ! Inverter 1 Motor
transformer ! converter ! ! !

FIGURE 11.38 Typical power circuit of an ac drive for locomotive.
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12.1 Introduction

Three-phase controlled rectifiers have a wide range of applica-
tions, from small rectifiers to large high voltage direct current
(HVDC) transmission systems. They are used for electrochem-
ical processes, many kinds of motor drives, traction equipment,
controlled power supplies and many other applications. From
the point of view of the commutation process, they can be
classified into two important categories: line-commutated con-
trolled rectifiers (thyristor rectifiers) and force-commutated pulse
width modulated (PWM) rectifiers.

12.2 Line-commutated Controlled
Rectifiers

12.2.1 Three-phase Half-wave Rectifier

Figure 12.1 shows the three-phase half-wave rectifier topol-
ogy. To control the load voltage, the half-wave rectifier uses
three common-cathode thyristor arrangement. In this figure,
the power supply and the transformer are assumed ideal. The
thyristor will conduct (ON state), when the anode-to-cathode
voltage vax is positive and a firing current pulse ig is applied to
the gate terminal. Delaying the firing pulse by an angle « con-
trols the load voltage. As shown in Fig. 12.2, the firing angle «

Copyright © 2007, 2001, Elsevier Inc.
All rights reserved. DOI: 10.1016/B978-0-12-382036-5.00012-4

is measured from the crossing point between the phase supply
voltages. At that point, the anode-to-cathode thyristor voltage
vak begins to be positive. Figure 12.3 shows that the possi-
ble range for gating delay is between & = 0° and o = 180°,
but because of commutation problems in actual situations, the
maximum firing angle is limited to around 160°. As shown
in Fig. 12.4, when the load is resistive, current iy has the
same waveform of the load voltage. As the load becomes more
and more inductive, the current flattens and finally becomes
constant. The thyristor goes to the non-conducting condition
(OFF state) when the following thyristor is switched ON, or
the current, tries to reach a negative value.

With the help of Fig. 12.2, the load average voltage can be
evaluated, and is given by:

w/34+a

v
Vp = MAX

3 coswt - d (wt)
§7T
—7/34a

s T

sin %

= Vimax —— - cosa ~ 1.17 - V[™ - cosa
3

(12.1)

where Viax is the secondary phase-to-neutral peak voltage,
V}”_“N its root mean square (rms) value and w is the angu-

lar frequency of the main power supply. It can be seen from
Eq. (12.1) that the load average voltage Vp is modified by
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FIGURE 12.1

Three-phase half-wave rectifier.
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FIGURE 12.3 Possible range for gating delay in angle o.

changing firing angle «. When o« < 90°, Vp is positive and
when o > 90°, the average dc voltage becomes negative. In
such a case, the rectifier begins to work as an inverter and the
load needs to be able to generate power reversal by reversing
its dc voltage.

The ac currents of the half-wave rectifier are shown in
Fig. 12.5. This drawing assumes that the dc current is constant
(very large Lp). Disregarding commutation overlap, each valve
conducts during 120° per period. The secondary currents (and
thyristor currents) present a dc component that is undesirable,
and makes this rectifier not useful for high power applications.

The primary currents show the same waveform, but with the
dc component removed. This very distorted waveform requires
an input filter to reduce harmonics contamination.

The current waveforms shown in Fig. 12.5 are useful for
designing the power transformer. Starting from:

VAprim =3+ Vipimr-n * prim

VAsee = 3+ V{5, - 108 (12.2)

sec

Pp=Vp-Ip



12 Three-phase Controlled Rectifiers

‘ Vp ip

702

DTN
fRFRAD
PO

TN DT e -
R S

N
[ & RN X X5
e2vallele, Viotetel felvtatoleled Yoloded Soletulotolet Solelel Sulotetetoledy

FIGURE 12.4 DC current waveforms.

where VA, and VA, are the ratings of the transformer for
the primary and secondary side respectively. Here Pp is the
power transferred to the dcside. The maximum power transfer
is with @« = 0° (or @ = 180°). Then, to establish a relation
between ac and dc voltages, Eq. (12.1) for o« = 0° is required:

Vp =117 VIS (12.3)
and:
Vp=117-a- Ve o | (12.4)

where a is the secondary to primary turn relation of the trans-
former. On the other hand, a relation between the currents is
also possible to obtain. With the help of Fig. 12.5:

I
i (12.5)

sec \/g

207
(@ R>0, Lp=0
(b) R>0, Lp>0
ST,
0.0.0'0’0‘\7
AR
(c) R>0, Lplarge
NSNS R TSNS
(d) Rsmall, Ljverylarge
s e N
RN
ms - _ o Ipv2 (12.6)
prim 3 :
Combining Egs. (12.2) to (12.6), it yields:
VAprim = 1.21 - Pp
(12.7)

VAge = 1.48 - Pp

Equation (12.7) shows that the power transformer has to be
oversized 21% at the primary side, and 48% at the secondary
side. Then, a special transformer has to be built for this recti-
fier. In terms of average VA, the transformer needs to be 35%
larger that the rating of the dc load. The larger rating of the
secondary with respect to primary is because the secondary
carries a dc component inside the windings. Furthermore, the
transformer is oversized because the circulation of current har-
monics does not generate active power. Core saturation, due to
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FIGURE 12.6 Six-pulse rectifier.

the dc components inside the secondary windings, also needs  and its average value is given by:
to be taken in account for iron oversizing.

w/6+a
V
Vp = A;ITAX / coswt - d (wt)
—7/6+a
12.2.2 Six-pulse or Double Star Rectifier sin X
) ) o ) = VMmax — 6 . cosa &~ 1.35 - VT - cosa (12.8)
The thyristor side windings of the transformer shown in z
Fig. 12.6 form a six-phase system, resulting in a six-pulse
starpoint (midpoint connection). Disregarding commutation The dc voltage ripple is also smaller than the one gener-

overlap, each valve conducts only during 60° per period. The ated by the half-wave rectifier, due to the absence of the third
direct voltage is higher than that from the half-wave rectifier ~harmonic with its inherently high amplitude. The smoothing
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FIGURE 12.7 AC current waveforms for the six-pulse rectifier.

reactor Lp is also considerably smaller than the one needed for
a three-pulse (half-wave) rectifier.

The ac currents of the six-pulse rectifier are shown in
Fig. 12.7. The currents in the secondary windings present a dc
component, but the magnetic flux is compensated by the dou-
ble star. As can be observed, only one valve is fired at a time
and then this connection in no way corresponds to a parallel
connection. The currents inside the delta show a symmetrical
waveform with 60° conduction. Finally, due to the particular
transformer connection shown in Fig. 12.6, the source currents
also show a symmetrical waveform, but with 120° conduction.

Evaluation of the the rating of the transformer is done in
similar fashion to the way the half-wave rectifier is evaluated:

VAprim = 1.28 - Pp
(12.9)
VAgee = 1.81 - Pp

Thus the transformer must be oversized 28% at the primary
side and 81% at the secondary side. In terms of size it has an
average apparent power of 1.55 times the power Pp(55% over-
sized). Because of the short conducting period of the valves,
the transformer is not particularly well utilized.

12.2.3 Double Star Rectifier with Interphase
Connection

This topology works as two half-wave rectifiers in parallel, and
is very useful when high dc current is required. An optimal

way to reach both good balance and elimination of harmon-
ics is through the connection shown in Fig. 12.8. The two
rectifiers are shifted by 180°, and their secondary neutrals
are connected through a middle-point autotransformer called
“interphase transformer.” The interphase transformer is con-
nected between the two secondary neutrals and the middle
point at the load return. In this way, both groups operate in
parallel. Half the direct current flows in each half of the inter-
phase transformer, and then its iron core does not become
saturated. The potential of each neutral can oscillate inde-
pendently, generating an almost triangular voltage waveform
(vr) in the interphase transformer, as shown in Fig. 12.9.
As this converter work like two half-wave rectifiers connected
in parallel, the load average voltage is the same as in Eq. (12.1):

Vp ~ 1.17 - V{™§, - cosa

(12.10)

where Vjﬁ”_“N is the phase-to-neutral rms voltage at the valve
side of the transformer (secondary).

The Fig. 12.9 also shows the two half-wave rectifier voltages,
related to their respective neutrals. Voltage vp; represents the
potential between the common cathode connection and the
neutral N1. The voltage vp; is between the common cathode
connection and N2. It can be seen that the two instantaneous
voltages are shifted, which gives as a result, a voltage vp that is
smoother than vp; and vp,.

Figure 12.10 shows how vp, vp1, vpa, and vy change when
the firing angle changes from o = 0° to 180°.
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The transformer rating in this case is:

VAprim = 1.05 - Pp
(12.11)
VAsee = 1.48 - Pp

And the average rating power will be 1.26 Pp, which is better
than the previous rectifiers (1.35 for the half-wave rectifier and
1.55 for the six-pulse rectifier). Thus the transformer is well
utilized. Figure 12.11 shows ac current waveforms for a rectifier
with interphase transformer.

12.2.4 Three-phase Full-wave Rectifier or Graetz
Bridge

Parallel connection via interphase transformers permits the
implementation of rectifiers for high current applications.
Series connection for high voltage is also possible, as shown
in the full-wave rectifier of Fig. 12.12. With this arrangement,
it can be seen that the three common cathode valves generate
a positive voltage with respect to the neutral, and the three

common anode valves produce a negative voltage. The result
is a dc voltage, twice the value of the half-wave rectifier. Each
half of the bridge is a three-pulse converter group. This bridge
connection is a two-way connection and alternating currents
flow in the valve-side transformer windings during both half
periods, avoiding dc components into the windings, and satu-
ration in the transformer magnetic core. These characteristics
make the so-called Graetz bridge the most widely used line-
commutated thyristor rectifier. The configuration does not
need any special transformer and works as a six-pulse rectifier.
The series characteristic of this rectifier produces a dc volt-
age twice the value of the half-wave rectifier. The load average
voltage is given by:

w/3+a
2.V
Vp = ZMAX coswt - d (wt)
37'[
—n/3+a
sin £
=2 Vyax——> - cosa & 2.34 - V[™ - cosa (12.12)
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or

3-ﬁ-v;ic

T

\%5 cosa ~ 1.35 - Vsecf . cosa

(12.13)

where Vpax is the peak phase-to-neutral voltage at the

secondary transformer terminals, V;TSN its rms value,

AC current waveforms for the rectifier with interphase transformer.

ec

s the rms phase-to-phase secondary voltage, at the
valve terminals of the rectifier.

Figure 12.13 shows the voltages of each half-wave bridge of
this topology, v%o * and v})%, the total instantaneous dc volt-
age vp, and the anode-to-cathode voltage vax in one of the
bridge thyristors. The maximum value of vax is 4/3 - Vax,

and
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which is the same as that of the half-wave converter and
the interphase transformer rectifier. The double star recti-
fier presents a maximum anode-to-cathode voltage of two
times Viax. Figure 12.14 shows the currents of the rectifier,
which assumes that Lp is large enough to keep the dc current
smooth. The example is for the same AY transformer connec-
tion shown in the topology of Fig. 12.12. It can be noted that
the secondary currents do not carry any dc component, thereby
avoiding overdesign of the windings and transformer satura-
tion. These two figures have been drawn for a firing angle, o
of approximately 30°. The perfect symmetry of the currents in
all windings and lines is one of the reasons why this rectifier
is the most popular of its type. The transformer rating in this
case is

VAprim = 1.05 - Pp
(12.14)
VAgee = 1.05 - Pp

As can be noted, the transformer needs to be oversized
only 5%, and both primary and secondary windings have the
same rating. Again, this value can be compared with the pre-
vious rectifier transformers: 1.35Pp for the half-wave rectifier,
1.55Pp, for the six-pulse rectifier, and 1.26 Pp for the interphase
transformer rectifier. The Graetz bridge makes excellent use of
the power transformer.

12.2.5 Half Controlled Bridge Converter

The fully controlled three-phase bridge converter shown in
Fig. 12.12 has six thyristors. As already explained here, this
circuit operates as a rectifier when each thyristor has a firing
angle o < 90° and functions as an inverter for & > 90°. If
inverter operation is not required, the circuit may be simplified
by replacing three controlled rectifiers with power diodes, as
in Fig. 12.15a. This simplification is economically attractive
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because diodes are considerably less expensive than thyristors
and they do not require firing angle control electronics.

The half controlled bridge, or “semiconverter,” is analyzed by
considering it as a phase-controlled half-wave circuit in series
with an uncontrolled half-wave rectifier. The average dc voltage
is given by the following equation

373 Ve

Vb _f(l + cosa) (12.15)
2

1{ _

(b)

One-quadrant bridge converter circuits: (a) half-controlled bridge and (b) free-wheeling diode bridge.

Then, the average voltage Vp never reaches negative values.
The output voltage waveforms of half-controlled bridge are
similar to those of a fully controlled bridge with a free-
wheeling diode. The advantage of the free-wheeling diode
connection, shown in Fig. 12.15b is that there is always a
path for the dc current, independent of the status of the ac
line and of the converter. This can be important if the load is
inductive—resistive with a large time constant, and there is an
interruption in one or more of the line phases. In such a case,
the load current could commutate to the free-wheeling diode.
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12.2.6 Commutation

The description of the converters in the previous sections was
based upon assumption that the commutation was instanta-
neous. In practice this is not possible, because the transfer
of current between two consecutive valves in a commuta-
tion group takes a finite time. This time, called overlap time,
depends on the phase-to-phase voltage between the valves par-
ticipating in the commutation process, and the line inductance
Ls between the converter and power supply. During the over-
lap time, two valves conduct, and the phase-to-phase voltage
drops entirely on the inductances Lg. Assuming the dc current
Ip to be smooth and with the help of Fig. 12.16, the following
relation is deduced

dis

2Lg - - = V2. Vi_psinot = va — vp (12.16)

where i, is the current in the valve being fired during the
commutation process (thyristor T2 in Fig. 12.16). This current
can be evaluated, and it yields

2
-V
2L f=f

coswt

+C (12.17)

Ise =
w

The constant “C” is evaluated through initial conditions at
the instant when T2 is ignited. In terms of angle, when ot = «

when wt =, i,=0

VSEC

f=f
C=———cosu (12.18)

ﬁ -wlLg
Replacing Eq. (12.18) in (12.17):
V

I (cosa — coswt) (12.19)

e =
* ﬁ‘a)Ls

Before commutation, the current Ip was carried by thyristor
T1 (see Fig. 12.16). During the commutation time, the load
current Ip remains constant, is. returns through T1, and T1
is automatically switched off when the current is. reaches the
value of Ip. This happens because thyristors cannot conduct
in reverse direction. At this moment, the overlap time lasts
and the current Ip is then conducted by T2. In terms of angle,
when ot = « + w, ise = Ip, where u is defined as the “overlap
angle.” Replacing this final condition in Eq. (12.19) yields

Vity

\/5~—a)L5 (12.20)

Ip = - [cosa — cos (o + )]

To avoid confusion in a real analysis, it has to be remem-
bered that Vy_ corresponds to the secondary voltage in case of
transformer utilization. For this reason, the abbreviation “sec”
has been added to the phase-to-phase voltage in Eq. (12.20).

During commutation, two valves conduct at a time, which
means that there is an instantaneous short circuit between
the two voltages participating in the process. As the induc-
tances of each phase are the same, the current ;. produces the
same voltage drop in each Lg, but with opposite sign because
this current flows in reverse direction and with opposite slope
in each inductance. The phase with the higher instantaneous
voltage suffers a voltage drop —Av and the phase with the
lower voltage suffers a voltage increase +Av. This situation
affects the dc voltage V¢, reducing its value an amount A V..
Figure 12.17 shows the meanings of Av, AV,,,.4, i, and is.

The area AV,,,4 showed in Fig. 12.17, represents the loss of
voltage that affects the average voltage V¢, and can be evaluated
through the integration of Av during the overlap angle p. The
voltage drop Av can be expressed as

(12.21)

Vi — v V2V sin wt
Av:(A B): f2f
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Integrating Eq. (12.21) into the corresponding period
(60°) and interval (u) and starting at the instant when the
commutation begins («)

atu
3 1
AViyped = — - = / V2 V¥ sinwt - dot (12.22)
o
3.V
AV, q = —~ [cosor — cos (o + 1) (12.23)
med TL’~«/§ [ W)
Subtracting AV,,,.; in Eq. (12.13)
3.42- Vs
Vp=———=cosa— AV,,.g (12.24)
T
332V
Vp = — [cosa + cos (@ + )] (12.25)
T
or
3.2 v
Vp = MY b | [cos (a + E) cos E] (12.26)
b 2 2

Equations (12.20) and (12.25) can be written as a function
of the primary winding of the transformer, if there is any
transformer.

a. Vprzm

f=f
Ip = ——— - [cosa — cos (o + 12.27
b= (+ )] (12.27)
3-v2-a- VI
Vp=—————J[cosa+cos(a+u)] (12.28)

2

where a = V]fe_cf/Vf:i}n. With Egs. (12.27) and (12.28) one gets

3'\/E prim
— a- Vf—f cosa —

3IpwLg

Vp = (12.29)

Equation (12.29) allows a very simple equivalent circuit of
the converter to be made, as shown in Fig. 12.18. It is important
to note that the equivalent resistance of this circuit is not real,
because it does not dissipate power.

From the equivalent circuit, regulation curves for the rec-
tifier under different firing angles are shown in Fig. 12.19. It
should be noted that these curves correspond only to an ideal
situation, but helps in understanding the effect of voltage drop
Av on dc voltage. The commutation process and the overlap
angle also affects the voltage v, and anode-to-cathode thyristor
voltage, as shown in Fig. 12.20.

Swlg/n

— AN

(virtual resistance)

— (3V2/myaV,coso. v,

O
FIGURE 12.18 Equivalent circuit for the converter.
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12.2.7 Power Factor

The displacement factor of the fundamental current, obtained
from Fig. 12.14 is
Cos ¢ = cosa (12.30)

In the case of non-sinusoidal current, the active power
delivered per phase by the sinusoidal supply is

1 T
P = ?/. Va(t)ig(t)dt = V"™ I cos ¢y (12.31)
0

where V)" is the rms value of the voltage v, and I* the rms
value of i;; (fundamental component of 7,). Analog relations
can be obtained for v, and v..

The apparent power per phase is given by

J. W. Dixon

By substituting Egs. (12.30), (12.31), and (12.32) into
Eq. (12.33), the power factor can be expressed as follows

rms

PF= al

rms
Ia

cos o (12.34)

This equation shows clearly that due to the non-sinusoidal
waveform of the currents, the power factor of the rectifier is
negatively affected by both the firing angle « and the distortion
of the input current. In effect, an increase in the distortion
of the current produces an increase in the value of I in
Eq. (12.34), which deteriorates the power factor.

12.2.8 Harmonic Distortion

The currents of the line-commutated rectifiers are far from
being sinusoidal. For example, the currents generated from the
Graetz rectifier (see Fig. 12.14b) have the following harmonic
content

24/3 1 1
ia = T\/_ID(cosa)t — 3 cos 5wt + 7 cos 7wt

1
— —cosllwt +...)

12.35
T (12.35)

Some of the characteristics of the currents, obtained from
Eq. (12.35) include: (i) the absence of triple harmonics; (ii) the
presence of harmonics of order 6k & 1 for integer values of k;

§ — yrmsrms (12.32) (iii) those harmonics of orders 6k + 1 are of positive sequence;
aoa (iv) those of orders 6k — 1 are of negative sequence; (v) the
The power factor is defined by rms magnitude of the fundamental frequency is
p 6
PF =% (12.33) I = %1[) (12.36)
A ol /|Z
\—/ =
o p

Vak

..
.

FIGURE 12.20 Effect of the overlap angle on v, and on thyristor voltage vak.



12 Three-phase Controlled Rectifiers

and (vi) the rms magnitude of the nth harmonic is

(12.37)

If either, the primary or the secondary three-phase wind-
ings of the rectifier transformer are connected in delta, the
ac side current waveforms consist of the instantaneous differ-
ences between two rectangular secondary currents 120° apart
as shown in Fig. 12.14e. The resulting Fourier series for the

current in phase “a” on the primary side is

3 1 1
in = ilp(cos wt + — cos 5wt — — cos 7wt
T 5 7

1
— ﬁcoslla)t+...) (12.38)

This series differs from that of a star connected transformer
only by the sequence of rotation of harmonic orders 6k + 1
for odd values of k, i.e. the 5th, 7th, 17th, 19th, etc.

12.2.9 Special Configurations for Harmonic
Reduction

A common solution for harmonic reduction is through the
connection of passive filters, which are tuned to trap a partic-
ular harmonic frequency. A typical configuration is shown in
Fig. 12.21.

However, harmonics also can be eliminated using special
configurations of converters. For example, 12-pulse configu-
ration consists of two sets of converters connected as shown
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17th to o

5th  7th  11th 13th
FIGURE 12.21 Typical passive filter for one phase.

in Fig. 12.22. The resultant ac current is given by the sum of
the two Fourier series of the star connection (Eq. (12.35)) and
delta connection transformers (Eq. (12.38))
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1 1
in=2|— | Ip(coswt — — cos 11wt + — cos 13wt
T 11 13

1
— — cos 23wt + ... 12.39
> +...) ( )

The series only contains harmonics of order 12k +£ 1.
The harmonic currents of orders 6k £+ 1 (with k odd), i.e.
5th, 7th, 17th, 19th, etc. circulate between the two converter
transformers but do not penetrate the ac network.

The resulting line current for the 12-pulse rectifier, shown
in Fig. 12.23, is closer to a sinusoidal waveform than previous
line currents. The instantaneous dc voltage is also smoother
with this connection.

FIGURE 12.22

12-pulse rectifier configuration.
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FIGURE 12.23 Line current for the 12-pulse rectifier.

FIGURE 12.24 DC ripple reinjection technique for 48-pulse operation.

Higher pulse configuration using the same principle is also
possible. The 12-pulse rectifier was obtained with a 30° phase
shift between the two secondary transformers. The addition of
further, appropriately shifted, transformers in parallel provides
the basis for increasing pulse configurations. For instance,
24-pulse operation is achieved by means of four transform-
ers with 15° phase shift, and 48-pulse operation requires eight
transformers with 7.5° phase shift (transformer connections
in zig-zag configuration).

Although theoretically possible, pulse numbers above 48 are
rarely justified due to the practical levels of distortion found in
the supply voltage waveforms. Further, the converter topology
becomes more and more complicated.

An ingenious and very simple way to reach high pulse oper-
ation is shown in Fig. 12.24. This configuration is called dc
ripple reinjection. It consists of two parallel converters con-
nected to the load through a multistep reactor. The reactor
uses a chain of thyristor-controlled taps, which are connected
to symmetrical points of the reactor. By firing the thyristors
located at the reactor at the right time, high-pulse operation
is reached. The level of pulse operation depends on the num-
ber of thyristors connected to the reactor. They multiply the

basic level of operation of the two converters. The example,
is Fig. 12.24, shows a 48-pulse configuration, obtained by
the multiplication of basic 12-pulse operation by four reac-
tor thyristors. This technique also can be applied to series
connected bridges.

Another solution for harmonic reduction is the utilization of
active power filters. Active power filters are special pulse width
modulated (PWM) converters, able to generate the harmonics
the converter requires. Figure 12.25 shows a current controlled
shunt active power filter.

12.2.10 Applications of Line-commutated
Rectifiers in Machine Drives

Important applications for line-commutated three-phase con-
trolled rectifiers, are found in machine drives. Figure 12.26
shows a dc machine control implemented with a six-pulse
rectifier. Torque and speed are controlled through the arma-
ture current Ip, and excitation current I,.. Current Ip is
adjusted with Vp, which is controlled by the firing angle o
through Eq. (12.12). This dc drive can operate in two quad-
rants: positive and negative dc voltage. This two-quadrant
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FIGURE 12.25 Current controlled shunt active power filter.

operation allows regenerative braking when o > 90° and
I <O.

The converter of Fig. 12.26 can also be used to control
synchronous machines, as shown in Fig. 12.27. In this case,
a second converter working in the inverting mode operates
the machine as self-controlled synchronous motor. With this
second converter, the synchronous motor behaves like a dc
motor but has none of the disadvantages of mechanical com-
mutation. This converter is not line commutated, but machine
commutated.

The nominal synchronous speed of the motor on a 50 or
60Hz ac supply is now meaningless and the upper speed
limit is determined by the mechanical limitations of the rotor
construction. There is disadvantage that the rotational emfs
required for load commutation of the machine side converter
are not available at standstill and low speeds. In such a case,
auxiliary force commutated circuits must be used.

The line-commutated rectifier controls the torque of the
machine through firing angle «. This approach gives direct
torque control of the commutatorless motor and is analogous
to the use of armature current control shown in Fig. 12.26 for
the converter-fed dc motor drive.

Line-commutated rectifiers are also used for speed con-
trol of wound rotor induction motors. Subsynchronous and
supersynchronous static converter cascades using a natu-
rally commutated dc link converter, can be implemented.
Figure 12.28 shows a supersynchronous cascade for a wound

rotor induction motor, using a naturally commutated dc link
converter.

In the supersynchronous cascade shown in Fig. 12.28, the
right hand bridge operates at slip frequency as a rectifier or
inverter, while the other operates at network frequency as
an inverter or rectifier. Control is difficult near synchronism
when slip frequency emfs are insufficient for natural com-
mutation and special circuit configuration employing forced
commutation or devices with a self-turn-off capability are
necessary for the passage through synchronism. This kind of
supersynchronous cascade works better with cycloconverters.

12.2.11 Applications in HVDC Power
Transmission

High voltage direct current (HVDC) power transmission is
the most powerful application for line-commutated convert-
ers that exist today. There are power converters with ratings
in excess of 1000 MW. Series operation of hundreds of valves
can be found in some HVDC systems. In high power and long
distance applications, these systems become more economi-
cal than conventional ac systems. They also have some other
advantages compared with ac systems:

1. they can link two ac systems operating unsynchronized
or with different nominal frequencies, that is 50 <>
60 Hz;

Ip=1,
e -
iA
[ ]
lexc.
—

x

y==0)

FIGURE 12.26 DC machine drive with a six-pulse rectifier.
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FIGURE 12.28 Supersynchronous cascade for a wound rotor induction motor.

. they can help in stability problems related with sub-

synchronous resonance in long ac lines;

. they have very good dynamic behavior and can inter-

rupt short-circuit problems very quickly;

. if transmission is by submarine or underground cable,

it is not practical to consider ac cable systems exceeding
50 km, but dc cable transmission systems are in service
whose length is in hundreds of kilometers and even
distances of 600km or greater have been considered
feasible;

. reversal of power can be controlled electronically by

means of the delay firing angles «; and

. some existing overhead ac transmission lines can-

not be increased. If overbuilt with or upgraded to

dc transmission can substantially increase the power
transfer capability on the existing right-of-way.

The use of HVDC systems for interconnections of asyn-
chronous systems is an interesting application. Some continen-
tal electric power systems consist of asynchronous networks
such as those for the East, West, Texas, and Quebec networks
in North America, and islands loads such as that for the Island
of Gotland in the Baltic Sea make good use of the HVDC
interconnections.

Nearly all HVDC power converters with thyristor valves are
assembled in a converter bridge of 12-pulse configuration, as
shown in Fig. 12.29. Consequently, the ac voltages applied
to each six-pulse valve group which makes up the 12-pulse
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FIGURE 12.29 Typical HVDC power system: (a) detailed circuit and (b) unilinear diagram.

valve group have a phase difference of 30° which is utilized to
cancel the ac side, 5th and 7th harmonic currents and dc side,
6th harmonic voltage, thus resulting in a significant saving in

harmonic

filters.

Some useful relations for HVDC systems include:

a) Rectifier Side:

Pp=Vp-Ip=+/3- fo]?’ IS cos

Pp
—_
[VA40)

Ip =

line

_}k

ID
4’:

rim
Vf-fp Vp
Ip=1Icosg
Io =1Ising
S Pp=Vp-Ip=+/3" V}’f;”wp
Vp - Ip
IP = —\/g Vprlm
f=f
2 . prim
a*J3 Vf—f

4 - wlg

[cos2a — cos2 (o + )]

(12.40)

(12\/5- Vprim
Iop = yE— [sin2(o + ) — sin 2a0 — 2]
-wLs
cos o + cos (o + )
Ip=1Ip 5

Fundamental secondary component of I

I =

Replacing Eq. (12.46) in (12.45)

Ip

a«/g
Ay
b

2

as Ip = I cos ¢, it yields Fig. 12.30a

(12.41)

(12.42)

cosp = |:

b) Inverter Side:
The same equations are applied for the inverter side, but the

I |:cosa+cos(a+,u)i|

2

COS(X—‘,—COS((X—i—M)]

firing angle « is replaced by y, where y is

(12.43)

y = 180° — (& + )
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(12.44)

(12.45)

(12.46)

(12.47)

(12.48)

(12.49)
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FIGURE 12.30 Definition of angle y for inverter side: (a) rectifier side and (b) inverter side.

FIGURE 12.31 Dual converter in a four-quadrant dc drive.

As reactive power always goes in the converter direction,
Eq. (12.44) for inverter side becomes (Fig. 12.30b)

2 . prim
aI\/g Vf_ £

[sin2(y + pg) — sin2y — 2u;]
47 - a)[LI

(12.50)

Ior = —

12.2.12 Dual Converters

In many variable-speed drives, four-quadrant operation is
required, and three-phase dual converters are extensively used
in applications up to 2 MW level. Figure 12.31 shows a three-
phase dual converter, where two converters are connected
back-to-back.

In the dual converter, one rectifier provides the positive
current to the load and the other the negative current. Due
to the instantaneous voltage differences between the output

voltages of the converters, a circulating current flows through
the bridges. The circulating current is normally limited by cir-
culating reactor, Lp, as shown in Fig. 12.31. The two converters
are controlled in such a way that if o™ is the delay angle of
the positive current converter, the delay angle of the negative
current converter is a~ = 180° — o,

Figure 12.32 shows the instantaneous dc voltages of each
converter, VJ[S and vj,. Despite the average voltage Vp is the
same in both the converters, their instantaneous voltage dif-
ferences shown as voltage v,, are producing the circulating
current i,, which is superimposed with the load currents ig
and i};.

To avoid the circulating current i, it is possible to imple-
ment a “circulating current free” converter if a dead time of
a few milliseconds is acceptable. The converter section, not
required to supply current, remains fully blocked. When a cur-
rent reversal is required, a logic switch-over system determines
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FIGURE 12.32 Waveform of circulating current: (a) instantaneous dc voltage from positive converter: (b) instantaneous dc voltage from negative
converter; and (c) voltage difference between vg and vy, vy, and circulating current .

at first the instant at which the conducting converter’s cur-
rent becomes zero. This converter section is then blocked and
the further supply of gating pulses to it is prevented. After a
short safety interval (dead time), the gating pulses for the other
converter section are released.

12.2.13 Cycloconverters

A different principle of frequency conversion is derived from
the fact that a dual converter is able to supply an ac load with
a lower frequency than the system frequency. If the control
signal of the dual converter is a function of time, the output
voltage will follow this signal. If this control signal value alters
sinusoidally with the desired frequency, then the waveform
depicted in Fig. 12.33a consists of a single-phase voltage with
a large harmonic current. As shown in Fig. 12.33b, if the load is
inductive, the current will present less distortion than voltage.

The cycloconverter operates in all four quadrants during
a period. A pause (dead time) at least as small as the time
required by the switch-over logic occurs after the current
reaches zero, that is, between the transfer to operation in the
quadrant corresponding to the other direction of current flow.

Three single-phase cycloconverters may be combined to
build a three-phase cycloconverter. The three-phase cyclo-
converters find an application in low-frequency, high-power
requirements. Control speed of large synchronous motors in
the low-speed range is one of the most common applications

of three-phase cycloconverters. Figure 12.34 is a diagram for
this application. They are also used to control slip frequency
in wound rotor induction machines, for supersynchronous
cascade (Scherbius system).

12.2.14 Harmonic Standards and Recommended
Practices

In view of the proliferation of the power converter equipment
connected to the utility system, various national and inter-
national agencies have been considering limits on harmonic
current injection to maintain good power quality. As a conse-
quence, various standards and guidelines have been established
that specify limits on the magnitudes of harmonic currents and
harmonic voltages.

The Comité Européen de Normalisation Electrotechnique
(CENELEC), International Electrical Commission (IEC), and
West German Standards (VDE) specify the limits on the
voltages (as a percentage of the nominal voltage) at vari-
ous harmonics frequencies of the utility frequency, when the
equipment-generated harmonic currents are injected into a
network whose impedances are specified.

According with Institute of Electrical and Electronic
Engineers-519 standards (IEEE), Table 12.1 lists the limits on
the harmonic currents that a user of power electronics equip-
ment and other non-linear loads is allowed to inject into the
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FIGURE 12.33 Cycloconverter operation: (a) voltage waveform and (b) current waveform for inductive load.
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TABLE 12.1 Harmonic current limits in percent of fundamental

Short circuit current (pu) h <11 11 <h<17 17<h<23 23<h<35 35<h THD
<20 4.0 2.0 1.5 0.6 0.3 5.0

20-50 7.0 3.5 2.5 1.0 0.5 8.0

50-100 10.0 4.5 4.0 1.5 0.7 12.0

100-1000 12.0 5.5 5.0 2.0 1.0 15.0

>1000 15.0 7.0 6.0 2.5 1.4 20.0

TABLE 12.2 Harmonic voltage limits in percent of fundamental

Voltage level 2.3-69kV  69-138kV  >138kV
Maximum for individual harmonic 3.0 1.5 1.0
Total harmonic distortion (THD) 5.0 2.5 1.5

utility system. Table 12.2 lists the quality of voltage that the
utility can furnish the user.

In Table 12.1, the values are given at the point of connection
of non-linear loads. The THD is the total harmonic distortion
given by Eq. (12.51) and h is the number of the harmonic.

> I
h=2
1251
L ( )

The total current harmonic distortion allowed in Table 12.1
increases with the value of short circuit current.

The total harmonic distortion in the voltage can be cal-
culated in a manner similar to that given by Eq. (12.51).
Table 12.2 specifies the individual harmonics and the THD
limits on the voltage that the utility supplies to the user at the
connection point.

12.3 Force-commutated Three-phase
Controlled Rectifiers

12.3.1 Basic Topologies and Characteristics

Force-commutated rectifiers are built with semiconductors
with gate-turn-off capability. The gate-turn-off capability
allows full control of the converter, because valves can be
switched ON and OFF whenever is required. This allows
the commutation of the valves, hundreds of times in one
period which is not possible with line-commutated rectifiers,
where thyristors are switched ON and OFF only once a cycle.
This feature has the following advantages: (a) the current or
voltage can be modulated (PWM), generating less harmonic
contamination; (b) power factor can be controlled and even

it can be made leading; and (c) they can be built as voltage
source or current source rectifiers; (d) the reversal of power
in thyristor rectifiers is by reversal of voltage at the dc link.
Instead, force-commutated rectifiers can be implemented for
both, reversal of voltage or reversal of current.

There are two ways to implement force-commutated three-
phase rectifiers: (a) as a current source rectifier, where power
reversal is by dc voltage reversal; and (b) as a voltage source
rectifier, where power reversal is by current reversal at the
dc link. Figure 12.35 shows the basic circuits for these two
topologies.

12.3.2 Operation of the Voltage Source Rectifier

The voltage source rectifier is by far the most widely used,
and because of the duality of the two topologies showed in
Fig. 12.35, only this type of force-commutated rectifier will be
explained in detail.

The voltage source rectifier operates by keeping the dc link
voltage at a desired reference value, using a feedback control
loop as shown in Fig. 12.36. To accomplish this task, the dc
link voltage is measured and compared with a reference Vygr.
The error signal generated from this comparison is used to
switch the six valves of the rectifier ON and OFF. In this way,
power can come or return to the ac source according with the
dc link voltage requirements. The voltage Vp is measured at
the capacitor Cp.

When the current Ip is positive (rectifier operation), the
capacitor Cp is discharged, and the error signal ask the control
block for more power from the ac supply. The control block
takes the power from the supply by generating the appropriate
PWM signals for the six valves. In this way, more current flows
from the acto the dcside and the capacitor voltage is recovered.
Inversely, when Ip becomes negative (inverter operation), the
capacitor Cp is overcharged and the error signal ask the control
to discharge the capacitor and return power to the ac mains.

The PWM control can manage not only the active power,
but also the reactive power, allowing this type of rectifier to
correct power factor. In addition, the ac current waveforms can
be maintained as almost sinusoidal, which reduces harmonic
contamination to the mains supply.
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FIGURE 12.36 Operation principle of the voltage source rectifier.

The PWM consists of switching the valves ON and OFF,
following a pre-established template. This template could be
a sinusoidal waveform of voltage or current. For example,
the modulation of one phase could be as the one shown
in Fig. 12.37. This PWM pattern is a periodical waveform
whose fundamental is a voltage with the same frequency of
the template. The amplitude of this fundamental, called V0p
in Fig. 12.37, is also proportional to the amplitude of the
template.

To make the rectifier work properly, the PWM pattern must
generate a fundamental Vjjop with the same frequency as the
power source. Changing the amplitude of this fundamental
and its phase shift with respect to the mains, the rectifier can

be controlled to operate in the four quadrants: leading power
factor rectifier, lagging power factor rectifier, leading power
factor inverter, and lagging power factor inverter. Changing
the pattern of modulation, as shown in Fig. 12.38, modifies the
magnitude of Vjop. Displacing the PWM pattern changes the
phase shift.

The interaction between Vyop and V (source voltage) can
be seen through a phasor diagram. This interaction permits
understanding of the four-quadrant capability of this rectifier.
In Fig. 12.39, the following operations are displayed: (a) rec-
tifier at unity power factor; (b) inverter at unity power factor;
(c) capacitor (zero power factor); and (d) inductor (zero power
factor).
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FIGURE 12.38 Changing Viop through the PWM pattern.

In Fig. 12.39, I5 is the rmsvalue of the source current i;. This
current flows through the semiconductors in the way shown
in Fig. 12.40. During the positive half cycle, the transistor Ty,
connected at the negative side of the dc link is switched ON,
and the current i; begins to flow through Txn (ir,). The cur-
rent returns to the mains and comes back to the valves, closing
a loop with another phase, and passing through a diode con-
nected at the same negative terminal of the dclink. The current
can also go to the dc load (inversion) and return through
another transistor located at the positive terminal of the dc
link. When the transistor Ty is switched OFF, the current path
is interrupted and the current begins to flow through the diode
Dp, connected at the positive terminal of the dclink. This cur-
rent, called ip, in Fig. 12.39, goes directly to the dclink, helping
in the generation of the current ij.. The current i . charges the
capacitor Cp and permits the rectifier to produce dc power.
The inductances Lg are very important in this process, because
they generate an induced voltage which allows the conduction
of the diode Dp. Similar operation occurs during the negative
half cycle, but with Tp and Dy (see Fig. 12.40).

Under inverter operation, the current paths are different
because the currents flowing through the transistors come
mainly from the dc capacitor, Cp. Under rectifier operation,

the circuit works like a boost converter and under inverter, it
works as a buck converter.

To have full control of the operation of the rectifier, their
six diodes must be polarized negatively at all values of instan-
taneous ac voltage supply. Otherwise diodes will conduct, and
the PWM rectifier will behave like a common diode rectifier
bridge. The way to keep the diodes blocked is to ensure a dc
link voltage higher than the peak dc voltage generated by the
diodes alone, as shown in Fig. 12.41. In this way, the diodes
remain polarized negatively, and they will conduct only when
at least one transistor is switched ON, and favorable instan-
taneous ac voltage conditions are given. In the Fig. 12.41, Vp
represents the capacitor dc voltage, which is kept higher than
the normal diode-bridge rectification value vpripgg. To main-
tain this condition, the rectifier must have a control loop like
the one displayed in Fig. 12.36.

12.3.3 PWM Phase-to-phase and
Phase-to-neutral Voltages

The PWM waveforms shown in the preceding figures are volt-
ages measured between the middle point of the dc voltage and
the corresponding phase. The phase-to-phase PWM voltages
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FIGURE 12.39 Four-quadrant operation of the force-commutated rectifier: (a) the PWM force-commutated rectifier; (b) rectifier operation at unity
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factor.

can be obtained with the help of Eq. (12.52), where the voltage
V?EVM is evaluated.

VAB

A B
pwm = Vowm — Vewm (12.52)

where VA, and VB, are the voltages measured between
the middle point of the dc voltage, and the phases a and b
respectively. In a less straightforward fashion, the phase-to-
neutral voltage can be evaluated with the help of Eq. (12.53).

AN VAB CA

1
Vowm = 5( Pwm — Vpivm) (12.53)

where Vﬁ%M is the phase-to-neutral voltage for phase 4, and

VJIEWM is the phase-to-phase voltage between phase jand phase
k. Figure 12.42 shows the PWM patterns for the phase-to-phase
and phase-to-neutral voltages.

12.3.4 Control of the DC Link Voltage

Control of the dc link voltage requires a feedback control
loop. As already explained in Section 12.3.2, the dc voltage
Vp is compared with a reference Vrgr, and the error signal
“e” obtained from this comparison is used to generate a tem-
plate waveform. The template should be a sinusoidal waveform
with the same frequency of the mains supply. This template

is used to produce the PWM pattern and allows controlling
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FIGURE 12.40 Current waveforms through the mains, the valves, and the dc link.

loop required).

Vp dc link voltage V, must remain
higher than the diode rectification
voltage vggpae (feedback control

VBRIDGE

FIGURE 12.41

the rectifier in two different ways: (1) as a voltage-source
current-controlled PWM rectifier or (2) as a voltage-source
voltage-controlled PWM rectifier. The first method controls
the input current, and the second controls the magnitude and
phase of the voltage Viop. The current-controlled method is
simpler and more stable than the voltage-controlled method,
and for these reasons it will be explained first.

12.3.4.1 Voltage-source Current-controlled PWM
Rectifier

This method of control is shown in the rectifier in Fig. 12.43.

Control is achieved by measuring the instantaneous phase

The DC link voltage condition for the operation of the PWM rectifier.

currents and forcing them to follow a sinusoidal current ref-
erence template, I_ref. The amplitude of the current reference
template, Ipax is evaluated using the following equation

Imax = Gc - e = G - (VRer — vp) (12.54)

where G is shown in Fig. 12.43 and represents a controller
such as PI, P, Fuzzy, or other. The sinusoidal waveform of the
template is obtained by multiplying Ipax with a sine function,
with the same frequency of the mains, and with the desired
phase-shift angle ¢, as shown in Fig. 12.43. Further, the tem-
plate must be synchronized with the power supply. After that,
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FIGURE 12.43 Voltage-source current-controlled PWM rectifier.

the template has been created and is ready to produce the The blocks G (s) and Gy (s) in Fig. 12.44 represent the trans-
PWM pattern. fer function of the rectifier (around the operating point) and

However, one problem arises with the rectifier because the the transfer function of the dc link capacitor Cp respectively.
feedback control loop on the voltage V¢ can produce instabil-

ity. Then it becomes necessary to analyze this problem during G (s) = APy (s) =3.(Vcosg — 2RIs — LgIgs)  (12.55)
rectifier design. Upon introducing the voltage feedback and Als (s)

the G¢ controller, the control of the rectifier can be repre- AVp (s) 1

sented in a block diagram in Laplace dominion, as shown in G () = (12.56)

AP (s)— AP, () Vp-Cp-
Fig. 12.44. This block diagram represents a linearization of the 1(9) 2(5) DD

system around an operating point, given by the rms value of where AP;(s) and AP,(s) represent the input and output
the input current, Is. power of the rectifier in Laplace dominion, V the rms value of
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FIGURE 12.44 Closed-loop rectifier transfer function.
the mains voltage supply (phase-to-neutral), Is the input cur- I_line >
rent being controlled by the template, Ls the input inductance, | ref y/a D ol WM
and R the resistance between the converter and power supply. @ = = flip-flop ru o
According to stability criteria, and assuming a PI controller, sampling clock CLK
the following relations are obtained
Cp-Vp
Is < — (12.57) hysteresis band adjust
3Kp - Ls
Kp -V -cos I_line
Is < _Bp-V-COSg (12.58) (b) ‘17_ PWM
2R-Kp+ Ls - Kp I_ref °
= MU L
These two relations are useful for the design of the current-
controlled rectifier. They relate the values of dc link capacitor, i
dc link voltage, rms voltage supply, input resistance and induc- —1ne I_err
tance, and input power factor, with the rms value of the input /
current, Is. With these relations the proportional and integral ) kp + ki/s b PWM
gains Kp and K can be calculated to ensure the stability of I ref milniml

the rectifier. These relations only establish limitations for rec-
tifier operation, because negative currents always satisfy the
inequalities.

With these two stability limits satisfied, the rectifier will keep
the dc capacitor voltage at the value of Vrgr (PI controller),
for all load conditions, by moving power from the ac to the
dc side. Under inverter operation, the power will move in the
opposite direction.

Once the stability problems have been solved and the sinu-
soidal current template has been generated, a modulation
method will be required to produce the PWM pattern for
the power valves. The PWM pattern will switch the power
valves to force the input currents I line to follow the desired
current template I ref. There are many modulation meth-
ods in the literature, but three methods for voltage-source
current-controlled rectifiers are the most widely used ones:
periodical sampling (PS), hysteresis band (HB), and triangular
carrier (TC).

The PS method switches the power transistors of the rec-
tifier during the transitions of a square wave clock of fixed
frequency: the periodical sampling frequency. In each transi-
tion, a comparison between I ref and I line is made, and
corrections take place. As shown in Fig. 12.45a, this type of
control is very simple to implement: only a comparator and
a D-type flip-flop are needed per phase. The main advantage
of this method is that the minimum time between switching

v | AW

FIGURE 12.45 Modulation control methods: (a) periodical sampling;
(b) hysteresis band; and (c) triangular carrier.

transitions is limited to the period of the sampling clock. This
characteristic determines the maximum switching frequency
of the converter. However, the average switching frequency is
not clearly defined.

The HB method switches the transistors when the error
between I ref and I line exceeds a fixed magnitude: the hys-
teresis band. As it can be seen in Fig. 12.45b, this type of
control needs a single comparator with hysteresis per phase.
In this case the switching frequency is not determined, but
its maximum value can be evaluated through the following
equation

Vb
pav D 12.59
$ 4h - Lg ( )

where } is the magnitude of the hysteresis band.
The TC method, shown in Fig. 12.45c, compares the
error between I_ref and I line with a triangular wave. This

triangular wave has fixed amplitude and frequency and is
called the triangular carrier. The error is processed through a
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proportional-integral (PI) gain stage before comparison with
the TC takes place. As can be seen, this control scheme is more
complex than PS and HB. The values for k, and k; deter-
mine the transient response and steady-state error of the TC
method. It has been found empirically that the values for k,
and k; shown in Egs. (12.60) and (12.61) give a good dynamic
performance under several operating conditions.

L - w,

kp = 12.60
T (12.60)

ki=w. - Kp (12.61)
where Lg is the total series inductance seen by the rectifier,
. is the TC frequency, and Vp is the dc link voltage of the
rectifier.

In order to measure the level of distortion (or undesired har-
monic generation) introduced by these three control methods,
Eq. (12.62) is defined

100 1
—/(I_line—[_ref)zdt (12.62)

% Distortion =
Irms T

T

In Eq. (12.62), the term I, is the effective value of the
desired current. The term inside the square root gives the rms
value of the error current, which is undesired. This formula
measures the percentage of error (or distortion) of the gener-
ated waveform. This definition considers the ripple, amplitude,
and phase errors of the measured waveform, as opposed to the
THD, which does not take into account offsets, scalings, and
phase shifts.

Figure 12.46 shows the current waveforms generated by the
three aforementioned methods. The example uses an average
switching frequency of 1.5kHz. The PS is the worst, but its
digital implementation is simpler. The HB method and TC

J. W. Dixon
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FIGURE 12.46 Waveforms obtained using 1.5 kHz switching frequency
and Ls = 13mH: (a) PS method; (b) HB method; (c) TC method (Kp +
K1); and (d) TC method (Kp only).

with PI control are quite similar, and the TC with only propor-
tional control gives a current with a small phase shift. However,
Fig. 12.47 shows that the higher the switching frequency, the
closer the results obtained with the different modulation meth-
ods. Over 6 kHz of switching frequency, the distortion is very
small for all methods.

12.3.4.2 Voltage-source Voltage-controlled PWM
Rectifier

Figure 12.48 shows a one-phase diagram from which the con-
trol system for a voltage-source voltage-controlled rectifier is
derived. This diagram represents an equivalent circuit of the
fundamentals, that is, pure sinusoidal at the mains side and
pure dc at the dc link side. The control is achieved by creat-
ing a sinusoidal voltage template Vyop, which is modified in
amplitude and angle to interact with the mains voltage V. In
this way the input currents are controlled without measuring
them. The template Vpop is generated using the differential
equations that govern the rectifier.

14
—o— Periodical Sampling
12 +
10 1 —uo— Hysteresis Band
5
'w(E) g8 1 —&— Triangular Carrier
@ (Kp*+K)
Do 6 T —+— Triangular Carrier
™ (only Kp*)
4 +
2 + ‘\m\"\‘l\g
= R
0 } } } } } {
1000 2000 3000 4000 5000 6000 7000

Switching Frequency (Hz)

FIGURE 12.47

Distortion comparison for a sinusoidal current reference.
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FIGURE 12.48 One-phase fundamental diagram of the voltage source rectifier.

The following differential equation can be derived from
Fig. 12.48
dis

v(t) = Ls— + Ris + vpmop(t)

12.
dt (12.63)

Assuming that v(¢) = V/2sinwt, then the solution for
is(t), to acquire a template Vpop able to make the rectifier
work at constant power factor, should be of the form

i5(t) = Lpax () sin(wt + @) (12.64)

Equations (12.63), (12.64), and v(t) allows a function of

time able to modify Vyop in amplitude and phase that will

make the rectifier work at a fixed power factor. Combining
these equations with v(t) yields

dI,
vmoDp(t) = |:V\/§ + XsImax sin g — <leax + Lg ZM) cosga:| sin wt

dImux>, ]
;) sine cos wt

(12.65)

- [XSImax cos¢ + (leux + Lg

Equation (12.65) provides a template for Visop, which is
controlled through variations of the input current amplitude
Iinax- Substituting the derivatives of I,;,,, into Eq. (12.65) make
sense, because I, changes every time the dcload is modified.
The term Xs in Eq. (12.65) is wLs. This equation can also
be written for unity power factor operation. In such a case,
cosp = 1 and singp = 0.

d
vmop(t) = (vfz — Rlyax — Lg

Tmax \ .
sin wt

— XsIax cOs ot (12.66)

With this last equation, a unity power factor, voltage source,
voltage-controlled PWM rectifier can be implemented as
shown in Fig. 12.49. It can be observed that Egs. (12.65) and
(12.66) have an in-phase term with the mains supply (sin wt)
and an in-quadrature term (coswt). These two terms allow

the template Vjsop to change in magnitude and phase so as to
have full unity power factor control of the rectifier.

Compared with the control block of Fig. 12.43, in the
voltage-source voltage-controlled rectifier of Fig. 12.49, there
is no need to sense the input currents. However, to ensure
stability limits as good as the limits of the current-controlled
rectifier, the blocks “~R—sLs” and “—Xs” in Fig. 12.49, have to
emulate and reproduce exactly the real values of R, Xs, and Lg
of the power circuit. However, these parameters do not remain
constant, and this fact affects the stability of this system, mak-
ing it less stable than the system showed in Fig. 12.43. In theory,
if the impedance parameters are reproduced exactly, the sta-
bility limits of this rectifier are given by the same equations
as used for the current-controlled rectifier seen in Fig. 12.43
(Egs. (12.57) and (12.58)).

Under steady-state, I, is constant, and Eq. (12.66) can be
written in terms of phasor diagram, resulting in Eq. (12.67).
As shown in Fig. 12.50, different operating conditions for the
unity power factor rectifier can be displayed with this equation

‘_}MOD =V- RTS — szTS (12.67)

With the sinusoidal template Viop already created, a mod-
ulation method to commutate the transistors will be required.
As in the case of current-controlled rectifier, there are many
methods to modulate the template, with the most well known
the so-called sinusoidal pulse width modulation (SPWM),
which uses a TC to generate the PWM as shown in Fig. 12.51.
Only this method will be described in this chapter.

In this method, there are two important parameters to
define: the amplitude modulation ratio or modulation index
m, and the frequency modulation ratio p. Definitions are
given by

Vmax
= —MoD (12.68)
VTRIANG
p= ﬁ (12.69)
fs

where V5, and VIRE, - are the amplitudes of Vjyop and
VrriaNG respectively. On the other hand, fs is the frequency of
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FIGURE 12.49 Implementation of the voltage-controlled rectifier for unity power factor operation.
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FIGURE 12.50 Steady-state operation of the unity power factor rectifier under different load conditions.
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FIGURE 12.51 Sinusoidal modulation method based on TC.

the mains supply and fr the frequency of the TC. In Fig. 12.51,
m = 0.8 and p = 21. When m > 1 overmodulation is defined.

The modulation method described in Fig. 12.51 has a har-
monic content that changes with p and m. When p < 21, it is
recommended that synchronous PWM be used, which means
that the TC and the template should be synchronized. Fur-
thermore, to avoid subharmonics, it is also desired that p be

an integer. If p is an odd number, even harmonics will be elim-
inated. If p is a multiple of 3, then the PWM modulation of
the three phases will be identical. When m increases, the ampli-
tude of the fundamental voltage increases proportionally, but
some harmonics decrease. Under overmodulation (m > 1),
the fundamental voltage does not increase linearly, and more
harmonics appear. Figure 12.52 shows the harmonic spectrum

Avf-frms/VD
06 ]
D — m=1
05 411 E
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FIGURE 12.52 Harmonic spectrum for SPWM modulation.
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FIGURE 12.53 Current waveforms for different values of p.

of the three-phase PWM voltage waveforms for different values
of m, and p = 3k where k is an odd number.

Due to the presence of the input inductance Lg, the har-
monic currents that result are proportionally attenuated with
the harmonic number. This characteristic is shown in the cur-
rent waveforms of Fig. 12.53, where larger p numbers generate
cleaner currents. The rectifier that originated the currents of
Fig. 12.53 has the following characteristics: Vp = 450 Vy,
V}"_“} = 220 V¢, Ls = 2mH, and input current Is = 80 A,s.
It can be observed that with p > 21 the current distortion
is quite small. The value of p = 81 in Fig. 12.53 produces
an almost pure sinusoidal waveform, and it means 4860 Hz of

J. W. Dixon

switching frequency at 60 Hz or only 4.050 Hz in a rectifier
operating in a 50 Hz supply. This switching frequency can be
managed by MOSFETs, IGBTs, and even Power Darlingtons.
Then a number p = 81, is feasible for today’s low and medium
power rectifiers.

12.3.4.3 Voltage-source Load-controlled PWM
Rectifier

A simple method of control for small PWM rectifiers (up
to 10-20kW) is based on direct control of the dc current.
Figure 12.54 shows the schematic of this control system. The
fundamental voltage Viyop modulated by the rectifier is pro-
duced by a fixed and unique PWM pattern, which can be
carefully selected to eliminate most undesirable harmonics. As
the PWM does not change, it can be stored in a permanent
digital memory (ROM).

The control is based on changing the power angle § between
the mains voltage V and fundamental PWM voltage Vaop.
When § changes, the amount of power flow transferred from
the ac to the dc side also changes. When the power angle is
negative (Vaop lags V), the power flow goes from the ac to
the dc side. When the power angle is positive, the power flows
in the opposite direction. Then, the power angle can be con-
trolled through the current Ip. The voltage Vp does not need
to be sensed, because this control establishes a stable dc volt-
age operation for each dc current and power angle. With these
characteristics, it is possible to find a relation between Ip and
8 so as to obtain constant dc voltage for all load conditions.

E—
VA=VMsin(ot Ls iSA A JG JG J lae
—ftjm\z; — .
— N o o
e —
3Kt |

Synchr.
g DIGITAL CONTROL WITH
/Z %4 FIXED PWM PATTERN
)
JjolLglg
Vivop
Rig

8OFFSET

FIGURE 12.54 Voltage-source load-controlled PWM rectifier.
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This relation is given by

V(cosS— ‘”Tfssiné— 1)
2
R[l + (“’T’;S) }

From Eq. (12.70) a plot and a reciprocal function 8 = f(Ip) is
obtained to control the rectifier. The relation between Ip and §
allows for leading power factor operation and null regulation.
The leading power factor operation is shown in the phasor
diagram of Fig. 12.54.

The control scheme of the voltage-source load-controlled
rectifier is characterized by the following: (i) there are neither
input current sensors nor dc voltage sensor; (ii) it works with a
fixed and predefined PWM pattern; (iii) it presents very good
stability; (iv) its stability does not depend on the size of the
dc capacitor; (v) it can work at leading power factor for all
load conditions; and (vi) it can be adjusted with Eq. (12.70)
to work at zero regulation. The drawback appears when R
in Eq. (12.70) becomes negligible, because in such a case the
control system is unable to find an equilibrium point for the dc
link voltage. That is why this control method is not applicable
to large systems.

(12.70)

Ip =f(8) =

12.3.5 New Technologies and Applications of
Force-commutated Rectifiers

The additional advantages of force-commutated rectifiers
with respect to line-commutated rectifiers, make them bet-
ter candidates for industrial requirements. They permit new
applications such as rectifiers with harmonic elimination capa-
bility (active filters), power factor compensators, machine
drives with four-quadrant operation, frequency links to con-
nect 50 Hz with 60 Hz systems, and regenerative converters for
traction power supplies. Modulation with very fast valves such
as IGBTs permit almost sinusoidal currents to be obtained.
The dynamics of these rectifiers is so fast that they can
reverse power almost instantaneously. In machine drives, cur-
rent source PWM rectifiers, like the one shown in Fig. 12.35a,
can be used to drive dc machines from the three-phase sup-
ply. Four-quadrant applications using voltage-source PWM
rectifiers, are extended for induction machines, synchronous
machines with starting control, and special machines such as
brushless-dc motors. Back-to-back systems are being used in
Japan to link power systems with different frequencies.

12.3.5.1 Active Power Filter

Force-commutated PWM rectifiers can work as active power
filters. The voltage-source current-controlled rectifier has the
capability to eliminate harmonics produced by other polluting
loads. It only needs to be connected as shown in Fig. 12.55.
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The current sensors are located at the input terminals of the
power source and these currents (instead of the rectifier cur-
rents) are forced to be sinusoidal. As there are polluting loads
in the system, the rectifier is forced to deliver the harmonics
that loads need, because the current sensors do not allow the
harmonics going to the mains. As a result, the rectifier cur-
rents become distorted, but an adequate dc capacitor Cp can
keep the dc link voltage in good shape. In this way the rectifier
can do its duty, and also eliminate harmonics to the source. In
addition, it also can compensate power factor and unbalanced
load problems.

12.3.5.2 Frequency Link Systems

Frequency link systems permit power to be transferred form
one frequency to another one. They are also useful for linking
unsynchronized networks. Line-commutated converters are
widely used for this application, but they have some drawbacks
that force-commutated converters can eliminate. For example,
the harmonic filters requirement, the poor power factor, and
the necessity to count with a synchronous compensator when
generating machines at the load side are absent. Figure 12.56
shows a typical line-commutated system in which a 60 Hz load
is fed by a 50 Hz supply. As the 60 Hz side needs excitation to
commutate the valves, a synchronous compensator has been
required.

In contrast, an equivalent system with force-commutated
converters is simpler, cleaner, and more reliable. It is imple-
mented with a dc voltage-controlled rectifier, and another
identical converter working in the inversion mode. The power
factor can be adjusted independently at the two ac ter-
minals, and filters or synchronous compensators are not
required. Figure 12.57 shows a frequency link system with
force-commutated converters.

12.3.5.3 Special Topologies for High
Power Applications

High power applications require series- and/or parallel-
connected rectifiers. Series and parallel operation with force-
commutated rectifiers allow improving the power quality
because harmonic cancellation can be applied to these
topologies. Figure 12.58 shows a series connection of force-
commutated rectifiers, where the modulating carriers of the
valves in each bridge are shifted to cancel harmonics. The
example uses sinusoidal PWM that are with TC shifted.

The waveforms of the input currents for the series connec-
tion system are shown in Fig. 12.59. The frequency modulation
ratio shown in this figure is for p = 9. The carriers are shifted
by 90° each, to obtain harmonics cancellation. Shifting of the
carriers 87 depends on the number of converters in series (or
in parallel), and is given by

(12.71)
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FIGURE 12.55 Voltage-source rectifier with harmonic elimination capability.

FIGURE 12.56 Frequency link systems with line-commutated converters.
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FIGURE 12.57 Frequency link systems with force-commutated converters.
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FIGURE 12.58 Series connection system with force-commutated rectifiers.
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Current in one of the four
converters in series

Total current

FIGURE 12.59

Current with one converter
and p = 36

0
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\

Input currents and carriers of the series connection system of Fig. 12.58.

Total current with four
converters in series and p=9

FIGURE 12.60 Four converters in series and p = 9 compared with one converter and p = 36.

where 7 is the number of converters in series or in parallel.
It can be observed that despite the low value of p, the total
current becomes quite clean and clear, better than the current
of one of the converters in the chain.

The harmonic cancellation with series- or parallel-
connected rectifiers, using the same modulation but the
carriers shifted, is quite effective. The resultant current is bet-
ter with n converters and frequency modulation p = p; than
with one converter and p = n - p;. This attribute is verified in
Fig. 12.60, where the total current of four converters in series
with p = 9 and carriers shifted, is compared with the current
of only one converter and p = 36. This technique also allows
for the use of valves with slow commutation times, such as high
power GTOs. Generally, high power valves have low commuta-
tion times and hence the parallel and/or series options remain
very attractive.

Another special topology for high power was implemented
for Asea Brown Boveri (ABB) in Bremen. A 100 MW power
converter supplies energy to the railways at 16™ Hz. Tt uses

basic “H” bridges like the one shown in Fig. 12.61, connected
to the load through power transformers. These transformers
are connected in parallel at the converter side, and in series at
the load side.

The system uses SPWM with TCs shifted, and depending on
the number of converters connected in the chain of bridges,
the voltage waveform becomes more and more sinusoidal.
Figure 12.62 shows a back-to-back system using a chain of
12 “H” converters connected as showed in Fig. 12.61b.

The ac voltage waveform obtained with the topology of
Fig. 12.62 is displayed in Fig. 12.63. It can be observed that
the voltage is formed by small steps that depend on the num-
ber of converters in the chain (12 in this case). The current is
almost perfectly sinusoidal.

Figure 12.64 shows the voltage waveforms for different num-
ber of converters connected in the bridge. It is clear that the
larger the number of converters, the better the voltage.

Another interesting result with this converter is that the
ac voltages become modulated by both PWM and amplitude
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FIGURE 12.61 The “H” modulator: (a) one bridge and (b) bridges connected in series at load side through isolation transformers.
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FIGURE 12.62 Frequency link with force-commutated converters and sinusoidal voltage modulation.

modulation (AM). This is because when the pulse modulation
changes, the steps of the amplitude change. The maximum
number of steps of the resultant voltage is equal to the num-
ber of converters. When the voltage decreases, some steps
disappear, and then the AM becomes a discrete function.
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Figure 12.65 shows the AM of the voltage.

12.3.5.4 Machine Drives Applications

One of the most important applications of force-commutated
rectifiers is in machine drives. Line-commutated thyristor con-
verters have limited applications because they need excitation
to extinguish the valves. This limitation do not allow the use
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of line-commutated converters in induction machine drives.
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FIGURE 12.63 Voltage and current waveforms with 12 converters.
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FIGURE 12.64 Voltage waveforms with different numbers of “H” bridges in series.

On the other hand, with force-commutated converters four-
quadrant operation is achievable. Figure 12.66 shows a
typical frequency converter with a force-commutated rectifier—
inverter link. The rectifier side controls the dc link, and the
inverter side controls the machine. The machine can be a syn-
chronous, brushless dc, or induction machine. The reversal of

both speed and power are possible with this topology. At the
rectifier side, the power factor can be controlled, and even
with an inductive load such as an induction machine, the
source can “see” the load as capacitive or resistive. Chang-
ing the frequency of the inverter controls the machine speed,
and the torque is controlled through the stator currents and
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FIGURE 12.65 Amplitude modulation of the “H” bridges of Fig. 12.62.
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FIGURE 12.67 Electric bus system with regenerative braking and battery charger.

torque angle. The inverter will become a rectifier during regen-
erative braking, which is possible by making slip negative in
an induction machine, or by making the torque angle negative
in synchronous and brushless dc machines.

A variation of the drive of Fig. 12.66 is found in electric
traction applications. Battery powered vehicles use the inverter
as a rectifier during regenerative braking, and sometimes the
inverter is also used as a battery charger. In this case, the
rectifier can be fed by a single-phase or three-phase system.

Figure 12.67 shows a battery-powered electric bus system. This
system uses the power inverter of the traction motor as rec-
tifier for two purposes: regenerative braking and as a battery
charger fed by a three-phase power source.

12.3.5.5 Variable Speed Power Generation

Power generation at 50 or 60Hz requires constant speed
machines. In addition, induction machines are not currently
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FIGURE 12.69 Voltage-source rectifier using three-level converter.

used in power plants because of magnetization problems.
With the use of frequency-link force-commutated converters,
variable-speed constant-frequency generation becomes pos-
sible even with induction generators. The power plant in
Fig. 12.68 shows a wind generator implemented with an induc-
tion machine, and a rectifier—inverter frequency link connected
to the utility. The dc link voltage is kept constant with the
converter located at the mains side. The converter connected
at the machine side controls the slip of the generator and
adjusts it according to the speed of wind or power require-
ments. The utility is not affected by the power factor of the
generator, because the two converters keep the cos¢ of the
machine independent of the mains supply. The converter at
the mains side can even be adjusted to operate at leading
power factor.

Varible-speed constant-frequency generation also can be
used in either hydraulic or thermal plants. This allows for
optimal adjustment of the efficiency-speed characteristics of
the machines. In many places, wound rotor induction gen-
erators working as variable speed synchronous machines are
being used as constant frequency generators. They operate in
hydraulic plants that are able to store water during low demand
periods. A power converter is connected at the slip rings of
the generator. The rotor is then fed with variable frequency

excitation. This allows the generator to generate at different
speeds around the synchronous rotating flux.

12.3.5.6 Power Rectifiers Using Multilevel
Topologies

Almost all voltage source rectifiers already described are two-
level configurations. Today, multilevel topologies are becoming
very popular, mainly three-level converters. The most popu-
lar three-level configuration is called diode clamped converter,
which is shown in Fig. 12.69. This topology is today the stan-
dard solution for high power steel rolling mills, which uses
back-to-back three-phase rectifier—inverter link configuration.
In addition, this solution has been recently introduced in high
power downhill conveyor belts which operate almost perma-
nently in the regeneration mode or rectifier operation. The
more important advantage of three-level rectifiers is that volt-
age and current harmonics are reduced due to the increased
number of levels.

Higher number of levels can be obtained using the same
diode clamped strategy, as shown in Fig. 12.70, where only
one phase of a general approach is displayed. However, this
topology becomes more and more complex with the increase
of number of levels. For this reason, new topologies are being



12 Three-phase Controlled Rectifiers

245

A

dc
load

FIGURE 12.70

Multilevel rectifier using diode clamped topology.

R+ joL ig
JOLs S
a
7\
)
b
~ H Bridges H Bridges H Bridges
[ * L &AL L &L =T
| A2 &l A2 gl A2
AC Source s L gl L i
L =T L&l
= Al =] Al = Al i
L&l L &L L &L be ,,
L =T Lai] o >
BlE [w| 8E [w sgE |w cJ-j—VDC o000
L &L L&l L&l T = M=
é) 4} ]
[é;‘ E e + VREF: 750V
> CONTROL BLOCK <

Phase reference

FIGURE 12.71 27-Level rectifier for railways, using H-bridges scaled in power of three.

studied to get a large number of levels with less power transis-
tors. One example of such of these topologies is the multistage,
27-level converter shown in Fig. 12.71. This special 27-level,
four-quadrant rectifier, uses only three H-bridges per phase
with independent input transformers for each H-bridge. The
transformers allow galvanic isolation and power escalation to
get high quality voltage waveforms, with THD of less than 1%.

The power scalation consists on increasing the voltage rates
of each transformer making use of the “three-level” character-
istics of H-bridges. Then, the number of levels is optimized
when transformers are scaled in power of three. Some advan-
tages of this 27-level topology are: (a) only one of the three
H-bridges, called “main converter,” manages more than 80%
of the total active power in each phase and (b) this main
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converter switches at fundamental frequency reducing the
switching losses at a minimum value. The rectifier of Fig. 12.71
is a current-controlled voltage source type, with a conventional
feedback control loop, which is being used as a rectifier in a
subway substation. It includes fast reversal of power and the
ability to produce clean ac and dc waveforms with negligible
ripple. This rectifier can also compensate power factor and
eliminate harmonics produced by other loads in the ac line.
Figure 12.72 shows the ac voltage waveform obtained with this
rectifier from an experimental prototype. If one more H-bridge
is added, 81 levels are obtained, because the number of levels
increases according with N = 3k, where N is the number of
levels or voltage steps and k the number of H-bridges used per
phase.

Many other high-level topologies are under study but this
matter is beyond the main topic of this chapter.
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13.1 Introduction

Modern electronic systems require high quality, small,
lightweight, reliable, and efficient power supplies. Linear power
regulators, whose principle of operation is based on a voltage
or current divider, are inefficient. They are limited to output
voltages smaller than the input voltage. Also, their power den-
sity is low because they require low-frequency (50 or 60 Hz)
line transformers and filters. Linear regulators can, however,
provide a very high quality output voltage. Their main area
of application is at low power levels as low drop-out volt-
age (LDO) regulators. Electronic devices in linear regulators
operate in their active (linear) modes. At higher power levels,
switching regulators are used. Switching regulators use power
electronic semiconductor switches in on and off states. Since
there is a small power loss in those states (low voltage across a
switch in the on state, zero current through a switch in the off
state), switching regulators can achieve high energy conversion
efficiencies. Modern power electronic switches can operate
at high frequencies. The higher the operating frequency, the
smaller and lighter the transformers, filter inductors, and
capacitors. In addition, dynamic characteristics of converters
improve with increasing operating frequencies. The bandwidth
of a control loop is usually determined by the corner frequency

Copyright © 2007, 2001, Elsevier Inc.
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of the output filter. Therefore, high operating frequencies allow
for achieving a faster dynamic response to rapid changes in the
load current and/or the input voltage.

High-frequency electronic power processors are used in
dc—dc power conversion. The functions of dc—dc convert-
ers are:

o to convert a dc input voltage Vs into a dc output
voltage Vo;

« to regulate the dc output voltage against load and line
variations;

« to reduce the ac voltage ripple on the dc output voltage
below the required level;

e to provide isolation between the input source and the
load (isolation is not always required);

o to protect the supplied system and the input source from
electromagnetic interference (EMI);

o to satisfy various international and national safety
standards.

The dc—dc converters can be divided into two main types:
hard-switching pulse width modulated (PWM) converters, and
resonant and soft-switching converters. This chapter deals with
the former type of dc—dc converters. The PWM converters
have been very popular for the last three decades. They are
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widely used at all power levels. Topologies and properties of
PWM converters are well understood and described in litera-
ture. Advantages of PWM converters include low component
count, high efficiency, constant frequency operation, relatively
simple control and commercial availability of integrated circuit
controllers, and ability to achieve high conversion ratios for
both step-down and step-up application. A disadvantage of
PWM dc—dc converters is that PWM rectangular voltage and
current waveforms cause turn-on and turn-off losses in semi-
conductor devices which limit practical operating frequencies
to a megahertz range. Rectangular waveforms also inherently
generate EMI.

This chapter starts from a section on dc choppers which are
used primarily in dc drives. The output voltage of dc chop-
pers is controlled by adjusting the on time of a switch which
in turn adjusts the width of a voltage pulse at the output.
This is so called pulse-width modulation (PWM) control. The
dc choppers with additional filtering components form PWM
dc—dc converters. Four basic dc—dc converter topologies are
presented in Sections 13.3-13.6: buck, boost, buck-boost, and
Cuk converters. Popular isolated versions of these conver-
ters are also discussed. Operation of converters is explained
under ideal component and semiconductor device assump-
tions. Section 13.7 discusses effects of non-idealities in PWM
converters. Section 13.8 presents topologies for increased
efficiency at low output voltage and for bidirectional power
flow. Section 13.9 reviews control principles of PWM dc—dc
converters. Two main control schemes, voltage-mode control
and current-mode control, are described. Summary of applica-
tion areas of PWM dc—dc converters is given in Section 13.10.
Finally, a list of modern textbooks on power electronics
is provided. These books are excellent resources for deeper
exploration of the area of dc—dc power conversion.

13.2 DC Choppers

A step-down dc chopper with a resistive load is shown in
Fig. 13.1a. It is a series connection of a dc input voltage
source Vs, controllable switch S, and load resistance R. In most
cases, switch S has a unidirectional voltage blocking capabilities
and unidirectional current conduction capabilities. Power elec-
tronic switches are usually implemented with power MOSFETSs,
IGBTs, MCTs, power BJTs, or GTOs. If an antiparallel diode is
used or embedded in a switch, a switch exhibits a bidirectional
current conduction property. Figure 13.1b depicts waveforms
in a step-down chopper. The switch is being operated with a
duty ratio D defined as a ratio of the switch on time to the sum
of the on the off times. For a constant frequency operation,
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FIGURE 13.1 DC chopper with resistive load: (a) circuit diagram and
(b) output voltage waveform.

where T'=1/fis the period of the switching frequency f. The
average value of the output voltage is

Vo = DVg (13.2)

and can be regulated by adjusting duty ratio D. The average
output voltage is always smaller than the input voltage, hence,
the name of the converter.

The dc step-down choppers are commonly used in dc drives.
In such a case, the load is presented as a series combination
of inductance L, resistance R, and back emf E as shown in
Fig. 13.2a. To provide a path for a continuous inductor current
flow when the switch is in the off state, an antiparallel diode
D must be connected across the load. Since the chopper of
Fig. 13.2a provides a positive voltage and a positive current to
the load, it is called a first-quadrant chopper. The load voltage
and current are graphed in Fig. 13.2b under assumptions that
the load current never reaches zero and the load time constant
7 = L/R is much greater than the period T. Average values of
the output voltage and current can be adjusted by changing
the duty ratio D.
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FIGURE 13.3 The dc step-up chopper.

The dc choppers can also provide peak output voltages
higher than the input voltage. Such a step-up configuration is
presented in Fig. 13.3. It consists of dc input source Vs, induc-
tor L connected in series with the source, switch S connecting
the inductor to ground, and a series combination of diode D
and load. If the switch operates with a duty ratio D, the output
voltage is a series of pulses of duration (1—D)T and amplitude
Vs/(1 — D). Neglecting losses, the average value of the output
voltage is V. To obtain an average value of the output voltage
greater than Vi, a capacitor must be connected in parallel with
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the load. This results in a topology of a boost dc—dc converter
that is described in Section 13.4.

13.3 Step-down (Buck) Converter

13.3.1 Basic Converter

The step-down dc—dc converter, commonly known as a buck
converter, is shown in Fig. 13.4a. It consists of dc input voltage
source Vg, controlled switch S, diode D, filter inductor L,
filter capacitor C, and load resistance R. Typical waveforms
in the converter are shown in Fig. 13.4b under assumption
that the inductor current is always positive. The state of the
converter in which the inductor current is never zero for any
period of time is called the continuous conduction mode
(CCM). It can be seen from the circuit that when the switch S
is commanded to the on state, the diode D is reverse biased.
When the switch S is off, the diode conducts to support an
uninterrupted current in the inductor.

The relationship among the input voltage, output voltage,
and the switch duty ratio D can be derived, for instance,
from the inductor voltage v; waveform (see Fig. 13.4D).
According to Faraday’s law, the inductor volt—second product
over a period of steady-state operation is zero. For the buck
converter

(Vs — Vo)DT = —Vp(1 — D)T (13.3)

Hence, the dc voltage transfer function, defined as the ratio of
the output voltage to the input voltage, is

(13.4)

It can be seen from Eq. (13.4) that the output voltage is always
smaller than the input voltage.

The dc—dc converters can operate in two distinct modes
with respect to the inductor current iy. Figure 13.4b depicts
the CCM in which the inductor current is always greater than
zero. When the average value of the input current is low
(high R) and/or the switching frequency f is low, the con-
verter may enter the discontinuous conduction mode (DCM).
In the DCM, the inductor current is zero during a portion
of the switching period. The CCM is preferred for high effi-
ciency and good utilization of semiconductor switches and
passive components. The DCM may be used in applications
with special control requirements, since the dynamic order of
the converter is reduced (the energy stored in the inductor is
zero at the beginning and at the end of each switching period).
It is uncommon to mix these two operating modes because of
different control algorithms. For the buck converter, the value
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FIGURE 13.4 Buck converter: (a) circuit diagram and (b) waveforms.

of the filter inductance that determines the boundary between
CCM and DCM is given by

_ (1-D)R
=5

For typical values of D = 0.5, R = 10 2, and f = 100 kHz, the
boundary is L, = 25uH. For L > L, the converter operates
in the CCM.

The filter inductor current i; in the CCM consists of a dc
component Ip with a superimposed triangular ac component.

Ly (13.5)

D. Czarkowski

Almost all of this ac component flows through the filter capac-
itor as a current i.. Current 7. causes a small voltage ripple
across the dc output voltage V. To limit the peak-to-peak
value of the ripple voltage below certain value V, the filter
capacitance C must be greater than

(1-D) Vo
8V, Lf?

At D = 0.5, V;/Vg = 1%, L = 25uH, and f = 100kHz,
the minimum capacitance is Cpj, = 25 0E

Equations (13.5) and (13.6) are the key design equations for
the buck converter. The input and output dc voltages (hence,
the duty ratio D), and the range of load resistance R are usually
determined by preliminary specifications. The designer needs
to determine values of passive components L and C, and of
the switching frequency f. The value of the filter inductor L is
calculated from the CCM/DCM condition using Eq. (13.5).
The value of the filter capacitor C is obtained from the
voltage ripple condition Eq. (13.6). For the compactness and
low conduction losses of a converter, it is desirable to use small
passive components. Equations (13.5) and (13.6) show that it
can be accomplished by using a high switching frequency f. The
switching frequency is limited, however, by the type of semi-
conductor switches used and by switching losses. It should
be also noted that values of L and C may be altered by
effects of parasitic components in the converter, especially
by the equivalent series resistance of the capacitor. The issue
of parasitic components in dc—dc converters is discussed in
Section 13.7.

Ciin = (13-6)

13.3.2 Transformer Versions of Buck Converter

In many dc power supplies, a galvanic isolation between the
dc or ac input and the dc output is required for safety and
reliability. An economical mean of achieving such an isola-
tion is to employ a transformer version of a dc—dc converter.
High-frequency transformers are of a small size and weight and
provide high efficiency. Their turns ratio can be used to addi-
tionally adjust the output voltage level. Among buck-derived
dc—dc converters, the most popular are: forward converter,
push—pull converter, half-bridge converter, and full-bridge
converter.

A. Forward Converter

The circuit diagram of a forward converter is depicted in
Fig. 13.5. When the switch S is on, diode D; conducts and diode
D, is off. The energy is transferred from the input, through
the transformer, to the output filter. When the switch is off, the
state of diodes D; and D is reversed. The dc voltage transfer
function of the forward converter is

(13.7)

where n = Nj/N,.
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FIGURE 13.5 Forward converter.

In the forward converter, the energy-transfer current flows
through the transformer in one direction. Hence, an additional
winding with diode D3 is needed to bring the magnetizing
current of the transformer to zero. This prevents transformer
saturation. The turns ratio N;j/N3 should be selected in such
a way that the magnetizing current decreases to zero during a
fraction of the time interval when the switch is off.

Equations (13.5) and (13.6) can be used to design the filter
components. The forward converter is very popular for low
power applications. For medium power levels, converters with
bidirectional transformer excitation (push—pull, half-bridge,
and full-bridge) are preferred due to better utilization of
magnetic components.

B. Push-Pull Converter

The PWM dc—dc push—pull converter is shown in Fig. 13.6.
The switches S; and S, operate shifted in phase by T/2 with the
same duty ratio D. The duty ratio must be smaller than 0.5.
When switch Sy is on, diode D; conducts and diode D, is
off. Diode states are reversed when switch S; is on. When both
controllable switches are off, the diodes are on and share equally
the filter inductor current. The dc voltage transfer function of
the push—pull converter is

2D
My = —
n

(13.8)

where n = Nj/N,. The boundary value of the filter inductor is

—2D)R
Ly, = % (13.9)
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FIGURE 13.6 Push—pull converter.
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FIGURE 13.7 Half-bridge converter.

The filter capacitor can be obtained from

(13.10)

C. Half-bridge Converter

Figure 13.7 shows the dc—dc half-bridge converter. The opera-
tion of the PWM half-bridge converter is similar to that of the
push—pull converter. In comparison to the push—pull converter,
the primary of the transformer is simplified at the expense
of two voltage-sharing input capacitors. The half-bridge con-
verter dc voltage transfer function is

(13.11)

where D < 0.5. Equations (13.9) and (13.10) apply to the filter
components.

D. Full-bridge Converter

Comparing the PWM dc—dc full-bridge converter of Fig. 13.8
to the half-bridge converter, it can be seen that the input
capacitors have been replaced by two controllable switches.
The controllable switches are operated in pairs. When S; and
S4 are on, voltage Vg is applied to the primary of the trans-
former and diode D; conducts, With S, and S3 on, there is
voltage — Vs across the primary transformer and diode D,

AVAS
%

+
s, SZ&
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N3 EN
Vs(® ! .2 -

FIGURE 13.8 Full-bridge converter.
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is on. With all controllable switches off, both diodes conduct,
similarly as in the push—pull and half-bridge converters. The
dc voltage transfer function of the full-bridge converter is

(13.12)

where D < 0.5. Values of filter components can be obtained
from Egs. (13.9) and (13.10).

It should be stressed that the full-bridge topology is a very
versatile one. With different control algorithms, it is very pop-
ular in dc—ac conversion (square-wave and PWM single-phase
inverters). It is also used in four-quadrant dc drives.

13.4 Step-up (Boost) Converter

Figure 13.9a depicts a step-up or a PWM boost converter. It is
comprised of dc input voltage source Vs, boost inductor L,
controlled switch S, diode D, filter capacitor C, and load resis-
tance R. The converter waveforms in the CCM are presented in
Fig. 13.9b. When the switch S is in the on state, the current in
the boost inductor increases linearly. The diode D is off at the
time. When the switch S is turned off, the energy stored in the
inductor is released through the diode to the input RC circuit.
Using the Faraday’s law for the boost inductor

VsDT = (Vo — Vs)(1—D)T (13.13)

from which the dc voltage transfer function turns out to be
(13.14)

As the name of the converter suggests, the output voltage is
always greater than the input voltage.
The boost converter operates in the CCM for L > L; where

_ (1-D)’DR

L
b of

(13.15)

For D = 0.5, R = 10 2, and f = 100 kHz, the boundary value
of the inductance is L, = 6.25 wH.

As shown in Fig. 13.9b, the current supplied to the output
RC circuit is discontinuous. Thus, a larger filter capacitor is
required in comparison to that in the buck-derived converters
to limit the output voltage ripple. The filter capacitor must
provide the output dc current to the load when the diode D
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FIGURE 13.9 Boost converter: (a) circuit diagram and (b) waveforms.
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is off. The minimum value of the filter capacitance that results
in the voltage ripple V; is given by

_ DVo
~ V,Rf

Chnin (13.16)

At D = 0.5, V,/Vp = 1%, R = 10, and f = 100kHz, the
minimum capacitance for the boost converter is C,j, = 50 wE

The boost converter does not have a popular transformer
(isolated) version.
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13.5 Buck-Boost Converter

13.5.1 Basic Converter

A non-isolated (transformerless) topology of the buck—boost
converter is shown in Fig. 13.10a. The converter consists of
dc input voltage source Vs, controlled switch S, inductor L,
diode D, filter capacitor C, and load resistance R. With the
switch on, the inductor current increases while the diode is

s D o
O/V L1 -
—_»c N .

(a)

\J

Vo F-—-!

\J

DT T ' o7
(b)

FIGURE 13.10 Buck-boost converter: (a) circuit diagram and (b)
waveforms.
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maintained off. When the switch is turned off, the diode pro-
vides a path for the inductor current. Note the polarity of the
diode which results in its current being drawn from the output.
The buck-boost converter waveforms are depicted in
Fig. 13.10b. The condition of a zero volt—second product for

the inductor in steady state yields
VsDT = —Vp(1 — D)T (13.17)

Hence, the dc voltage transfer function of the buck-boost
converter is

(13.18)

The output voltage Vo is negative with respect to the ground.
Its magnitude can be either greater or smaller (equal at D =
0.5) than the input voltage as the converter’s name implies.

The value of the inductor that determines the boundary
between the CCM and DCM is

_ (1-D)*R

L
b 2f

(13.19)

The structure of the output part of the converter is similar
to that of the boost converter (reversed polarities being the
only difference). Thus, the value of the filter capacitor can be
obtained from Eq. (13.16).

13.5.2 Flyback Converter

A PWM flyback converter is a very practical isolated ver-
sion of the buck-boost converter. The circuit of the flyback
converter is presented in Fig. 13.11a. The inductor of the
buck-boost converter has been replaced by a flyback trans-
former. The input dc source Vs and switch S are connected
in series with the primary transformer. The diode D and the
RC output circuit are connected in series with the secondary
of the flyback transformer. Figure 13.11b shows the converter
with a simple flyback transformer model. The model includes
a magnetizing inductance L,, and an ideal transformer with
a turns ratio n = N;/N,. The flyback transformer leakage
inductances and losses are neglected in the model. It should
be noted that leakage inductances, although not important
from the principle of operation point of view, affect adversely
switch and diode transitions. Snubbers are usually required in
flyback converters.

Refer to Fig. 13.11b for the converter operation. When the
switch S is on, the current in the magnetizing inductance
increases linearly. The diode D is off and there is no current
in the ideal transformer windings. When the switch is turned
off, the magnetizing inductance current is diverted into the
ideal transformer, the diode turns on, and the transformed
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FIGURE 13.11 Flyback converter: (a) circuit diagram and (b) circuit
with a transformer model showing the magnetizing inductance L,,.

magnetizing inductance current is supplied to the RC load.
The dc voltage transfer function of the flyback converter is

Vo D

My=—= ————
V=V, T n(1-D)

(13.20)

It differs from the buck-boost converter voltage transfer
function by the turns ratio factor n. A positive sign has
been obtained by an appropriate coupling of the transformer
windings.

Unlike in transformer buck-derived converters, the mag-
netizing inductance L, of the flyback transformer is an
important design parameter. The value of the magnetizing
inductance that determines the boundary between the CCM
and DCM is given by

_ n*(1—-D)’R

Ly = 7 (13.21)

The value of the filter capacitance can be calculated using
Eq. (13.16).

13.6 Cuk Converter

The circuit of the Cuk converter is shown in Fig. 13.12a.
It consists of dc input voltage source Vg, input inductor L;,
controllable switch S, energy transfer capacitor C;, diode D,
filter inductor L, filter capacitor C, and load resistance R.
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FIGURE 13.12 Cuk converter: (a) circuit diagram and (b) waveforms.

An important advantage of this topology is a continuous
current at both the input and the output of the converter.
Disadvantages of the Cuk converter include a high number of
reactive components and high current stresses on the switch,
the diode, and the capacitor C;. Main waveforms in the con-
verter are presented in Fig. 13.12b. When the switch is on, the
diode is off and the capacitor C; is discharged by the inductor
L, current. With the switch in the off state, the diode conducts
currents of the inductors L; and L, whereas capacitor C is
charged by the inductor L; current.

To obtain the dc voltage transfer function of the converter,
we shall use the principle that the average current through a
capacitor is zero for steady-state operation. Let us assume that
inductors L; and L, are large enough that their ripple current
can be neglected. Capacitor C; is in steady state if

I, DT = I1,(1 - D)T (13.22)
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For a lossless converter
Pg = Vslp; = —Voplp = Po (13.23)

Combining these two equations, the dc voltage transfer
function of the Cuk converter is

(13.24)

This voltage transfer function is the same as that for the
buck—boost converter.

The boundaries between the CCM and DCM are deter-
mined by

(1—-D)R
Ly = 13.25
b1 2Df ( )
for L; and
(1—-D)R
Ly, = 13.26
b2 of ( )
for L.

The output part of the Cuk converter is similar to that
of the buck converter. Hence, the expression for the filter
capacitor Cis

_ (1-D)Vp

in = 13.27
nin 8V,L2f2 ( )

The peak-to-peak ripple voltage in the capacitor C; can be
estimated as

_ DVo
QR

rl (13.28)

A transformer (isolated) version of the Cuk converter can
be obtained by splitting capacitor C; and inserting a high-
frequency transformer between the split capacitors.

13.7 Effects of Parasitics

The analysis of converters in Sections 13.2 through 13.6 has
been performed under ideal switch, diode, and passive com-
ponent assumptions. Non-idealities or parasitics of practical
devices and components may, however, greatly affect some
performance parameters of dc—dc converters. In this section,
effects of parasitics on output voltage ripple, efficiency, and
voltage transfer function of converters will be illustrated.

A more realistic model of a capacitor than just a
capacitance C, consists of a series connection of capacitance
C and resistance rc. The resistance r¢ is called an equiva-
lent series resistance (ESR) of the capacitor and is due to
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losses in the dielectric and physical resistance of leads and
connections. Recall Eq. (13.6) which provided a value of the
filter capacitance in a buck converter that limits the peak-to-
peak output voltage ripple to V,. The equation was derived
under an assumption that the entire triangular ac component
of the inductor current flows through a capacitance C. It is,
however, closer to reality to maintain that this triangular com-
ponent flows through a series connection of capacitance Cand
resistance rc.

The peak-to-peak ripple voltage is independent of the
voltage across the filter capacitor and is determined only by
the ripple voltage of the ESR if the following condition is
satisfied,

(13.29)

1 — Duyin D
CZCm,-n:max{—mm max}

2rcf  2ref

If condition (13.29) is satisfied, the peak-to-peak ripple voltage
of the buck and forward converters is

rcVo(1 = Diin)
fL

For push—pull, half-bridge, and full-bridge converters,

Vi = rcAipmax = (13.30)

(13.31)

0.5— Dyuin D
Cszmzmax{—mm max}

2rcf 2 rcf

where Dy, < 0.5. If condition (13.31) is met, the peak-to-
peak ripple voltage V; of these converters is given by

rcVo(0.5 — Diyin)
fL

Waveforms of voltage across the ESR V¢, voltage across
the capacitance V¢, and total ripple voltage V, are depicted in
Fig. 13.13 for three values of the filter capacitances. For the case
of the top graph in Fig. 13.13, the peak-to-peak value of V; is
higher than the peak-to-peak value of V¢ because C < Cyin.
Middle and bottom graphs in Fig. 13.13 show the waveforms
for C = Cyin and C > Cyip, respectively. For both these cases,
the peak-to-peak voltages of V; and V;¢ equal to each other.

Note that when the resistance r¢ sets the ripple voltage V;,
the minimum value of inductance L is determined either by the
boundary between the CCM and DCM according to Eq. (13.5)
(buck and forward converters) or Eq. (13.9) (push—pull, half-
bridge, and full-bridge converters), or by the voltage ripple
condition (13.30) or (13.32).

In buck-boost and boost converters, the peak-to-peak
capacitor current Icy, is equal to the peak-to-peak diode
current and is given by

V, = rcAipmax = (13.32)

Io
1-D

Icpp = (13.33)
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FIGURE 13.13 Voltage ripple waveforms V,c, V¢, and V, for a buck
converter at Vo = 12V, f = 100kHz, L = 40 wH, r¢ = 0.05 2, and
various values of C: C = 33 uF (top graph), C = Cyin = 65 wF (middle
graph), and C = 100 pF (bottom graph).

under condition that the inductor current ripple is much lower
than the average value of the inductor current. The peak-to-
peak voltage across the ESR is

rclo
1-D

Assuming that the total ripple voltage V; is approximately
equal to the sum of the ripple voltages across the ESR and the
capacitance, the maximum value of the peak-to-peak ripple
voltage across the capacitance is

Vemax = Vi — Vie (13.35)
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Finally, by analogy to Eq. (13.16), when the ESR of the filter
capacitor is taken into account in the boost-type output filter,
the filter capacitance should be greater than

DVop

C : = ——
m VCmafo

(13.36)

Parasitic resistances, capacitances, and voltage sources affect
also an energy conversion efficiency of dc—dc converters.
The efficiency 7 is defined as a ratio of output power to the
input power

__Po _ Volo
= Ps  VsIs

(13.37)

Efficiencies are usually specified in percent. Let us consider the
boot converter as an example. Under low ripple assumption,
the boost converter efficiency can be estimated as

_ R(1—D)?
" R(1—D)2(1+(Vp/Vo)+fCoR)+ 1+ Drs+(1—D)rp+D(1—D)rc
(13.38)

n

where V is the forward conduction voltage drop of the diode,
C, is the output capacitance of the switch, r; is the ESR
of the inductor, and rp is the forward on resistance of the
diode. The term fC,R in Eq. (13.38) represents switching losses
in the converter. Other terms account for conduction losses.
Losses in a dc—dc converter also contribute to a decrease in
the dc voltage transfer function. The non-ideal dc voltage
transfer function My, is a product of the ideal one and the
efficiency

My, = nMy (13.39)
Sample graphs for the boost converter that corre-
spond to Egs. (13.38) and (13.39) are presented in
Fig. 13.14.

13.8 Synchronous and Bidirectional
Converters

It can be observed in Eq. (13.38) that the forward voltage
of a diode Vp contributes to a decrease in efficiency. This
contribution is especially significant in low output voltage
power supplies, e.g. 3.3V power supplies for microprocessors
or power supplies for portable telecommunication equipment.
Even with a Schottky diode, which has Vp in the range of
0.4V, the power loss in the diode can easily exceed 10% of
the total power delivered to the load. To reduce conduction
losses in the diode, a low on-resistance switch can be added
in parallel as shown in Fig. 13.15 for a buck converter. The
input switch and the switch parallel to the diode must be
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FIGURE 13.14 Effects of parasitics on characteristics of a boost con-
verter: (a) efficiency and (b) dc voltage transfer function.

turned on and off alternately. The arrangement of Fig. 13.15
is called a synchronous converter or a synchronous rectifier.
Modern low-voltage MOSFETs have on resistances of only sev-
eral milliohms. Hence, a synchronous converter may exhibit
higher efficiency than a conventional one at output currents
as large as tens of amperes. The efficiency is increased at an
expense of more complicated driving circuitry for the switches.
In particular, a special can must be exercised to avoid hav-
ing both switches on at the same time as this would short
the input voltage source. Since power semiconductor devices
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FIGURE 13.15 Synchronous buck converter.

FIGURE 13.16 Bidirectional flyback converter.

usually have longer turn-off times than turn-on times, a dead
time (sometimes called a blanking time) must be introduced
in PWM driving signals.

The parallel combination of a controllable switch and a
diode is also used in converters which allow for a current
flow in both directions: from the input source to the load
and from the load back to the input source. Such convert-
ers are called bidirectional power flow or simply bidirectional
converters. As an example, a flyback bidirectional converter
is shown in Fig. 13.16. It contains unipolar voltage and bidi-
rectional current switch—diode combinations at both primary
and secondary of the flyback transformer. When the primary
switch and secondary diode operate, the current flows from the
input source to the load. The converter current can also flow
from the output to the input through the secondary switch
and primary diode. Bidirectional arrangements can be made
for buck and boost converters. A bidirectional buck converter
operates as a boost converter when the current flow is from the
output to the input. A bidirectional boost converter operates as
a buck converter with a reversed current flow. If for any reason
(for instance to avoid the DCM) the controllable switches are
driven at the same time, they must be driven alternately with
a sufficient dead time to avoid a shot-through current.

13.9 Control Principles

A dc—dc converter must provide a regulated dc output
voltage under varying load and input voltage conditions.
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The converter component values are also changing with time,
temperature, pressure, etc. Hence, the control of the output
voltage should be performed in a closed-loop manner using
principles of negative feedback. Two most common closed-
loop control methods for PWM dc—dc converters, namely,
the voltage-mode control and the current-mode control, are
presented schematically in Fig. 13.17.

In the voltage-mode control scheme shown in Fig. 13.17a,
the converter output voltage is sensed and subtracted from
an external reference voltage in an error amplifier. The error
amplifier produces a control voltage that is compared to a
constant-amplitude sawtooth waveform. The comparator pro-
duces a PWM signal which is fed to drivers of controllable
switches in the de—dc converter. The duty ratio of the PWM
signal depends on the value of the control voltage. The fre-
quency of the PWM signal is the same as the frequency
of the sawtooth waveform. An important advantage of the
voltage-mode control is its simple hardware implementation
and flexibility.
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The error amplifier in Fig. 13.17a reacts fast to changes in the
converter output voltage. Thus, the voltage-mode control pro-
vides good load regulation, that is, regulation against variations
in the load. Line regulation (regulation against variations in the
input voltage) is, however, delayed because changes in the input
voltage must first manifest themselves in the converter output
before they can be corrected. To alleviate this problem, the
voltage-mode control scheme is sometimes augmented by so-
called voltage feedforward path. The feedforward path affects
directly the PWM duty ratio according to variations in the
input voltage. As will be explained below, the input voltage
feedforward is an inherent feature of current-mode control
schemes.

The current-mode control scheme is presented in
Fig. 13.17b. An additional inner control loop feeds back an
inductor current signal. This current signal, converted into its
voltage analog, is compared to the control voltage. This modifi-
cation of replacing the sawtooth wavefrom of the voltage-mode
control scheme by a converter current signal significantly alters
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And >
Latch

dc-dc Converter |

Switch or inductor current

Output voltage

(b)

FIGURE 13.17 Main control schemes for dc—dc converters: (a) voltage-mode control and (b) current-mode control.
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the dynamic behavior of the converter. The converter takes on
some characteristics of a current source. The output current
in PWM dc—dc converters is either equal to the average value
of the output inductor current (buck-derived and Cuk con-
verters) or is a product of an average inductor current and
a function of the duty ratio. In practical implementations
of the current-mode control, it is feasible to sense the peak
inductor current instead of the average value. Since the peak
inductor current is equal to the peak switch current, the lat-
ter can be used in the inner loop which often simplifies the
current sensor. Note that the peak inductor (switch) current
is proportional to the input voltage. Hence, the inner loop
of the current-mode control naturally accomplishes the input
voltage feedforward technique. Among several current-mode
control versions, the most popular is the constant-frequency
one which requires a clock signal. Advantages of the current-
mode control include: input voltage feedforward, limit on the
peak switch current, equal current sharing in modular convert-
ers, and reduction in the converter dynamic order. The main
disadvantage of the current-mode control is its complicated
hardware which includes a need to compensate the control
voltage by ramp signals (to avoid converter instability).

Among other control methods of dc—dc converters, a hys-
teretic (or bang-bang) control is very simple for hard-
ware implementation. The hysteretic control results, however,
in variable frequency operation of semiconductor switches.
Generally, a constant switching frequency is preferred in
power electronic circuits for easier elimination of electro-
magnetic interference and better utilization of magnetic
components.

Application specific integrated circuits (ASICs) are com-
mercially available that contain main elements of voltage- or
current-mode control schemes. On a single 14 or 16-pin chip,
there is error amplifier, comparator, sawtooth generator or
sensed current input, latch, and PWM drivers. The switch-
ing frequency is usually set by an external RC network and
can be varied from tens of kilohertz to a few megahertz.
The controller has an oscillator output for synchronization
with other converters in modular power supply systems. A
constant voltage reference is generated on the chip as well.
Additionally, the ASIC controller may be equipped in various
diagnostic and protection features: current limiting, overvolt-
age and undervoltage protection, soft start, dead time in case
of multiple PWM outputs, and duty ratio limiting. In several
dc—dc converter topologies, e.g. buck and buck-boost, neither
control terminal of semiconductor switches is grounded (so-
called high-side switches). The ASIC controllers are usually
designed for a particular topology and their PWM drivers may
be able to drive high-side switches in low voltage applications.
In high voltage applications, external PWM drivers must be
used. External PWM drivers are also used for switches with
high input capacitances. To take a full advantage of the input—
output isolation in transformer versions of dc—dc converters,
such an isolation must be also provided in the control loop.
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Signal transformers or optocouplers are used for isolating
feedback signals.

Dynamic characteristic of closed-loop dc—dc converters
must fulfill certain requirements. To simply analysis, these
requirements are usually translated into desired properties of
the open loop. The open loop should provide a sufficient (typ-
ically, at least 45°) phase margin for stability, high bandwidth
(about one-tenth of the switching frequency) for good tran-
sient response, and high gain (several tens of decibels) at low
frequencies for small steady-state error.

The open loop dynamic characteristics are shaped by com-
pensating networks of passive components around the error
amplifier. Second or third order RC networks are commonly
used. Since the converter itself is a part of the control loop,
the design of compensating networks requires a knowledge of
small-signal characteristics of the converter. There are several
methods of small-signal characterization of PWM dc—dc con-
verters. The most popular methods provide average models
of converters under high switching frequency assumption.
The averaged models are then linearized at an operating point
to obtain small-signal transfer functions. Among analytical
averaging methods, state-space averaging has been popular
since late 1970s. Circuit-based averaging is usually performed
using PWM switch or direct replacement of semiconductor
switches by controlled current and voltage sources. All these
methods can take into account converter parasitics.

The most important small-signal characteristic is the
control-to-output transfer function Tj. Other converter char-
acteristics that are investigated include the input-to-output
(or line-to-output) voltage transfer function, also called the
open-loop dynamic line regulation or the audio susceptibility,
which describes the input—output disturbance transmission;
the open-loop input impedance; and the open-loop dynamic
load regulation. Buck-derived, boost, and buck-boost convert-
ers are second order dynamic systems; the Cuk converter is a
fourth-order system. Characteristics of buck and buck-derived
converters are similar to each other. Another group of con-
verters with similar small-signal characteristics is formed by
boost, buck-boost, and flyback converters. Among parasitic
components, the ESR of the filter capacitor r¢ introduces
additional dynamic terms into transfer functions. Other par-
asitic resistances usually modify slightly the effective value of
the load resistance. Sample characteristics below are given for
non-zero rc, neglecting other parasitics.

The control-to-output transfer function of the forward
converter is

T)(s) = vo(s)| _ ViRr¢
P a0 O T LR + o)
9 s+ (1/Cr¢)
s2 4+ s(CRr¢c + LILC(R + r¢)) + R/(LC(R + r¢))

(13.40)
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It can be seen that this transfer function has two poles and one
zero. The zero is due to the filter capacitor ESR. Buck-derived
converters can be easily compensated for stability with second-
order controllers.

The control-to-output transfer function of the boost con-
verter is given by

Vorc

=Dy R0

N [s+(1/CrC)][s—((1—D)ZR)/L]
52+S[((1 —D)ZCRTC+L)/(LC(R+TC))]+[((1 —D)?R)/(LC(R+ fC))]
(13.41)

The zero — (1 — D)?R/L is located in the right half of the
s-plane. Therefore, the boost converter (as well as buck—boost
and flyback converters) is a non-minimum phase system.
Non-minimum phase dc—dc converters are typically compen-
sated with third-order controllers. Step-by-step procedures
for a design of compensating networks are usually given by
manufacturers of ASIC controllers in application notes.

The final word of this section is on the behavior of dc—dc
converters in distributed power supply systems. An important
feature of closed-loop regulated dc—dc converters is that they
exhibit a negative input resistance. As the load voltage is kept
constant by the controller, the output power changes with the
load. With slow load changes, an increase (decrease) in the
input voltage results in a decrease (increase) in the input power.
This negative resistance property must be carefully examined
during the system design to avoid resonances.

13.10 Applications of DC-DC
Converters

Step-down choppers find most of their applications in high-
performance dc drive systems, e.g. electric traction, electric
vehicles, and machine tools. The dc motors with their winding
inductances and mechanical inertia act as filters resulting in
high-quality armature currents. The average output voltage
of step-down choppers is a linear function of the switch
duty ratio. Step-up choppers are used primarily in radar
and ignition systems. The dc choppers can be modified for
two-quadrant and four-quadrant operation. Two-quadrant
choppers may be a part of autonomous power supply system
that contain battery packs and such renewable dc sources as
photovoltaic arrays, fuel cells, or wind turbines. Four-quadrant
choppers are applied in drives in which regenerative breaking
of dc motors is desired, e.g. transportation systems with fre-
quent stops. The dc choppers with inductive outputs serve as
inputs to current-driven inverters.

An addition of filtering reactive components to dc choppers
results in PWM dc—dc converters. The dc—dc converters can
be viewed as dc transformers that deliver to the load as
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dc voltage or current at a different level than the input
source. This dc transformation is performed by electronic
switching means, not by electromagnetic means like in con-
ventional transformers. Output voltages of dc—dc converters
range from a volt for special VLSI circuits to tens of kilo-
volts in X-ray lamps. The most common output voltages are:
3.3V for modern microprocessors, 5 and 12V for logic circuits,
48V for telecommunication equipment, and 270V for main
dc bus on airplanes. Typical input voltages include 48V, 170V
(the peak value of a 120V rms line), and 270 V.

Selection of a topology of dc—dc converters is determined
not only by input/output voltages, which can be addition-
ally adjusted with the turns ratio in isolated converters, but
also by power levels, voltage and current stresses of semi-
conductor switches, and utilization of magnetic components.
The low part-count flyback converter is popular in low power
applications (up to 200 W). Its main deficiencies are the large
size of the flyback transformer core and high voltage stress
on the semiconductor switch. The forward converter is also
a single switch converter. Since its core size requirements are
smaller, it is popular in low/medium (up to several hundreds of
watts) power applications. Disadvantages of the forward con-
verter are in a need for demagnetizing winding and in a high
voltage stress on the semiconductor switch. The push—pull
converter is also used at medium power levels. Due to bidirec-
tional excitation, the transformer size is small. An advantage
of the push—pull converter is also a possibility to refer driving
terminals of both switches to the ground which greatly sim-
plifies the control circuitry. A disadvantage of the push—pull
converter is a potential core saturation in a case of asymmetry.
The half-bridge converter has similar range of applications as
the push—pull converter. There is no danger of transformer sat-
uration in the half-bridge converter. It requires, however, two
additional input capacitors to split in half the input dc source.
The full-bridge converter is used at high (several kilowatts)
power and voltage levels. The voltage stress on power switches
is limited to the input voltage source value. A disadvantage of
the full-bridge converter is a high number of semiconductor
devices.

The dc—dc converters are building blocks of distributed
power supply systems in which a common dc bus voltage
is converted to various other voltage according to require-
ments of particular loads. Such distributed dc systems are
common in space stations, ships and airplanes, as well as in
computer and telecommunication equipment. It is expected
that modern portable wireless communication and signal
processing systems will use variable supply voltages to min-
imize power consumption and extend battery life. Low output
voltage converters in these applications utilize the synchronous
rectification arrangement.

Another big area of dc—dc converter applications is related
to the utility ac grid. For critical loads, if the utility grid fails,
there must be a backup source of energy, e.g. a battery pack.
This need for continuous power delivery gave rise to various
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types of uninterruptible power supplies (UPSs). The dc—dc
converters are used in UPSs to adjust the level of a rectified grid
voltage to that of the backup source. Since during normal oper-
ation, the energy flows from the grid to the backup source and
during emergency conditions the backup source must supply
the load, bidirectional dc—dc converters are often used. The
dc—dc converters are also used in dedicated battery chargers.

Power electronic loads, especially those with front-end rec-
tifiers, pollute the ac grid with odd harmonics. The dc—dc
converters are used as intermediate stages, just after a rectifier
and before the load-supplying dc—dc converter, for shaping
the input ac current to improve power factor and decrease the
harmonic content. The boost converter is especially popular in
such power factor correction (PFC) applications. Another util-
ity grid related application of dc—dc converters is in interfaces
between ac networks and dc renewable energy sources such as
fuel cells and photovoltaic arrays.

In isolated dc—dc converters, multiple outputs are possi-
ble with additional secondary windings of transformers. Only
one output is regulated with a feedback loop. Other out-
puts depend on the duty ratio of the regulated one and on
their loads. A multiple-output dc—dc converter is a convenient
solution in application where there is a need for one closely
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regulated output voltage and for one or more non-critical
other output voltage levels.
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14.1 Introduction

DC/DC converters are widely used in industrial applications
and computer hardware circuits. DC/DC conversion tech-
nique has been developed very quickly. Since 1920s there
have been more than 500 DC/DC converters’ topologies
developed. Professor Luo and Dr. Ye have systematically
sorted them in six generations in 2001. They are the first-
generation (classical) converters, second-generation (multi-
quadrant) converters, third-generation (switched-component)
converters, fourth-generation (soft-switching) converters,
fifth-generation (synchronous-rectifier) converters and sixth-
generation (multi-element resonant power) converters.

The first-generation converters perform in a single quad-
rant mode with low power range (up to around 100 W), such
as buck converter, boost converter and buck—boost converter.
Because of the effects of parasitic elements, the output volt-
age and power transfer efficiency of all these converters are
restricted.

The voltage-lift (VL) technique is a popular method that
is widely applied in electronic circuit design. Applying this
technique effectively overcomes the effects of parasitic ele-
ments and greatly increases the output voltage. Therefore, these
DC/DC converters can convert the source voltage into a higher
output voltage with high power efficiency, high power density,
and a simple structure.

The VL converters have high voltage transfer gains, which
increase in arithmetical series stage-by-stage. Super-lift (SL)
technique is more powerful to increase the converters voltage
transfer gains in geometric series stage-by-stage. Even higher,
ultra-lift (UL) technique is most powerful to increase the
converters voltage transfer gain.

The second-generation converters perform in two- or
four-quadrant operation with medium output power range
(say hundreds watts or higher). Because of high power con-
version, these converters are usually applied in industrial
applications with high power transmission. For example, DC
motor drives with multi-quadrant operation. Since most of
second-generation converters are still made of capacitors and
inductors, they are large.

The third-generation converters are called switched-
component DC/DC converters, and made of either inductor
or capacitors, which are so-called switched-inductor and
switched-capacitors. They usually perform in two- or four-
quadrant operation with high output power range (say
thousands watts). Since they are made of only inductor or
capacitors, they are small.

Switched-capacitor (SC) DC/DC converters are made of
only switched-capacitors. Since switched-capacitors can be
integrated into power semiconductor integrated circuits (IC)
chips, they have limited size and work in high switching
frequency. They have been successfully employed in the induc-
torless DC/DC converters and opened the way to build the
converters with high power density. Therefore, they have
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drawn much attention from the research workers and man-
ufacturers. However, most of these converters in the literature
perform single-quadrant operation. Some of them work in
the push—pull status. In addition, their control circuit and
topologies are very complex, especially, for the large difference
between input and output voltages.

Switched-inductor (SI) DC/DC converters are made of only
inductor, and have been derived from four-quadrant choppers.
They usually perform multi-quadrant operation with very sim-
ple structure. The significant advantage of these converters is
its simplicity and high power density. No matter how large
the difference between the input and output voltages, only one
inductor is required for each SI DC/DC converter. Therefore,
they are widely required for industrial applications.

The fourth-generation converters are called soft-switching
converters. Soft-switching technique involves many meth-
ods implementing resonance characteristics. Popular method
is resonant-switching. There are three main groups: zero-
current-switching (ZCS), zero-voltage-switching (ZVS), and
zero-transition (ZT) converters. They usually perform in sin-
gle quadrant operation in the literature. We have developed
this technique in two- and four-quadrant operation with high
output power range (say thousands watts).

Multi-quadrant ZCS/ZVS/ZT converters implement ZCS/
ZVS technique in four-quadrant operation. Since switches turn
on and off at the moment that the current/voltage is equal to
zero, the power losses during switching on and off become
zero. Consequently, these converters have high power den-
sity and transfer efficiency. Usually, the repeating frequency
is not very high and the converters work in a mono-resonance
frequency, the components of higher order harmonics is very
low. Using fast fourier transform (FFT) analysis, we obtain that
the total harmonic distortion (THD) is very small. Therefore,
the electromagnetic interference (EMI) is weaker, electro-
magnetic sensitivity (EMS) and electromagnetic compatibility
(EMC) are reasonable.

The fifth-generation converters are called synchronous rec-
tifier (SR) DC/DC Converters. Corresponding to the develop-
ment of the microelectronics and computer science, the power
supplies with low output voltage (5V, 3.3V, and 1.8 ~1.5V)
and strong output current (30A, 50A, 100A up to 200A)
are widely required in industrial applications and computer
peripheral equipment. Traditional diode bridge rectifiers are
not available for this requirement. Many prototypes of SR
DC/DC converters with soft-switching technique have been
developed. The SR DC/DC converters possess the technical
feathers with very low voltage and strong current and high
power transfer efficiency n (90%, 92% up to 95%) and high
power density (22-25W/in?).

The sixth-generation converters are called multi-element
resonant power converters (RPCs). There are eight topolo-
gies of 2-E RPC, 38 topologies of 3-E RPC, and 98 topologies
of 4-E RPC. The RPCs have very high current transfer gain,
purely harmonic waveform, low power losses and EMI since
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they are working in resonant operation. Usually, the sixth-
generation RPCs used in large power industrial applications
with high output power range (say thousands watts).

The DC/DC converter family tree is shown in Fig. 14.1.

Professor E. L. Luo and Dr. H. Ye have devoted in the sub-
ject area of DC/DC conversion technique for a long time
and harvested outstanding achievements. They have created
twelve (12) series converters namely Luo-converters and more
knowledge which are listed below:

Positive output Luo-converters;

Negative output Luo-converters;

Double output Luo-converters;

Positive/Negative output super-lift Luo-converters;
Ultra-lift Luo-converter;

Multiple-quadrant Luo-converters;

Switched capacitor multi-quadrant Luo-converters;
Multiple-lift push-pull switched-capacitor Luo-converters;
Switched-inductor multi-quadrant Luo-converters;
Multi-quadrant ZCS quasi-resonant Luo-converters;
Multi-quadrant ZVS quasi-resonant Luo-converters;
Synchronous-rectifier DC/DC Luo-converters;
Multi-element resonant power converters;

Energy factor and mathematical modeling for power DC/DC
converters.

All of their research achievements have been published
in the international top-journals and conferences. Many
experts, including Prof. Rashid of West Florida University,
Prof. Kassakian of MIT, and Prof. Rahman of Memorial
University of Newfoundland are very interested in their work,
and acknowledged their outstanding achievements.

In this handbook, we only show the circuit diagram and list
a few parameters of each converter for readers, such as the
output voltage and current, voltage transfer gain and output
voltage variation ratio, and the discontinuous condition and
output voltage.

After a well discussion of steady-state operation, we prepare
one section to investigate the dynamic transient process of
DC/DC converters. Energy storage in DC/DC converters have
been paid attention long time ago, but it was not well inves-
tigated and defined. Professor Fang Lin Luo and Dr. Hong Ye
have theoretically defined it and introduced new parameters:
energy factor (EF) and other variables. They have also funda-
mentally established the mathematical modeling and discussed
the characteristics of all power DC/DC converters. They have
successfully solved the traditional problems.

In this chapter, the input voltage is V; or V; and load volt-
age is Vo or V,. Pulse width modulated (PWM) pulse train
has repeating frequency f, the repeating period is T = 1/f.
Conduction duty is k, the switching-on period is kT, and
switching-off period is (1 — k) T. All average values are in cap-
ital letter, and instantaneous values in small letter, e.g. V; and
v1(f) or v;. The variation ratio of the free-wheeling diode’s
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current is ¢. Voltage transfer gain is M and power transfer
efficiency is 7.

14.2 Fundamental, Developed,
Transformer-type, and Self-lift
Converters

The first-generation converters are called classical converters
which perform in a single-quadrant mode and in low. Histori-
cally, the development of the first generation converters covers
very long time. Many prototypes of these converters have been
created. We can sort them in six categories:

« Fundamental topologies: buck converter, boost converter,
and buck-boost converter.

« Developed topologies: positive output Luo-converter,
negative output Luo-converter, double output Luo-
converter, Cuk-converter, and single-ended primary
inductance converter (SEPIC).

o Transformer-type topologies: forward converter, push—
pull converter, fly-back converter, half-bridge converter,
bridge converter, and ZETA.

« Voltage-lift topologies: self-lift converters, positive output
Luo-converters, negative output Luo-converters, double
output Luo-converters.

« Super-lift topologies: positive/negative output super-lift
Luo-converters, positive/negative output cascade boost-
converters.

o Ultra-lift topologies: ultra-lift Luo-converter.

14.2.1 Fundamental Topologies

Buck converter is a step-down converter, which is shown in
Fig. 14.2a, the equivalent circuits during switch-on and -off
periods are shown in Figs. 14.2b and c. Its output voltage and
output current are

Vo = kW (14.1)

and

L= lIl (14.2)
k

This converter may work in discontinuous mode if the fre-
quency fis small, conduction duty k is small, inductance L is
small, and load current is high.

Boost converter is a step-up converter, which is shown in
Fig. 14.3a, the equivalent circuits during switch-on and -off
periods are shown in Figs. 14.3b and c. Its output voltage and
current are

Vi (14.3)
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DC/DC Converters

Buck Converter
— Fundamental Circuits *{ Boost Converter
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Buck-Boost Converter [ Positive Output Luo-Converter
- Negative Output Luo-Converter
I~ Developed - Double Output Luo-Converter
1G ,
~ Cuk-Converter
_ Classical __| — Forward Converter
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Converters L Fly-Back Converter
L Tapped-Inductor Converters
I Push-Pull Converter
- Transformer - Half-Bridge Converter [ 7 Self-Lift Converter
L Bridge Converter - Positive Output Luo-Converter
L ZETA Converter | Negative Output Luo-Converter
I Modified P/O Luo-Converter
- Voltage Lift
oftage 1 L Double Output Luo-Converter
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L Super-Lift Negative Output Super-Lift Luo-Converter
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FIGURE 14.1 DC/DC converter family tree.
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FIGURE 14.3 Boost converter: (a) circuit diagram; (b) switch-on equivalent circuit; and (c) switch-off equivalent circuit.

and voltage and current are
L=(-k] (14.4) k
: V2 = V]
1—k
The output voltage is higher than the input voltage. This and
converter may work in discontinuous mode if the frequency f
is small, conduction duty k is small, inductance L is small, and 1—k
o L= I
load current is high. A

Buck-boost converter is a step—down/up converter, which is
shown in Fig. 14.4a, the equivalent circuits during switch-on
and -off periods are shown in Figs. 14.4b and c. Its output
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(14.5)

(14.6)

When k is greater than 0.5, the output voltage can be
higher than the input voltage. This converter may work in
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(b)

FIGURE 14.4 Buck-boost converter: (a) circuit diagram; (b) switch-on equivalent circuit; and (c) switch-off equivalent circuit.

discontinuous mode if the frequency f is small, conduction
duty k is small, inductance L is small, and load current is high.

14.2.2 Developed Topologies

For convenient applications, all developed converters have
output voltage and current as

Vi (14.7)

\%)

and

1—k

L p

I (14.8)

Positive output (P/O) Luo-converter is a step-down/up
converter, and is shown in Fig. 14.5. This converter may work
in discontinuous mode if the frequency fis small, k is small,
and inductance L is small.

iy ~ Ve+ Lo i
” 2228 ’
S l C Lo
+ i +
\'2 - § Vs,
g L AN D Co R

FIGURE 14.5 Positive output Luo-converter.
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FIGURE 14.6 Negative output Luo-converter.

Negative output (N/O) Luo-converter is shown in Fig. 14.6.
This converter may work in discontinuous mode if the fre-
quency f is small, k is small, inductance L is small, and load
current is high.

Double output Luo-converter is a double output step-
down/up converter, which is derived from P/O Luo-converter
and N/O Luo-converter. It has two conversion paths and two
output voltages Vot and Vp_. It is shown in Fig. 14.7. If
the components are carefully selected the output voltages and
currents (concentrate the absolute value) obtained are

k
vt =V, | = V 14.9
2 | 2 | 1—k 1 ( )
and
1—k 1—k
Lt = Tlff and L = ——1I (14.10)

When k is greater than 0.5, the output voltage can be higher
than the input voltage. This converter may work in discontin-
uous mode if the frequency fis small, k is small, inductance L
is small, and load current is high.
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FIGURE 14.8 Cuk converter.

Cuk-converter is a negative output step-down/up converter,
which is derived from boost and buck converters. It is shown
in Fig. 14.8.

Single-ended primary inductance converter is a positive
output step-down/up converter, which is derived from boost
converters. It is shown in Fig. 14.9.

i1 Ve i2
+ —
L
+ C liu D +
R
2 s L, T Co § Ve

FIGURE 14.9 SEPIC.

14.2.3 Transformer-type Topologies

All transformer-type converters have transformer(s) to isolate
the input and output voltages. Therefore, it is easy to obtain the
high or low output voltage by changing the turns ratio N, the

output Luo-converter.

FIGURE 14.10 Forward converter.

positive or negative polarity by changing the winding direction,
and multiple output voltages by setting multiple secondary
windings.

Forward converter is a step-up/down converter, which is
shown in Fig. 14.10. The transformer turns ratio is N (usually
N > 1). If the transformer has never been saturated during
operation, it works as a buck converter. The output voltage
and current are

Vo = kNV; (14.11)
and

o= ——1 (14.12)

O = N I .

This converter may work in discontinuous mode if the fre-
quency fis small, conduction duty k is small, inductance L is
small, and load current is high.

To avoid the saturation of transformer applied in forward
converters, a tertiary winding is applied. The corresponding
circuit diagram is shown in Fig. 14.11.

To obtain multiple output voltages we can set multiple sec-
ondary windings. The corresponding circuit diagram is shown
in Fig. 14.12.
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FIGURE 14.12 Forward converter with multiple secondary windings.

1:N Dy

FIGURE 14.13 Push—pull converter.

Push—pull converter is a step-up/down converter, which
is shown in Fig. 14.13. It is not necessary to set the tertiary
winding. The transformer turns ratio is N (usually N > 1).
If the transformer has never been saturated during operation,
it works as a buck converter with the conduction duty cycle
k < 0.5. The output voltage and current are

Vo = 2kNV; (14.13)
and

o= 1 (14.14)

O~ Nt '

This converter may work in discontinuous mode if the fre-
quency fis small, conduction duty k is small, inductance L is
small, and load current is high.

Fly-back converter is a high step-up converter, which is
shown in Fig. 14.14. The transformer turns ratio is N (usually
N > 1). It effectively uses the transformer leakage inductance

F. L. Luo and H. Ye

FIGURE 14.14 Fly-back converter.

in fly-back operation to obtain high surge voltage induced,
then get high output voltage. It works likely in buck—boost
operation as a buck-boost converter. Its output voltage and
current are

Vo = Vi (14.15)

and

N (14.16)

Half-bridge converter is a step-up converter, which is shown
in Fig. 14.15. There are two switches and one double secondary
coils transformer required. The transformer turns ratio is N.
It works as a half-bridge rectifier (half of V; inputs to primary
winding) plus a buck converter circuit in secondary side. The
conduction duty cycle k is set in 0.1 < k < 0.5. Its output
voltage and current are

v,
Vo = 2kN71 — kNV; (14.17)
and
I — 1 (14.18)
OT kNt '

This converter may work in discontinuous mode if the fre-
quency fis small, conduction duty k is small, inductance L is
small, and load current is high.

A

031\ R _\;O

FIGURE 14.15 Half-bridge converter.



14 DC/DC Conversion Technique and 12 Series Luo-converters

N D L
. T, T, . +A
. c; T Rl | Vo
Vi, c J . ! -y
—|—
_ T, T, D,

FIGURE 14.16 Bridge converter.

Bridge converter is a step-up converter, which is shown in
Fig. 14.16. There are four switches and one double secondary
coils transformer required. The transformer turns ratio is N.
It works as a full-bridge rectifier (full V; inputs to primary
winding) plus a buck-converter circuit in secondary side. The
conduction duty cycle k is set in 0.1 < k < 0.5. Its output
voltage and current are

Vo = 2kNV; (14.19)
and )

Ip=——I 14.20

o= Nk ( )

ZETA (zeta) converter is a step-up converter, which is
shown in Fig. 14.17. The transformer turns ratio is N. The
transformer functions as a inductor (L;) plus a buck-boost
converter plus a low-pass filter (L,—C,). Its output voltage
and current are

k
Vo = ——NYV, 14.21
o=1_3"1 ( )
and
o= 1=k (14.22)
[0 kN 1 .
Cy L,
N
./

FIGURE 14.17 ZETA (zeta) converter.

14.2.4 Seven (7) Self-lift DC/DC Converters

Because of the effect of the parasitic elements, the voltage
conversion gain is limited. Especially, when the conduction
duty k is towards unity, the output voltage is sharply reduced.
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Voltage-lift technique is a popular method used in electronic
circuit design. Applying this technique can effectively over-
come the effect of the parasitic elements, and largely increase
the voltage transfer gain. In this section, we introduce seven
self-lift converters which are working in continuous mode.

« Positive output (P/O) self-lift Luo-converter;
o Reverse P/O self-lift Luo-converter;

o Negative output (N/O) self-lift Luo-converter;
e Reverse N/O self-lift Luo-converter;

o Self-lift Cuk-converter;

o Self-lift SEPIC;

o Enhanced self-lift Luo-converter.

All self-lift converters (except enhanced self-lift circuit) have
the output voltage and current to be

Vi (14.23)

and

Io=(1-kI (14.24)

The voltage transfer gain in continuous mode is

Vo @I 1
o _d_ (14.25)

M¢ = = =
s Vi Io 1—k

P/O self-lift Luo-converter is shown in Fig. 14.18. The vari-
ation ratio of the output voltage vo in continuous conduction
mode (CCM) is

Avp/2 k 1
E = =
Vo 8 Mg f2C0L2

(14.26)

Reverse P/O self-lift Luo-converter is shown in Fig. 14.19.
The variation ratio of the output voltage vo in CCM is

Avpl2 k 1
&= =

= 14.27
Vo 16 M f2C0L2 ( )
i Vo, io o
8 2000
+ S C J& b LO

=<
4_
A
+
|
AN
o
o
NVVV
<
(o]

FIGURE 14.18 P/O self-lift Luo-converter.
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—_ MV A __M+ %‘ P b
I\ L _|
S C 0 L Dy Lo
+ T Dy i c - R>
l' <]D [ RI| - v, i Y Ve %i § Vo
Vi £ § Vo _ S [P 4| G Co 9.,
I L C
Ve =2 o
_ L Tc +
FIGURE 14.22  Self-lift Ctik-converter.
FIGURE 14.19 Reverse P/O self-lift Luo-converter. ) . .
I % Ve ILo o
—> - =+ —> —>
|__|>|__KYYY\
i + Voy — iLo io . L c D Lo )
—» <+— l ] + R
— g v, i A Vealr — § Vo
. S C, D Lo a B ~ ‘ g it L, D, -| C, Co B
Vi i Y ves — § Vo -
_ "“SL |b 4| C Co N FIGURE 14.23  Self-lift SEPIC.
FIGURE 14.20 NJ/O self-lift Luo-converter. Self-lift SEPIC is shown in Fig. 14.23. The variation ratio
of the output voltage vo in CCM is
. . o Avol2  k 1
N/O self-lift Luo-converter is shown in Fig. 14.20. The P - (14.284)
Vo 128 f3LoC1CoR

variation ratio of the output voltage vo in CCM is
Enhanced self-lift Luo-converter is shown in Fig. 14.24. Its

output voltage and current are

Avpl2 k 1
e = - (14.28a)
Vo 128 f3LoC1 CoR
2—k
Vo=1—Vi (14.29)
Reverse N/O self-lift Luo-converter is shown in Fig. 14.21. -
The variation ratio of the output voltage vo in CCM is and
Avol2  k 1 Py (14.30)
g=2Yole X - (14.28b) °T k! '
Vo 128 f3LoC1 CoR
The voltage transfer gain in continuous mode is
Self-lift Cik-converter is shown in Fig. 14.22. The variation Vo I 1 )k
ratio of the output voltage vo in CCM is Msg=—=—= 1= 14.31
P g€ vo SRR Nl Sk gy (14.31)
Avol2 k 1
g=20f_ F__ ° (14.28¢) .
Vo 128 f3LoC1 CoR h Vo ILo io
—» - o —
P
. + L G JX Lo
I Ve D
I ya S E— | 1 +
S I\ V| D = R
+ l c + CO § VO
Vi ) L S ve T _
I _ _ C

FIGURE 14.21 Reverse N/O self-lift Luo-converter. FIGURE 14.24 Enhanced self-lift Luo-converter.
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TABLE 14.1 The circuit diagrams of the tapped inductor fundamental converters
Standard converter Switch tap Diode to tap Rail to tap
—o YT o
Buck S f s
N2 N1
Y ° TC Yo Vi D T~C Vo A~C Vo
Boost —e o .
Vo ~C Vo ~~C Vo
Buck-Boost — —
Vo A~C Vo
L. Yo

The variation ratio of the output voltage vo in CCM is as
in Eq. (14.26)

Avpl2 k 1
E = =
Vo 8Ms f2Cola

14.2.5 Tapped Inductor (Watkins—Johnson)
Converters

Tapped inductor (Watkins—Johnson) converters have been
derived from fundamental converters, which circuit diagrams
are shown in Table 14.1. The voltage transfer gains are shown
in Table 14.2. Here the tapped inductor ratio is n = nl/
(nl + n2).

14.3 Voltage-lift Luo-converters

Voltage-lift (VL) technique is very popular for electronic circuit
design. Professor Luo and Dr. Ye have successfully applied this
technique in the design of DC/DC converters, and created a

TABLE 14.2 The voltage transfer gains of the tapped inductor
fundamental converters

Converter No tap  Switched to tap  Diode to tap Rail to tap
k nk k—n
Buck k ntk(l—n)  1+kn—1) k1l-n)
Boost 1 n+ k(1 —n) 1+k(n—1) n—k
1—k n(l — k) 1—k n(1 — k)
Buck-Boost L k nk L
1—k n(l — k) 1—k 1—k

number of up-to-date converters. There are three series of
Luo-converters introduced in this section:

« Positive output Luo-converters;
« Simplified positive output Luo-converters;
o Negative output Luo-converters.

14.3.1 Positive Output Luo-converters

Positive output (P/O) Luo-converters perform the voltage
conversion from positive to positive voltages using the volt-
age lift technique. They work in the first-quadrant with large
voltage amplification. Their voltage transfer gains are high.
Five circuits are introduced in the literature. They are:

o Elementary circuit;

o Self-lift circuit;

o Re-lift circuit;

o Triple-lift circuit;

o Quadruple-lift circuit.

Further lift circuits can be derived from the above circuits.
In all P/O Luo-Converters, we define normalized inductance
L = L L,/(L; + L) and normalized impedance zy = R/fL.

P/O Luo-converter elementary circuit is shown in
Fig. 14.25a. The equivalent circuits during switch-on and -off
periods are shown in Figs. 14.25b and c. Its output voltage and
current are

Vo

and

Io = I
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FIGURE 14.25 P/O Luo-converter elementary circuit; (a) circuit diagram; (b) switch on; and (c) switch off.

The voltage transfer gain in continuous mode is

Vo I k
— == =— 14.32
Vi Io 1—k ( )

Mg =

The variation ratio of the output voltage vo in CCM is

_ Avpl2 _ k 1
Vo  16Mg f2Col,

(14.33)

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for
discontinuous conduction mode (DCM) is

Mg < k5 (14.34)
The output voltage in DCM is
R R 1
Vo = k(1 —k)—V, ith — > — 14.35
o=k( )zﬂl wi ‘lsz_l—k ( )

P/O Luo-converter self-lift circuit is shown in Fig. 14.26a.
The equivalent circuits during switch-on and -off periods are
shown in Figs. 14.26b and c. Its output voltage and current are

and

Io=01-KI

The voltage transfer gain in continuous mode is

Vi I 1
Me= Yo _ It _

= = — 14.36
Vi Io 1—k ( )
The variation ratio of the output voltage vo in CCM is

_ Avol2 _ k 1
Vo 16Ms f2Col,

(14.37)

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for

DCM is
Ms < ﬁ,/%\] (14.38)
The output voltage in DCM is
R R 1
Vo= |1+kK(1-k— |V with Vk|[-—>-—o
fo) |:+ ( )2ﬂ:| T wi «/_ T
(14.39)

P/O Luo-converter re-lift circuit is shown in Fig. 14.27a.
The equivalent circuits during switch-on and -off periods are
shown in Figs. 14.27b and c. Its output voltage and current are




14 DC/DC Conversion Technique and 12 Series Luo-converters 277

. . ic -V Vio — i
Y c o + + Vi ILo
o ey I|O s Ve o }—4,_rvv\m—_>
® YYD
|
CI Lo c Lo
- —>
y y
VIN_—F_ Vi L, - _Vp, T L T
- , ViN—T
VIN__¢IC1 ' '
Gy T
(b) (c)
FIGURE 14.26 P/O Luo-converter self-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
s Ve ic + V2 -
o ) | P . YT
. ? + Vg - l L 7] ico A
iN s c ? L2
) D ip
Ip1
—»
—>f
D4 Do
ViNn—/— . ) 1 +
IN i ¢ Ly Ci < llm Ly l C, lle Co-T~R Vo
WA
1 S1
, - IS
(a)
Vo

W c

ViN=

+ iL1
T Vi ¢

(b) ()

FIGURE 14.27 P/O Luo-converter re-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
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and P/O Luo-converter triple-lift circuit is shown in Fig. 14.28a.
The equivalent circuits during switch-on and -off periods
1—k R
Io = I are shown in Figs. 14.28b and c. Its output voltage and
2 current are

The voltage transfer gain in CCM is

3
Vo = V
Vo I 2 o= 1% !
Mp= <2 == (14.40)
I © B and
The variation ratio of the output voltage vo in CCM is 1—k
Ip = I;
Avol2 k1 3
= = : (14.41)
Vo 16Mg f?CoL, The voltage transfer gain in CCM is
This converter may work in discontinuous conduction mode Vo I 3
if the frequency f is small, conduction duty k is small, induc- Mr = B (14.44)
tance L is small, and load current is high. The condition for ! o
DCM is The variation ratio of the output voltage vo in CCM is
Mg < Vkzn (14.42) Avol2 k 1
&= = 5 (14.45)
The output voltage in DCM is Vo 16Mr f2CoLs

R This converter may work in discontinuous conduction mode

— > if the frequency fis small, conduction duty k is small, induc-

L= 1-k tance L is small, and load current is high. The condition for
(14.43) DCM is

Vo = [2 + k(1 — k)%] Vi with vk

S
—
VS
—>t
D,
ViNn— .
IN T IUl %h il_sl
'Cd;: Cy
_\\/C+ + VL2 - + V|_2 —
A
c i c S P
o)

\
/1

Ly iL

iml iczl

FIGURE 14.28 P/O Luo-converter triple-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
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3kz The variation ratio of the output voltage vo in CCM is
Mr < 2N (14.46) v put voltage vo
Avol2 k 1
g= =00 _ . (14.49)
The output voltage in DCM is Vo 16Mq f*Colz

3R 3 This converter may work in discontinuous conduction mode
ﬁ = 1—k if the frequency fis small, conduction duty k is small, induc-

(14.47) tance L is small, and load current is high. The condition for
’ DCM is

Vo = [3 + k(1 — k)%} Vi with vk

P/O Luo-converter quadruple-lift circuit is shown in Mg < /2kzy (14.50)
Fig. 14.29a. The equivalent circuits during switch-on and -off
periods are shown in Figs. 14.29b and c. Its output voltage and The output voltage in DCM is
current are

R 2R 4
Vo = Vi Vo=[4+KF1-k— |V with vk|—>—
1—k © ( )sz ! L= 1—k
and (14.51)
1—k Summary for all P/O Luo-converters:
Io = I
4
M—VO—II' _ LiL, ) _R' R_VO
The voltage transfer gain in CCM is v Io T L+ N = i’ T Io
Mo — Vo _ I _ 4 (14.48) To write common formulas for all circuits parameters, we
Q Vi Io 11—k ’ define that subscript j = 0 for the elementary circuit, j = 1
V
s - 0 o, + Vis -
T A L™
s C L2
D
—t LT D
L1 D, Dy Dy Ds +
Vin== Vb |L3l Ls iL4l Ly Ls R|::| Vo
) . ILs J -
Ic1l—— 1 'czl Cs 'CSl C ml C, —
™~
Tl\l : > /|\ Co
Dg Ds +
S4/ Vsy
:
(@)
oo Ve s
/ -
A 2_iz c Lo it

|
o
=
-
|
[
Ay
/
|

iL1l +
v Ly | g ALg ~i L ~ R ]v
; | T Rl |Vo Vi3t 3| sbks g 3Ly =< Ls T o
. l o C L5
) ) sl Y c _ 1 o e
IC¢T C, ICzl C, Ic3l Cy IC4l (0] ¢ ~C4 4 o i

(b) (c)
FIGURE 14.29 P/O Luo-converter quadruple-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
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for the self-lift circuit, j = 2 for the re-lift circuit, j = 3 for

the triple-lift circuit, j = 4 for the quadruple-lift circuit, and
so on. The voltage transfer gain is

M — k™17 + h(j)]

i 14.52
j - (14.52)
The variation ratio of the output voltage is
Avol2 k 1
= —" = (14.53)
Vo 16M; f2ColL,

The condition for discontinuous conduction mode is

KRGO § 4 k()

2
M]. 2

(14.54)

zNy > 1

The output voltage in discontinuous conduction mode is

F. L. Luo and H. Ye

14.3.2 Simplified Positive Output (S P/O)
Luo-converters

Carefully check P/O Luo-converters, we can see that there are
two switches required from re-lift circuit. In order to use only
one switch in all P/O Luo-converters, we modify the circuits.
In this section we introduce following four circuits:

o Simplified self-lift circuit;

« Simplified re-lift circuit;

« Simplified triple-lift circuit;

« Simplified quadruple-lift circuit.

Further lift circuits can be derived from the above circuits.
In all S P/O Luo-converters, we define normalized impedance
ZIN = R/fL.

S P/O Luo-converter self-lift circuit is shown in Fig. 14.30a.
The equivalent circuits during switch-on and -off periods are
shown in Figs. 14.30b and c. Its output voltage and current are

1
. 1 —k Vo = \%;
Vo = {] + k[z—h(f)]TzN} 1 (14.55) 1—k
and
where
Io=(1-KkI
0 if i>1 . .
h(j) = If ] = (14.56) The voltage transfer gain in CCM is
br=e Vo oI 1
. . Mg="2=Lo_—_ (14.57)
is the Hong function. Vi o 11—k
i V, iLo i
— 1 o [>|__KYW4\’ - °
s I
D4 Lo
+ 5 c . +
V, A Vo= _— § Vo
_ l L D ~ Cq Co B
(a)
i i iLo :
I Vg ILo i lo
o —> >
—> H + —»> —> Y
+ : C Lo + 3 _ _ Lo +
L - 4 v, L 1
Y, Vv Vo= Vo1== = ;
| l%L L L §RVO lgL c o & o SR
- + e} + S —
1 CO -

(©

FIGURE 14.30 S P/O Luo-converter self-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
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The variation ratio of the output voltage vo in CCM is The voltage transfer gain in CCM is
Avol2 k 1 Vi 1 2
2ol _ & (14.58) Mg=-2_-1__=_ (14.61)
Vo 128 f3LoC1 CoR Vi Io 1—k
This converter may work in discontinuous conduction mode The variation ratio of the output voltage vo in CCM is
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for e — Avol2 _ ko 1 (14.62)
DCM is Vo 128 f3LoCiCoR '
Ms < vk, | 2N (14.59) This converter may work in discontinuous conduction mode
- 2

if the frequency f is small, conduction duty k is small, induc-
. . tance L is small, and load current is high. The condition for
The output voltage in DCM is .
DCM is

R
Vo = [1 + k(1 - k)z—

1
fL} Vi with vk R Mg < Vkan (14.63)

>
o T —k
(14.60) The output voltage in DCM is

S P/O Luo-converter re-lift circuit is shown in Fig. 14.31a.

The equivalent circuits during switch-on and -off periods Vo = |:2 + K21 - k)i] Vi with vk 5 > 2
are shown in Figs. 14.31b and c. Its output voltage and 2/L fL=1-k
current are (14.64)
Vo = 2 Vi S P/O Luo triple-lift circuit is shown in Fig. 14.32a. The
1—k equivalent circuits during switch-on and -off periods are
and shown in Figs. 14.32b and c. Its output voltage and current are
I — 1-— kI 3
o= ——h Vo = — 1%
il_> I~ II;OY;>Y\ o -
D, Lo
+ +
+
Lo = v
v, V_c1:: c, L Co 5 o
_ D _
i i
— sy f\ch\)r_ﬁ N ~ Vo AR
1
+ c Lo i c Lo
iy 2 Ly R| + chiu L + R| +
Ves + g S M gv
\ c2 =~ N> N
| i _ C2 VC1_ L C1 - Co VO l C2 Vc1:: C1 ——CO _O
) i3 I L -

(b) ()
FIGURE 14.31 S P/O Luo-converter re-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
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FIGURE 14.32 S P/O Luo-converter triple-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.

and

_1—k
T3

Io I

The voltage transfer gain in CCM is

3

Vi _Io_l—k

_Vo_][

Mr

(14.65)

The variation ratio of the output voltage vo in CCM is

_ Avol2 _ k 1
T Vo 128f3LoCCoR

(14.66)

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for
DCM is

3k
Mr = | =5 (14.67)
The output voltage in DCM is
R 3R 3
Vo=[3+kK(1-k-—|Vi with vk |—>_—"—
o [+ ( )2]1]  with vk TETT
(14.68)

S P/O Luo quadruple-lift circuit is shown in Fig. 14.33a.
The equivalent circuits during switch-on and -off periods are
shown in Figs. 14.33b and c. Its output voltage and current are

Vo

%
11—k !

and

1—k
4

Io I

The voltage transfer gain in CCM is

Vo_II 4

Vi Io 1—k

Mg = (14.69)

The variation ratio of the output voltage vo in CCM is

Avpl2 k 1
Pt e (14.70)
Vo 128 f3LoC1 CoR
This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for
DCM is

Mq < /2kzn

(14.71)
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®)

FIGURE 14.33 S P/O Luo-converter quadruple-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.

The output voltage in DCM is

R 2R 4
Vo=|4+K0-k— |V with vk[—>—
o |:+ ( )ZfL] 1 wi o1k
(14.72)
Summary for all S P/O Luo-converters:

Vo Iy R Vo

= — = —, V4 = —, = —

Vi Io N fL Io

To write common formulas for all circuits parameters, we
define that subscript j = 1 for the self-lift circuit, j = 2 for
the re-lift circuit, j = 3 for the triple-lift circuit, j = 4 for the
quadruple-lift circuit, and so on. The voltage transfer gain is

M, =—— 14.73
i=1T"% ( )
The variation ratio of the output voltage is
Avpl2 k 1
= (14.74)
Vo 128 f3LoC1 CoR
The condition for discontinuous mode is
'kZN
M < BN (14.75)

2
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o,
+
Tee § a Vo
+
Vo
(©)
The output voltage in discontinuous mode is
Vo = [i+#Ra-0Z v (14.76)

14.3.3 Negative Output Luo-converters

Negative output (N/O) Luo-converters perform the voltage
conversion from positive to negative voltages using the voltage-
lift technique. They work in the third-quadrant with large
voltage amplification. Their voltage transfer gains are high.
Five circuits are introduced in the literature. They are:

« Elementary circuit;

o Self-lift circuit;

o Re-lift circuit;

o Triple-lift circuit;

o Quadruple-lift circuit.

Further lift circuits can be derived from above circuits.
In all N/O Luo-converters, we define normalized impedance
ZN = R/ﬂ.

N/O Luo-converter elementary circuit is shown in
Fig. 14.34a. The equivalent circuits during switch-on and -off
periods are shown in Figs. 14.34b and c. Its output voltage and
current (the absolute value) are
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R
FIGURE 14.34 N/O Luo-converter elementary circuit: (a) circuit diagram; (b) switch on; and (¢) switch off.
and shown in Figs. 14.35b and c. Its output voltage and current
- (the absolute value) are
Ip = p I 1
Vo = ] sz
When k is greater than 0.5, the output voltage can be higher
than the input voltage. and
The voltage transfer gain in CCM is Io = (1— k)

I k
Mg = £ _

= = 14.77
Vi Io 1—k ( )

The variation ratio of the output voltage vo in CCM is

Avpl2 k 1
&= =

= — 14.78
Vo 128 f3 CCoLoR ( )

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for

DCM is
Mg < k,/%N (14.79)
The output voltage in DCM is
R R 1
Vo=k(1—-k)—V, ith — > — 14.80
o =k( )szI wi ‘lzﬂ_l—k ( )

N/O Luo-converter self-lift circuit is shown in Fig. 14.35a.
The equivalent circuits during switch-on and -off periods are

The voltage transfer gain in CCM is

V. 1 1
My= Yo _ I _

= = 14.81
Vi Io 1—k ( )

The variation ratio of the output voltage vo in CCM is

Avol2 k 1
&= =

= — 14.82
Vo 128 f3 CCoLoR ( )

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for
DCM is

Ms < vk %N (14.83)
The output voltage in DCM is
R R 1
Vo= |14+K1-k-—|V; with vk |[-—>—"
o[+( )M}IM JszL4
(14.84)
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fin ?

ViN—T

(b)

FIGURE 14.35 N/O Luo-converter self-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.

N/O Luo-converter re-lift circuit is shown in Fig. 14.36a.
The equivalent circuits during switch-on and -off periods are
shown in Figs. 14.36b and c. Its output voltage and current
(the absolute value) are

Vo =

and

Ip =

The voltage transfer gain in CCM is

Vi I 2
Me= Yo _ I _

= = 14.85
Vi Io 1—k ( )

The variation ratio of the output voltage vo in CCM is

Avpl2 k 1
E=— = — (14.86)
Vo 128 f3CCoLoR
This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-

tance L is small, and load current is high. The condition for
DCM is

Mg < vVkzy

(14.87)
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R
The output voltage in DCM is

R R 2

Vo= [2+K1-k-— |V with vk[—>-—"—

o |:+ ( )2fL:|IW1 1%
(14.88)
N/O Luo-converter triple-lift circuit is shown in

Fig. 14.37a. The equivalent circuits during switch-on and -off
periods are shown in Figs. 14.37b and c. Its output voltage and
current (the absolute value) are

3
1—k

Vo

and

I —1_k1
o = 3 1

The voltage transfer gain in CCM is

Vo I 3
Mr=-2=2L-_"_ (14.89)
1% Io 1—k

The variation ratio of the output voltage vp in CCM is

_ Avpl2 _ k 1
Vo 128f3CCoLoR

(14.90)

This converter may work in discontinuous conduction
mode if the frequency fis small, conduction duty k is small,
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FIGURE 14.36 N/O Luo-converter re-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
ic1
S
i
; <D _ Vs <2
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ilN? D ?ic ° i ?ico T
Vg ~c ~co D RVo
+
Yo
ip1 l
(a)
ic1 ;
_ ) | - Vio+ <
Ic_g> |
- ) “ Co C ? o o ?ico -
inet C, Lo ¢ L ic
VN Cs L2 ,*3 Ly ¢ g Co - R |:i| Vo
3L ¢|,_2 L1 IL2 C T +
IL;

(b) (c)
FIGURE 14.37 N/O Luo-converter triple-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
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inductance L is small, and load current is high. The condition
for DCM is

3k
My < ZZN (14.91)
The output voltage in DCM is
R 3R 3
Vo= [3+k(1—k— |V with vk |[—>—"
o [+ ( )Zﬂ‘} 1 with vk M1k
(14.92)

N/O Luo-converter quadruple-lift circuit is shown in
Fig. 14.38a. The equivalent circuits during switch-on and -off
periods are shown in Figs. 14.38b and c. Its output voltage and
current (the absolute value) are

287

The voltage transfer gain in CCM is

Vo_II_ 4
Vi o 1—k

Mg (14.93)

The variation ratio of the output voltage vo in CCM is

Avpl2 k 1
E = = —
Vo 128 f3 CCoLoR

(14.94)

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for
DCM is

Mq < V2kan (14.95)
4
Vo = Vi . .
1—k The output voltage in DCM is
and
R 2R 4
1—k Vo=|4+k(1—-k—|V; with vk |—>——
lo=~——~1I © [ =05 |V L= 1—k
(14.96)
ip11 ict
— —
~4 A\ l_‘
ipi2—= D i |/
— e e Ci | i
s lb13 p,, 'cs éz <_D —Vio + -2
- _|<'__/'W\f\
? ° D ﬁc ° o hco T
i ¢§ L2 ¢ §L1
IL2 IL1 -
ViN== - . Jic >~ Co []R Vo
+
Ds D, D,
ip3 iDtT il* l
(a)
. —VLO + <I—o
Icq ;» I f'Y'YV:_
i C; io WL, B, |+ Ly S
=T o =3 |31, !
. -
|IN* C4 ; Cs + ' *io © II—Ohco 54 CoT Rl:l Vo
ViN=— . L L L. L
T 'L+§ iL3 ° ié ? iLé1 c Cox- R| | Vo i "
+ s l

(©)

FIGURE 14.38 N/O Luo-converter quadruple-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.
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Summary for all N/O Luo-converters:

Vo Iy R Vo
M = — = —, ZN = —, = —
Vi o L Io
To write common formulas for all circuits parameters, we
define that subscript j = 0 for the elementary circuit, j = 1
for the self-lift circuit, j = 2 for the re-lift circuit, j = 3 for
the triple-lift circuit, j = 4 for the quadruple-lift circuit, and
so on. The voltage transfer gain is

u = VLA RG]

14.97
j - (14.97)
The variation ratio of the output voltage is
Avol2 k 1
=20 (14.98)

Vo B ﬁf3CCoLoR
The condition for discontinuous conduction mode is

KRG 5 4 h(7)

2
M]. 2

zy > 1 (14.99)

The output voltage in discontinuous conduction mode is

11—k
Vo_j = { j+ K2hO) ZN} Vi (14.100)
where
, 0 if j>1
h<;>== 7
1 if j=0

is the Hong function.

14.4 Double Output Luo-converters

Double output (D/O) Luo-converters perform the voltage
conversion from positive to positive and negative voltages
simultaneously using the voltage-lift technique. They work in
the first- and third-quadrants with high voltage transfer gain.
There are five circuits introduced in this section:

o D/O Luo-converter elementary circuit;

e D/O Luo-converter self-lift circuit;

e D/O Luo-converter re-lift circuit;

o D/O Luo-converter triple-lift circuit;

o D/O Luo-converter quadruple-lift circuit.

F. L. Luo and H. Ye

Further lift circuits can be derived from above circuits.
In all D/O Luo-converters, each circuit has two conversion
paths — positive conversion path and negative conversion path.
The positive path likes P/O Luo-converters, and the nega-
tive path likes N/O Luo-converters. We define normalized
impedance zy4 = R/fL for positive path, and normalized
impedance zy_ = R;/fL;;. We usually purposely select R = R;
and L = L;;, so that we have zy = zy+ = zn—.

D/O Luo-converter elementary circuit is shown in
Fig. 14.7. Its output voltages and currents (absolute values)
are

Vot = |Vo-| = Vi

1—k
1—k
k

Ioy = Iry

and

e
Tk

Io- I

When k is greater than 0.5, the output voltage can be higher
than the input voltage.
The voltage transfer gain in CCM is

Vor Vo-|  k

Mrp =
E 1% 1% 1—k

(14.101)

The variation ratio of the output voltage vo4 in CCM is

I A‘VO+/2 o k 1
N "~ 16Mg f2Cols

ey (14.102)

Vo+
The variation ratio of the output voltage vo— in CCM is

_ Avo_/2 _ k 1
Vo— 128 f3Ci1CioLiaR

(14.103)

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for

DCM is
ZN
Mg <k, /]—
E=""

The output voltages in DCM are

(14.104)

Vo = Voi = |Vo_| = k(1 — k)%NVI with /%N > -
(14.105)
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Ciz
FIGURE 14.39 Double output Luo-converter self-lift circuit.
D/O Luo-converter self-lift circuit is shown in Fig. 14.39. The output voltages in DCM are
Its output voltages and currents (absolute values) are
2 ZN
Vo = Voy = [Vo_| = [1 + (1 — k);] Vi
Vo = Vo-| = Vi
* 1—k . kzn 1
with _— > — (14.110)
Ioy = (1 — k)4 2 1—k
D/O Luo-converter re-lift circuit is shown in Fig. 14.40. Its
and output voltages and currents (absolute values) are
Io- = (1=K Vot =|Vo-| = Vi
1—k
The voltage transfer gain in CCM is 1—k
Ioy = Iy
Vot  |Vo-| 1
Mg = = = 14.106
S 7 7 I — & ( ) and
1—k
The variation ratio of the output voltage vo4 in CCM is Io- = > I-
Avorl2 k 1 (14.107) The voltage transfer gain in CCM is
&4 = =— .
Vot 128 f3L2 CoGR Vo Vol 2
Mg = - — (14.111)
Vi Vi 1—k

The variation ratio of the output voltage vo— in CCM is

_ Avo_/2 _ k 1
T Voo 128f3C1CioLiaR

(14.108)

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for
DCM is

Ms < vk %N (14.109)

The variation ratio of the output voltage vo+ in CCM is

AVO+/2 k 1
E = =—
T Vos 128 f31,CoCR

(14.112)

The variation ratio of the output voltage vo— in CCM is

_ Avo_/2 _ k 1
Vo— 128 f3C11CioLiaR

(14.113)

This converter may work in discontinuous conduction
mode if the frequency fis small, conduction duty k is small,
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ool ] vo
.7

FIGURE 14.40 D/O Luo-converter re-lift circuit.

inductance L is small, and load current is high. The condition D/O Luo-converter triple-lift circuit is shown in Fig. 14.41.
for DCM is Its output voltages and currents (absolute values) are
Mg < Vkay (14.114) Vor =Wo-|=1—VI
The output voltages in DCM are 1—k
Io+ = Iy
3
z
Vo= Vo+ =|Vo-| = [2+k2(1—k)7N] Vi and
. 2 1—k
th kzy > —— 14.115 =
wi ZN > T ( ) Io_ 3 I
S Vg D, L, lo+
—o/
4 —
IL2

IIN

_Voi o
|_4_‘>|_.m
— l }
c, : +
Ly Dy —~C> ~~Co |::|R Vot

D4
l_ D20
Cs
Ls
L
D, D
i|N_¢ ﬁ D1 1

iL1 1T Lyq 1 Lig
Ci Gy
D24 D2,

FIGURE 14.41 D/O Luo-converter triple-lift circuit.
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IL2

| 1 +
~Ci1 1Cio |::| R

FIGURE 14.42

The voltage transfer gain in CCM is

Voy VoI 3

M+ =
=y Vi 1—k

(14.116)

The variation ratio of the output voltage vo4 in CCM is

AVO+/2 k 1
E = _——_——
T oy 128 f31,CoCR

(14.117)

The variation ratio of the output voltage vo— in CCM is

_ Avo_/2 _ k 1
Vo— 128 f3Cy; CioLiaRy

(14.118)

This converter may work in discontinuous conduction mode
if the frequency fis small, conduction duty k is small, induc-
tance L is small, and load current is high. The condition for
DCM is

Mr < 3k22N

(14.119)

The output voltages in DCM are

Z,
Vo = Vor = |Vo_| = [3+ (1 — k)TN] Vi

3k
with N > i
2 1—k

(14.120)

D/O Luo-converter quadruple-lift circuit.

D/O Luo-converter quadruple-lift circuit is shown in
Fig. 14.42. Its output voltages (absolute values) are

Vo+ =|Vo-| = Vi
o+ =Vo-I =17V
1—k
Iot = Iy
and
oo = =%,
0- = ——1Ir-
The voltage transfer gain in CCM is
V Vo- 4
Mg =2t = VoI _ (14.121)
1% 1% 1—k

The variation ratio of the output voltage vo4 in CCM is

_ Avoy/2 k 1
T Vop 128 f3L,CoGiR

(14.122)

The variation ratio of the output voltage vo— in CCM is

_ Avo_/2 _ k 1
Vo— 128 f3Cy;CioLi2Ry

(14.123)

This converter may work in discontinuous conduction
mode if the frequency fis small, conduction duty k is small,
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inductance L is small, and load current is high. The condition
for DCM is

Mq < V2kzn

The output voltages in DCM are

(14.124)

V4
Vo = Voi = |Vo_| = [4+k2(1 - k)TN] Vv

4
with  /2kzy > % (14.125)
Summary for all D/O Luo-converters:
V Vo- LiL
M:ﬁ=|0| = 172 5 L=L11; R=R1,
Vi Vi L+ L,
R Ry
ING =5 ZIN- =
fL fLn
so that

ZN = ZN+ = ZN-—

To write common formulas for all circuits parameters, we
define that subscript j = 0 for the elementary circuit, j = 1
for the self-lift circuit, j = 2 for the re-lift circuit, j = 3 for
the triple-lift circuit, j = 4 for the quadruple-lift circuit, and
so on. The voltage transfer gain is

W[+ h(i
M; = k?erkh(])] (14.126)

The variation ratio of the output voltage vo4 in CCM is

AVO+/2 _ k 1

_— = 14.127
Vo+ 128 f3L2 CoGR ( )

8+j =

The variation ratio of the output voltage vo— in CCM is

e Avo_12 _ k 1

i E— 14.128
! Vo- 128 f3Cy1 CioLi2 Ry ( )
The condition for DCM is
KRG 5 4 B(7)
]VI]-Z 5 zy > 1 (14.129)
The output voltage in DCM is
- l-ngn L=k
Vo-j=1j+ k TZN Vi (14.130)
where
. 0 if j>1
=1 T
1 if j=0

is the Hong function.

F. L. Luo and H. Ye

14.5 Super-lift Luo-converters

Voltage-lift (VL) technique has been successfully applied in
DC/DC converter’s design. However, the output voltage of
all VL converters increases in arithmetic progression stage-
by-stage. Super-lift (SL) technique is more powerful than VL
technique. The output voltage of all SL converters increases in
geometric progression stage-by-stage. All super-lift converters
are outstanding contributions in DC/DC conversion technol-
ogy, and invented by Professor Luo and Dr. Ye in 2000-2003.
There are four series SL Converters introduced in this section:

1. Positive output (P/O) super-lift Luo-converters;
2. Negative output (N/O) super-lift Luo-converters;
3. Positive output (P/O) cascade boost-converter;
4. Negative output (N/O) cascade boost-converter;

14.5.1 P/O Super-lift Luo-converters
There are several sub-series of P/O super-lift Luo-converters:

e Main series;

« Additional series;

o Enhanced series;

o Re-enhanced series;

e Multi-enhanced series.

We only introduce three circuits of main series and addi-
tional series.

P/O SL Luo-converter elementary circuit is shown in
Fig. 14.43a. The equivalent circuits during switch on and
switch off are shown in Figs. 14.43b and c. Its output voltage
and current are

V. —Z_kv

O_l—k 1
and

1 —l_kl

O_Z—kI

The voltage transfer gain is

Vo 2—k
Mg=—=—— 14.131
FTV Tk (14131
The variation ratio of the output voltage vo is
Avol2 k
p= 0 (14.132)
Vo 2RfC,

P/O SL Luo-converter re-lift circuit is shown in Fig. 14.44a.
The equivalent circuits during switch on and switch off are
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—> N l|O —> (Y YY) \I ° lIO

i +
Vin L C4 /J\ Vin Co Tvcz Rz Vo Vv, C, TVCZ R§ Vo

(b) ()

lin Ly c v, b Cs
IO > vy, AY| o (Y YY) | |o
+ Vig _ \//I + Ve 20, l
+ + in + 1 + +

:VC4 Rg VO Vin CZT Vi C4/‘\VC4 Rg VO

FIGURE 14.44 P/O SL Luo-converter re-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.

shown in Figs. 14.44b and c. Its output voltage and current are The voltage transfer gain is
2 —k\? Vo [2—k\*
o (1 — k) i R= <1 — k) ( )
and The variation ratio of the output voltage vo is

1—k\> Avol2 k
In=| —— I = = 14.134
o < ) T € Vo 2RIC, ( )
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lin v v Ly Crovy L GCov, L, C|5 |
—> _ 1 V2 | W 2228 > Y ) o
+ lo + Vi —V|+_ Viz —V|+_ Vis —Vl + l
L3CLF Cal® L IF Calt 3 IF Colt LY o iy ° 1" Rl
Vin $ 7~ Vi~ Vo2 5 Ca Vg = Vey o 4Cs v, TVee ;Vo Vin 2 N\ Vy Cy V2 Ce Vg S VO

(b)

(©

FIGURE 14.45 P/O SL Luo-converter triple-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.

P/O SL Luo-converter triple-lift circuit is shown in
Fig. 14.45a. The equivalent circuits during switch on and
switch off are shown in Figs. 14.45b and c. Its output voltage

and current are
vo = (22X 3V
o= 1—k 1

and

Ip = 1k 31
o= 2—k 1

The voltage transfer gain is

Vo (2-k\’
Mr=—=—— 14.135
T= <1 — k) ( )
The variation ratio of the output voltage vo is
Avol2 k
g = 202 _ (14.136)

Vo - 2RfCs

P/O SL Luo-converter additional circuit is shown in
Fig. 14.46a. The equivalent circuits during switch on and
switch off are shown in Figs. 14.46b and c. Its output voltage
and current are

and

The voltage transfer gain is

Vo 3—k
Mpy=—=— 14.137
A 1% 1—k ( )
The variation ratio of the output voltage vo is
Avol2 k
g=2200 % (14.138)
Vo 2RfCy;

P/O SL Luo-converter additional re-lift circuit is shown
in Fig. 14.47a. The equivalent circuits during switch on and
switch off are shown in Figs. 14.47b and c. Its output voltage
and current are

2-k3—k
OT T k1—k !
and
Lo lokl—k,
OT k3 —k!

The voltage transfer gain is

(14.139)
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ln D, D, Vi Dyy D1z
C14
lin Ay
Vi Vo L 1y, L v
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Cy|+ Col|+ + Cyl+ Cyq|+ Cyo| + + 7 - v+ |+ +
AT et A Al PulE g T g Vin + R
Lig =Vin = Viled G RV R Vo V2 TVei2 gVo Vi, 02F<V1 - Vit +VC12;<VC12 Vo

FIGURE 14.47 P/O SL Luo-converter additional re-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.

The variation ratio of the output voltage vo is and current are
Avol2  k Vo= <ﬂ>2 e
T (14.140) 1-k) 1—k
and

P/O SL Luo-converter additional triple-lift circuit is shown 2 v
in Fig. 14.48a. The equivalent circuits during switch on and Ip = (1;) 1- I
switch off are shown in Figs. 14.48b and c. Its output voltage 2—-k) 3—-k

295
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C11
| Ay
in L, VL Cs Vo L AN
—> ) }—‘M }_4,_('%_‘. c Vs o
/ AN 5 Vs l
Vin + Vi + > q + +
1 1 - +
C, Vi Cq Va Vi |7 Ce Ve R ; Vo
— CG VS — —

@ @ A4

FIGURE 14.48 P/O SL Luo-converter additional triple-lift circuit: (a) circuit diagram; (b) switch on; and (c) switch off.

The voltage transfer gain is

My = 20 — 2-k)?3-k (14.141)
S VA P A gy '
The variation ratio of the output voltage vo is
Avol2 k
g = AvOI2 _ (14.142)
Vo 2RfCy,

14.5.2 N/O Super-lift Luo-converters
There are several subseries of N/O Super-lift Luo-converters:

o Main series;

o Additional series;

o Enhanced series;

o Re-enhanced series;

e Multi-enhanced series.

We only introduce three circuits of main series and addi-
tional series.

N/O SL Luo-converter elementary circuit is shown in
Fig. 14.49. Its output voltage and current are

S e
S 1=k

s N ?'0
Vi, L, 3 C{T Ve _
- L4 R 2V,
D1 %22::+v02 +

FIGURE 14.49 N/O SL Luo-converter elementary circuit.
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and

Io=(01-KI

The voltage transfer gain is

Vo 1
Mg=—F=—— 14.143
£ Vi 1—k ( )
The variation ratio of the output voltage vo is
Avpl2 k FIGURE 14.51 N/O SL Luo-converter triple-lift circuit.
Vo  2RfG

N/O SL Luo-converter re-lift circuit is shown in Fig. 14.50.
Its output voltage and current are

Vo 2—k\°
2 k\2 M7 = 71 = <m> —1 (14.147)
Voz m —1 V[

The voltage transfer gain is

The variation ratio of the output voltage vo is
and
Avp/2 k
I p= 0 (14.148)
0= 5 Vo 2RfCs
(@-k/1—-k) —1
The voltage transfer gain is

N/O SL Luo-converter additional circuit is shown in
Fig. 14.52. Its output voltage and current are

Vo (2 -~ k>2
Mp=—=(—7) —1 (14.145) 3 —
— Vo=|——F—-1|V; = V
Vi 1—k fo} — % 1=1" "
The variation ratio of the output voltage vo is q
an
Avp/2 k
e= 2" = (14.146) 1 — &
Vo 2RfCy Ip = I
2
N/O SL Luo-converter triple-lift circuit is shown in
Fig. 14.51. Its output voltage and current are The voltage transfer gain is
y—k\3 Vo 3—k 2
— ) Mp=—=——7F—-1=—— 14.149
Vo_[(l_k> 1]\/1 A % ( )
and The variation ratio of the output voltage vo is
Ir Avol2 k
= &= = 14.150
(Q—k/1-k) -1 Vo  2RfC; ( )
Iin
.
1
S Dy lo
+ L~ Lo ?
v L4 C1 ™~ VC1 _
n V
K— RS Vo
- D, D, |_ Ds [- T,
C2T+ c2 C4—l_+ c4
FIGURE 14.50

N/O SL Luo-converter re-lift circuit. FIGURE 14.52 N/O SL Luo-converter additional circuit.
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NO SL Luo-converter additional re-lift circuit is shown in
Fig. 14.53. Its output voltage and current are

2 - 5 |- 1 - +
\Y Y, Veie
02T+ c2 C4—Fr ca C12—l—+
FIGURE 14.53 N/O SL Luo-converter additional re-lift circuit.
and
I

s _[2-k3-k 7,
O T k1—«k !

and

I
(Q=kIA-K)(B-k/1-k)—1

Ip =

The voltage transfer gain is

Vo_2—k3—k

Mpp=— = —7F—— 14.151
MV T —k1—k (14151
The variation ratio of the output voltage vo is
Avol2 k
g = 2YO2 _ (14.152)
Vo 2RfCyy

N/O SL Luo-converter additional triple-lift circuit is
shown in Fig. 14.54. Its output voltage and current are

v [ (22K 3=k ]y
7 I\1-k) 1-« !

(=R -k (B-k/2-k)-1

The voltage transfer gain is

My = Y0 _ 2-k\"3-k 1 (14.153)
My TSk 1=k '
The variation ratio of the output voltage vo is
Avp/2 k
g= 22000 _ (14.154)
Vo  2RfCp

14.5.3 P/O Cascade Boost-converters

There are several subseries of P/O cascade boost-converters
(CBC):

o Main series;

o Additional series;
o Double series;

« Triple series;

o Multiple series.

We only introduce three circuits of main series and addi-
tional series.

> 7
s o o
pe
* Ly CiA ~Vei

Vin + g_
< RZ v,
_ D, Dg |- Dy _ +

Co- 1 Ve Cs Ve Cs—1~ Ves C1oaVe

T T oL Lo

FIGURE 14.54

N/O SL Luo-converter additional triple-lift circuit.
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P/O CBC two-stage circuit is shown in Fig. 14.56. Its output

voltage and current are
v
+ 1 \2
Vo = < ) VI

+
C1TC1 R VO 1— k
® and

FIGURE 14.55 P/O CBC elementary circuit. 2
lo=0-k"I

The voltage transf in i
P/O CBC elementary circuit is shown in Fig. 14.55. Its € VOTIAgE Transict gati 1s

output voltage and current are V. 1 \2
M=-2=(— (14.157)
1 Vi 1—k
Vo = Vi
1—k . . .
The variation ratio of the output voltage vo is
and Avol2  k
g = 2007 _ (14.158)
Io=0-kI Vo 2RfG,
The voltage transfer gain is P/O CBC three-stage circuit is shown in Fig. 14.57. Its
output voltage and current are
V 1
Mg=-2— (14.155) 3
Vi 1—k Vo = 1 Vv
1—k
The variation ratio of the output voltage vo is
and
Avol2 k
g= 0% _ (14.156) ,
Vo 2RfC Io=(1—-k7I
I'l» Ly Dy Vv, Lo Dy
Y Y g [
'[ E ' ¢ i
o
N +
D, I * c,—L* R
Vin 012 T Vor  ° l 2/1\ Veo § \_/0

FIGURE 14.56 P/O CBC two-stage circuit.

D + + + R § VO
o1 1
VT Cy T Vel Cz Tvcz S 1\ Cs -

FIGURE 14.57 P/O CBC three-stage circuit.



FIGURE 14.58 P/O CBC additional circuit.

The voltage transfer gain is

Vo 1 3
Mzy=—=—— 14.159
=T (1 — k) ( )
The variation ratio of the output voltage vo is
Avol2 k
. (14.160)
Vo  2RfCs

P/O CBC additional circuit is shown in Fig. 14.58. Its
output voltage and current are

F. L. Luo and H. Ye

P/O CBC additional two-stage circuit is shown in
Fig. 14.59. Its output voltage and current are

1 2
Vo=2{——=) V
o=2(12) v

(1—k)?
=5

and

Io

The voltage transfer gain is

Vo 1 2
My =—=2—— 14.163
n= <1 — k) ( )
The variation ratio of the output voltage vo is
Avol2 k
e = 2YO° (14.164)
Vo  2RfCp

P/O CBC additional three-stage circuit is shown in
Fig. 14.60. Its output voltage and current are

1 \?
: to=2(5)
Vo = V 1—k
0= T "I
and
and
)3
1—k = L=
Io = I 2
2
The voltage transfer gain is The voltage transfer gain is
3
Vo 2 Vo 1
My Vi T 1ok (14.161) v; T—%
The variation ratio of the output voltage vo is The variation ratio of the output voltage vo is
Avol2 k Avol2 k
g = 202 _ (14.162) g= — 2% (14.166)
Vo  2RfCp, Vo  2RfCp,
i
— L D, L, Ds Dy D12
>+ ‘ ¢ i
+ o
* Ve1i -Gy,

V|N +
C1J_+ S \\Co

- T |

+ +
Crz Vc1§§ Vo

T

FIGURE 14.59 P/O CBC additional two-stage circuit.
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Dy V, Lg Ds V3 Dy Dz
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FIGURE 14.60 P/O CBC additional three-stage circuit.

14.5.4 N/O Cascade Boost-converters
There are several subseries of N/O CBC:

¢ Main series;

o Additional series;
o Double series;

o Triple series;

o Multiple series.

We only introduce three circuits of main series and addi-
tional series. FIGURE 14.62 N/O CBC two-stage circuit.
N/O CBC elementary circuit is shown in Fig. 14.61. Its

output voltage and current are L o
N/O CBC two-stage circuit is shown in Fig. 14.62. Its output

1 k voltage and current are
=|—-1|VI= V
© [1 —k } =r=x"
1 \2
and Vo = |:(—1 — k) — 1:| \%:
o=
o= 1 and
The voltage transfer gain is L I
oO=""""" '\
Vo K (V1 —=k) —1
Mp=-2—-_%_ (14.167)
Vi 1—k o
The voltage transfer gain is
The variation ratio of the output voltage vo is
k M, = YO < ! )2 1 (14.169)
Avol2 == - :
gz 202 _F (14.168) i \1—k

Vo  2RfC

The variation ratio of the output voltage vp is

Avpl2 k
E = =
Vo  2RfC,

(14.170)

N/O CBC three-stage circuit is shown in Fig. 14.63. Its
output voltage and current are

1 3
Vo = (—1 k) -1V
FIGURE 14.61 N/O CBC elementary circuit. N
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FIGURE 14.63 N/O CBC three-stage circuit.

and The voltage transfer gain is
Vi 1+ k
Io = __ My =-2 = re P (14.173)
(11 -k) -1 Viiel=

The variation ratio of the output voltage vo is
The voltage transfer gain is

Avop/2 k
p= 0 (14.174)
Vo 1 3 Vo 2RfC12
M= -2 = (_> —1 (14.171)
Vi 1—k N/O CBC additional two-stage circuit is shown in
Fig. 14.65. Its output voltage and current are
The variation ratio of the output voltage vo is
1 \2
Vo=|2|——=) —1|V]
Avol2 k ¢ [ (l—k) ] '
£ = = (14.172)
Vo  2RfG
and
N/O CBC additional circuit is shown in Fig. 14.64. Its I
output voltage and current are Io = ) (1/(1 _ k))2 1
2 1+k in i
= 1l = + Vi The voltage transfer gain is
1—k 1—k ,
V 1
My = -2 =2 (—) 1 (14.175)
and Vi 1—k
1—k The variation ratio of the output voltage vo is
Ip = I
L+k Avol2 k
&= = (14.176)
Vo  2RfCp
! N/O CBC additional three-stage circuit is shown in
1 Fig. 14.66. Its output voltage and current are
Cy ~Ci2

13
Vin L, Ci1 R %Vo and
- +

I
. 4 Io = 3
FIGURE 14.64 N/O CBC additional circuit. 2 (1/ (1- k)) -1
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FIGURE 14.65 N/O CBC additional two-stage circuit.
i o D, Ly D, Ly Ds Dyy Dy
- | — e —<—o
S B o
\;— Do S | [ ? -
1
IN Ly Dy [ \ RS Vo
- C11 +
FIGURE 14.66 N/O CBC additional three-stage circuit.
The voltage transfer gain is voltage transfer gain
Vo 1 3 M — Vo k
Myzy=—=2|——] —1 14.177 E=Vv T1_%
w= <1 — k) ( ) Vi 1—k
The variation ratio of the output voltage vo is The voltage transfer gain of P/O SL Luo-converters is
V i+2—k\"
Avol2 k M=-0_ (/T2 % (14.179)
g=—2" = (14.178) vV 1k
Vo 2RfCy;

14.6 Ultra-lift Luo-converters

Ultra-lift (UL) Luo-converter performs very high voltage
transfer gain conversion. Its voltage transfer gain is the product
of those of VL Luo-converter and SL Luo-converter.

We know that the gain of P/O VL Luo-converters (as in
Eq. (14.52)) is

Vo _ K[ 4+ h(n))

M =
Vi 1—k

where # is the stage number, h(n) (as in Eq. (14.56)) is the
Hong function.

1 n=0
h =
(m) 0 n>0

(from Eq. (14.32)) n = 0 for the elementary circuit with the

where # is the stage number, j is the multiple-enhanced num-
ber. n = 1 and j = O for the elementary circuit with gain (as
in Eq. (14.131))

2k

Vi T 1—k

v
MEZ—O

The circuit diagram of UL Luo-converter is shown in
Fig. 14.67a, which consists of one switch S, two inductors L;
and Ly, two capacitors C; and C,, three diodes, and the
load R. Its switch-on equivalent circuit is shown in Fig. 14.67b.
Its switch-off equivalent circuit for the continuous conduc-
tion mode is shown in Fig. 14.67¢ and switch-off equivalent
circuit for the discontinuous conduction mode is shown in
Fig. 14.67d.

14.6.1 Continuous Conduction Mode

Referring to Figs. 14.67b and ¢, we have got the current ir;
increases with the slope +Vi/L; during switch on, and
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FIGURE 14.67 Ultra-lift (UL) Luo-converter: (a) circuit diagram; (b) switch on; (c) switch off in CCM; and (d) switch off in DCM.

decreases with the slope —V1/L; during switch off. In the
steady state, the current increment is equal to the decrement
in a whole period T. The relation below is obtained

% 1%
kT = (1 -T2 (14.180)
L L

Thus,

k
1—k

Vel = Vy = Vi (14.181)

The current iy, increases with the slope +(V; — V1)/L; dur-
ing switch on, and decreases with the slope —(V; — Vo)/L,
during switch off. In the steady state, the current increment
is equal to the decrement in a whole period T. We obtain the
relation below

itV (1- k)TM (14.182)
L L,
Ve — V. _2—kV_ k 2—k _k(2—k)V
CT e Tk Tk i—k T a—k2 !
(14.183)
(1-k)?
Io = ——1 14.184
o=1a_nh ( )
The voltage transfer gain is
M_Vo_k(Z—k)_ k 2—k_M M
=V T O i klx Mem E-SL

(14.185)

From Eq. (14.185) we can see that the voltage transfer gain
of UL Luo-converter is very high which is the product of those

TABLE 14.3 Comparison of various converters gains

k 0.2 0.33 0.5 0.67 0.8 0.9
Buck 0.2 0.33 0.5 0.67 0.8 0.9
Boost 1.25 1.5 2 3 5 10
Buck-Boost 0.25 0.5 1 2 4 9
VL Luo-converter 0.25 0.5 1 2 4 9
SL Luo-converter 2.25 2.5 3 4 6 11
UL Luo-converter 0.56 1.25 3 8 24 99

of VL Luo-converter and SL Luo-converter. We list the transfer
gains of various converters in Table 14.3 for reference.
The variation of inductor current if; is

%
Aif = kT

14.186
L ( )

and its variation ratio is

k(1 — k)*TR (- k)*TR

£ Air1/2 k(1 — k)zTVI
1 = = =

I 2L b 2LM 22— K)f,
(14.187)

The variation of inductor current iy, is

kTV;
Al 14.188
2= 000 ( )
and its variation ratio is
Aipa/2 KTV kTR 1 —k)?TR

g = 2l X _Uu-h (14.189)

In  2LL  2LM 22— k)L
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The variation of capacitor voltage v¢; is

A kTI, kTI,
AVCI = QCI = L2 = o (14190)
C C (1-kC
and its variation ratio is
Avci/2 kTI, k(2 —k
k(o L 0 - ( ) (14.191)
Ve 21 —k)ViC 2(1 — k)sz'lR
The variation of capacitor voltage vc; is
AQc> kTIo
A = = — 14.192
ve2 2 G ( )
and its variation ratio is
Aveyrl2 kTI, k
fmoy = 222 _ B0 (14.193)

Voo 2VoG,  2fGR

From the analysis and calculations, we can see that all vari-
ations are very small. A design example is that Vi =10V,
Li=L,=1mH, C; = G, = 1 nE R = 30002, f = 50kHz,
and conduction duty cycle k varies from 0.1 to 0.9. We then
obtain the output voltage variation ratio &, which is less than
0.003. The output voltage is very smooth DC voltage nearly no

ripple.

14.6.2 Discontinuous Conduction Mode

Referring to Fig. 14.67d, we have got the current iy; decreases
to zero before t = T, i.e. the current becomes zero before next
time the switch turns on. The DCM operation condition is
defined as

£§>1

or

_ k(1—Kk?*TR _ (1—Kk)*TR

= = > 1 14.194
51 2L M 22—kl ~ ( )
The normalized impedance Zy is,
V4 R (14.195)
N = — .
fLy

We define the filling factor m to describe the current exists
time. For DCM operation, 0 < m < 1,

1 2L,G 22— k)
m=—=

£ k(1—K2TR _ (1—k)Zy

(14.196)

V V.
kT—L = (1 — kymT -~
L L;
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Thus,
V=V = k V] (14.197)
a=n=qa_"pm! .
We finally obtain the relation below
Vi+V, Vo —V,
T T (14.198)
Lz LZ
2—k k(2 — k)
Vo=V = Vi = Vi (14.199)

1—k '~ m( = k)2

The voltage transfer gain in DCM is higher than that in
CCM.

Mo — VO _ k(2—k)  Mccm
DCM_VI_m(l—k)Z_ m

with m < 1

(14.200)

14.7 Multiple-quadrant Operating
Luo-converters

Multiple-quadrant operating converters are the second-
generation converters. These converters usually perform
between two voltage sources: V; and V,. Voltage source V)
is proposed positive voltage and voltage V; is the load voltage.
In the investigation both voltages are proposed constant volt-
age. Since V1 and V; are constant values, voltage transfer gain
is constant. Our interesting research will concentrate the work-
ing current, minimum conduction duty k;,, and the power
transfer efficiency 7.

Multiple-quadrant operating Luo-converters are the second-
generation converters and they have three modes:

o Two-quadrant DC/DC Luo-converter in forward opera-
tion;

o Two-quadrant DC/DC Luo-converter in reverse opera-
tion;

« Four-quadrant DC/DC Luo-converter.

The two-quadrant DC/DC Luo-converter in forward opera-
tion has been derived from the positive output Luo-converter.
It performs in the first-quadrant Q and the second-quadrant
Qq corresponding to the DC motor forward operation in
motoring and regenerative braking states.

The two-quadrant DC/DC Luo-converter in reverse opera-
tion has been derived from the N/O Luo-converter. It performs
in the third-quadrant Qq and the fourth-quadrant Qpy corre-
sponding to the DC motor reverse operation in motoring and
regenerative braking states.

The four-quadrant DC/DC Luo-converter has been derived
from the double output Luo-converter. It performs four-
quadrant operation corresponding to the DC motor forward
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and reverse operation in motoring and regenerative braking
states.

In the following analysis the input source and output load
are usually constant voltages as shown, V; and V,. Switches
S1 and S, in this diagram are power metal oxide semicon-
ductor field effect transistor (MOSFET) devices, and they are
driven by a PWM switching signal with repeating frequency
f and conduction duty k. In this paper the switch repeating
period is T = 1/f, so that the switch-on period is kT and
switch-off period is (1 — k)T. The equivalent resistance is R
for each inductor. During switch-on the voltage drop across
the switches and diodes are Vs and Vp respectively.

14.7.1 Forward Two-quadrant DC/DC
Luo-converter

Forward Two-quadrant (F 2Q) Luo-converter is shown in
Fig. 14.68. The source voltage (V) and load voltage (V>) are
usually considered as constant voltages. The load can be a
battery or motor back electromotive force (EMF). For example,
the source voltage is 42V and load voltage is +14 V. There are
two modes of operation:

1. Mode A (Quadrant I): electrical energy is transferred
from source side V; to load side V5;

2. Mode B (Quadrant II): electrical energy is transferred
from load side V; to source side Vj.

Mode A: The equivalent circuits during switch-on and -off
periods are shown in Figs. 14.69a and b. The typical output
voltage and current waveforms are shown in Fig. 14.69¢c. We
have the output current I, as

1—k
h=—

I (14.201)

and

_Vi— Vs — Vp— Va((1 — K)/K)

= 14.202
27 R((KI( = k) + (1 — k)/K)) (14.202)
—o/ C
—— Y YYL_AANA—
S; ik Lo R
0 Ve |
D, 2
Iy Ly S, v +1
____+ . D, 2
R

FIGURE 14.68 Forward two-quadrant operating Luo-converter.

F. L. Luo and H. Ye

The minimum conduction duty k corresponding to I, = 0 is

\Z)
Vi+V,—Vs—Vp

(14.203)

kmin =

The power transfer efficiency is

Po Wb
U A
_ 1
1+ ((Vs+ VD) V) (k/(1— k) + (RL/ V) [1+((1— k)/K)2]

(14.204)
The variation ratio of capacitor voltage v¢ is
Avcl2 1—k)I
_ avels ( )b (14.205)
Ve 2fC(Vy — RL(1/(1 — k)))
The variation ratio of inductor current iy is
Aip1/2 Vi — Vs —RI
£= o HE LT ST (14.206)
I 2fLi Ly
The variation ratio of inductor current iy, is
Airy/2 Vi— Vs —RI
=2 ST (14.207)
Irp 2fL 1
The variation ratio of diode current ip; is
; Aipa/2 Vi—Vs—RI, ,V,—Vs—RI
D2 = = =
In+ 1 2fL(L + L) 2fLL
(14.208)

If the diode current becomes zero before S; switch on again,
the converter works in discontinuous region. The condition is

21LL

R=—"
Vi — Vs —RL

(=1, ie (14.209)

Mode B: The equivalent circuits during switch-on and -off
periods are shown in Figs. 14.70a and b. The typical output
voltage and current waveforms are shown in Fig. 14.70c. We
have the output current I; as

L1k
T %

b (14.210)

and

V= (Vi + Vs + Vp)((A = k)/k)
FTOR((KI( = R) + (1 — K)/K))

(14.211)

The minimum conduction duty k corresponding to I; = 0 is

Vi+Vs+Vp

(14.212)
Vi+Va+Vs+ Vp

kmin =
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~V

(@) (b)

(©

FIGURE 14.69 Mode A: (a) switch on; (b) switch off; and (c) waveforms.

FIGURE 14.70

The power transfer efficiency

_Po Vil
"= Tl
_ 1
14+ (Vs + Vp)IVh) + (RL/ V)1 + (1 — k)/k)?]
(14.213)
The variation ratio of capacitor voltage vc is
. Avcl2 _ kL
Ve o 2fCI(Va/(1 = k) — Vi — RI(K/(1 — k)?)]
(14.214)
The variation ratio of inductor current ir; is
Air1/2 V, — Vs — Rl
g = DR _ 2T ST TR (14.215)
In 2fLiL
The variation ratio of inductor current iy, is
Air)/2 V, — Vs — RI.
g= 22 _ 2T TS TR (14.216)

I 2L 1

Mode B: (a) switch on; (b) switch off; and (c) waveforms.

The variation ratio of diode current ip; is

¢ Aipy/2 Vy — Vs — Rl
Dl = fr— f—
I+ I 2fL(I} + I)

, Vo — Vs — R

2L,
(14.217)

If the diode current becomes zero before S switch on again,
the converter works in discontinuous region. The condition is

2/LI,

=2
V,— Vs — Rb

(p1 =1, ie. (14.218)

14.7.2 Two-quadrant DC/DC Luo-converter in
Reverse Operation

Reverse two-quadrant operating (R 2Q) Luo-converter is
shown in Fig. 14.71, and it consists of two switches with two
passive diodes, two inductors and one capacitor. The source
voltage (V;) and load voltage (V,) are usually considered as
constant voltages. The load can be a battery or motor back
EME. For example, the source voltage is 42V and load voltage
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FIGURE 14.71 Reverse two-quadrant operating Luo-converter.

is —14 V. There are two modes of operation:

1. Mode C (Quadrant III): electrical energy is transferred
from source side V; to load side —V5;

2. Mode D (Quadrant IV): electrical energy is transferred
from load side —V; to source side Vj.

Mode C: The equivalent circuits during switch-on and -off
periods are shown in Figs. 14.72a and b. The typical output
voltage and current waveforms are shown in Fig. 14.72c. We
have the output current I, as

L1k
2Tk

L (14.219)

and

Vi—Vs—Vp — Va((1 —k)/k)

TRV —K) + (1= k)7k)] (14.220)

b))

The minimum conduction duty k corresponding to I, = 0 is

F. L. Luo and H. Ye

The power transfer efficiency is

_Po WD
= P ViL

1
1 + (Vs + Vp)IVa)(k/(1 — k) + (RL/V2)[1 + (1/(1 — k))?]

(14.222)
The variation ratio of capacitor voltage v¢ is
Avcl2 kL
10 = =
Ve 2fC[(k/(1 — k) Vi — (RL)/(1 — k)?)]
(14.223)
The variation ratio of inductor current iy is
Airq/2 Vi— Vs —RI
= ST Vs T R (14.224)
In 2fLi Iy
The variation ratio of inductor current ip; is
Aipy/2 Vi — Vs — RL
{pp =& = =k (14.225)
Iy 2fL1 I
The variation ratio of inductor current iy, is
Air/2 k
£ =2 o (14.226)
15 l6f2 CL,

If the diode current becomes zero before S; switch on again,
the converter works in discontinuous region. The condition is

V; 2fL1 I
ki = 2 (14.221) trn=1, ie k= _ b (14.227)
Vi+V,—-Vsg—Vp Vi — Vs —RI
i A
iLo
/\
\/
_NYY\_/\/\/\,_ Y Y Y _AAA—
L2 R R 0 >
A t
15 - - v
Ve Vo V, — Vo
——x
i
0 t

(a)

FIGURE 14.72 Mode C: (a) switch on; (b) switch off; and (c) waveforms.
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FIGURE 14.73 Mode D: (a) switch on; (b) switch off; and (c) waveforms.
Mode D: The equivalent circuits during switch-on and -off And the variation ratio of inductor current ip; is
periods are shown in Figs. 14.73a and b. The typical output
voltage and current waveforms are shown in Fig. 14.73c. We tpy = £ = Aipi/2 _ 3 Vo — Vs —RD (14.234)
have the output current I; as I 2fL1 L
1—k The variation ratio of inductor current iy, is
I = p L (14.228)
Aipp/2 1—k
£y = 2T (14.235)

and

_ Vo= (Vi+ Vs + Vp)((1 = k)/k)
h = R[(1/(k(1 — k) + (k/(1 — k))] (14.229)

The minimum conduction duty k corresponding to I} = 0 is

Vi+Vs+Vp

(14.230)
Vi+Va+Vs+ Vp

kmin =

The power transfer efficiency is

_Po Wi
= P WVab
1

1+ (Vs + VD)IV1) + (RI/VDIA/(1 = k)%) + (k/(1 = k))?]

(14.231)
The variation ratio of capacitor voltage v¢ is
_Avel2 kL)
Ve 2fC[((1= k) Vi + (RID/(k(1 = k)]
(14.232)
The variation ratio of inductor current iy; is
Airq/2 Vy, — Vs — R
&1 = =(1-k——— (14.233)
! I 2fLi I

L  16f2ClL,

If the diode current becomes zero before S, switch on again,
the converter works in discontinuous region. The condition is

2fLi I

k= — 212
V,— Vs — RL,

(p1 =1, ie. (14.236)

14.7.3 Four-quadrant DC/DC Luo-converter

Four-quadrant DC/DC Luo-converter is shown in Fig. 14.74,
which consists of two switches with two passive diodes, two
inductors, and one capacitor. The source voltage (V1) and load
voltage (V,) are usually considered as constant voltages. The
load can be a battery or motor back EMFE. For example, the
source voltage is 42V and load voltage is £14 V. There are four
modes of operation:

1. Mode A (Quadrant I): electrical energy is transferred
from source side V7 to load side V5;

2. Mode B (Quadrant II): electrical energy is transferred
from load side V; to source side V7i;

3. Mode C (Quadrant III): electrical energy is transferred
from source side V7 to load side — V5;

4. Mode D (Quadrant IV): electrical energy is transferred
from load side —V; to source side V7.

Each mode has two states: “on” and “off.” Usually, each
state is operating in different conduction duty k. The switches
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FIGURE 14.74 Four-quadrant operating Luo-converter: (a) circuit 1 and (b) circuit 2.

are the power MOSFET devices. The circuit 1 in Fig. 14.74
implements Modes A and B, and the circuit 2 in Fig. 14.74
implements Modes C and D. Circuits 1 and 2 can changeover
by auxiliary switches (not in the figure).

Mode A: During state-on switch S; is closed, switch S, and
diodes D; and D, are not conducted. In this case inductor
currents 77 and ir increase, and i = i) + irp. During state-
off switches S;, S;, and diode D; are off and diode D, is
conducted. In this case current ir; flows via diode D; to charge
capacitor C, in the meantime current ir; is kept to flow through
load battery V5. The free-wheeling diode current ip; = i +
ir2. Mode A implements the characteristics of the buck-boost
conversion.

Mode B: During state-on switches S; is closed, switch S; and
diodes D; and D, are not conducted. In this case inductor cur-
rent iy, increases by biased V3, inductor current i) increases
by biased V. Therefore capacitor voltage V¢ reduces. During
state-off switches Sj, S;, and diode D, are not on, and only
diode D is on. In this case source current i; = iy + i1, which
is a negative value to perform the regenerative operation.
Inductor current ir, flows through capacitor G, it is charged
by current ir,. After capacitor C, ir, then flows through the
source V). Inductor current iy flows through the source Vj as
well via diode D;. Mode B implements the characteristics of
the boost conversion.

Mode C: During state-on switch S; is closed, switch S, and
diodes D; and D, are not conducted. In this case inductor

currents ir; and iy increase, and iy = ir;. During state-off
switches S;, S;, and diode D; are off and diode D, is con-
ducted. In this case current iy; flows via diode D; to charge
capacitor C and the load battery V, via inductor L,. The
free-wheeling diode current ip, = ir; = ic + . Mode C
implements the characteristics of the buck—boost conversion.

Mode D: During state-on switches S, is closed, switch S;
and diodes D; and D, are not conducted. In this case induc-
tor current i;; increases by biased V5, inductor current i
decreases by biased (V, — V(). Therefore capacitor voltage V¢
reduces. Current i;; = ic—on + i2. During state-off switches
S1, Sz, and diode D, are not on, and only diode D is on. In
this case source current i = ir; which is a negative value
to perform the regenerative operation. Inductor current i,
flows through capacitor C that is charged by current i, i.e.
ic_off = i2. Mode D implements the characteristics of the
boost conversion.

Summary: The switch status is shown in Table 14.4.
The operation of all modes A, B, C, and D is same to the
description in Sections 14.7.1 and 14.7.2.

14.8 Switched-capacitor Multi-quadrant
Luo-converters

Switched-component converters are the third-generation
converters. These converters are made of only inductor

TABLE 14.4 Switch’s status (the blank status means OFF)

Switch or diode Mode A (QI) Mode B (QII) Mode C (QIII) Mode D (QIV)
State-on  State-off  State-on  State-off  State-on  State-off  State-on  State-off

Circuit Circuit 1 Circuit 2

S1 ON ON

Dy ON ON

Sy ON ON

D, ON ON
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FIGURE 14.75 Two-quadrant switched-capacitor DC/DC Luo-converter.

or capacitors. They usually perform in the systems between
two voltage sources: V7 and V;. Voltage source V; is proposed
positive voltage and voltage V, is the load voltage that can
be positive or negative. In the investigation both voltages are
proposed constant voltage. Since V; and V, are constant val-
ues, so that voltage transfer gain is constant. Our interesting
research will concentrate on the working current and the
power transfer efficiency n. The resistance R of the capacitors
and inductor has to be considered for the power transfer
efficiency 7 calculation.

Reviewing the papers in the literature, we can find that
almost of the papers investigating the switched-component
converters are working in single-quadrant operation. Profes-
sor Luo and colleagues have developed this technique into
multi-quadrant operation. We describe these in this and next
sections.

Switched-capacitor multi-quadrant Luo-converters are the
third-generation converters, and they are made of only capac-
itors. Because these converters implement voltage-lift and
current-amplification techniques, they have the advantages of
high power density, high power transfer efficiency, and low
EMI. They have two modes:

o Two-quadrant switched-capacitor DC/DC Luo-converter;
« Four-quadrant switched-capacitor DC/DC Luo-converter.

The two-quadrant switched-capacitor DC/DC Luo-converter
in forward operation has been derived for the energy transmis-
sion of a dual-voltage system in two-quadrant operation. The
both, source and load voltages are positive polarity. It performs
in the first-quadrant Q and the second-quadrant Qp corre-
sponding to the DC motor forward operation in motoring and
regenerative braking states.

The four-quadrant switched-capacitor DC/DC Luo-
converter has been derived for the energy transmission of a
dual-voltage system in four-quadrant operation. The source
voltage is positive and load voltage can be positive or negative

polarity. It performs four-quadrant operation corresponding
to the DC motor forward and reverse operation in motoring
and regenerative braking states.

From the analysis and calculation, the conduction duty k
does not affect the power transfer efficiency. It affects the input
and output power in a small region. The maximum output
power corresponds at k = 0.5.

14.8.1 Two-quadrant Switched-capacitor
DC/DC Luo-converter

This converter is shown in Fig. 14.75. It consists of nine
switches, seven diodes, and three capacitors. The high source
voltage Vy and low load voltage Vi are usually considered
as constant voltages, e.g. the source voltage is 48V and load
voltage is 14 V. There are two modes of operation:

e Mode A (Quadrant I): electrical energy is transferred
from Vg side to V| side;

e Mode B (Quadrant II): electrical energy is transferred
from V7 side to Vg side.

Each mode has two states: “on” and “off.” Usually, each state
is operating in different conduction duty k. The switching
period is T where T = 1/f, where fis the switching frequency.
The switches are the power MOSFET devices. The parasitic
resistance of all switches is rs. The equivalent resistance of all
capacitors is r¢ and the equivalent voltage drop of all diodes
is Vp. Usually we select the three capacitors having same capac-
itance C = C; = C, = (5. Some reference data are useful:
rs = 0.03%2, rc = 0.029, and Vp = 0.5V, f = 5kHz, and
C = 5000 wE The switch’s status is shown in Table 14.5.

For Mode A, state-on is shown in Fig. 14.76a: switches
S; and S;p are closed and diodes Ds and Ds are con-
ducted. Other switches and diodes are open. In this case
capacitors Cy, C,, and C; are charged via the circuit Vy—
S1—C1-Ds5—Cy-Dg—C3-S10, and the voltage across capacitors
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TABLE 14.5 Switch’s status (the blank status means OFF)

Switch or diode Mode A Mode B

State-on State-off State-on State-off

S1 ON
D ON
ON
ON
ON
ON
ON
ON ON
ON

Ci, Gy, and G; is increasing. The equivalent circuit resistance
is Ran = (2rs + 3r¢) = 0.12 2, and the voltage deduction is
2Vp = 1V. State-off is shown in Fig. 14.76b: switches S,, S,
and Sy are closed and diodes Dg, Dg, and Djg are conducted.
Other switches and diodes are open. In this case capacitor
C1(Cy and G3) is discharged via the circuit Sp(S3 and S4)-
Vi-Dg(Dg and Djo)-Ci(C, and Cs), and the voltage across
capacitor C;(C, and Cs) is decreasing. Mode A implements
the current-amplification technique. The voltage and cur-
rent waveforms are shown in Fig. 14.76¢. All three capacitors
are charged in series during state-on. The input current flows
through three capacitors and the charges accumulated on the
three capacitors should be the same. These three capacitors are
discharged in parallel during state-off. Therefore, the output
current is amplified by three times.

F. L. Luo and H. Ye

The variation of the voltage across capacitor Cj is:

k(Veg —3Ve1 —2Vp)

AVCl =

fCRAN
_ 24k(1 = k)(Vyg — 3V, —5Vp)
N (2.4 + 0.6k)fCRAN

After calculation,

k(Vg —2Vp) +2.4(1 — k)(VL + Vp)

Ve =
¢l 2.4 + 0.6k

The average output current is

T
3 Ver— Vi — V)
I == / ic1(t)dt ~ 3(1 — k)~ —L— P
T RuF
The average input current is
— 3V =2V,
= — / ic1(t)dr ~ c—=b
Ran
Therefore, we have 31y = I.
Output power is
Ver— Vi =V,
Po=Vil =31 kv~ L= 7D
RyF

S1, S10, Ds, Dg Sy, S3, Sy, Dg,Dg, D1o On .
On Do
— 66— . X X ~
S, L+ | KT T t
Ci T - o1 § [ icz c3 3 Lo
o] DYy ioa o
C, . o
+ - + o+ + : :
Vi De—zr Vi C; +02 + 03 Vi \. \-
L+ ' Lo
— CG — — — . . »
- KT T

(@)
FIGURE 14.76

(©)

Mode A operation: (a) state-on; (b) state-off; and (c) voltage and current waveforms.
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(14.239)

(14.240)

(14.241)
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Input power

Vg —3Ve1 — Vp

Pr = Vylg = kVyg
Ran

(14.242)

The transfer efficiency is

Po 1—k3Vy Ver—VL—Vp Ran 3V

P_I_ k Vg Vg —3Vc1 — Vp Rar B Vi
(14.243)

na =

For Mode B, state-on is shown in Fig. 14.77a: switches Sg,
So, and Sj¢ are closed and diodes D,, D3, and D4 are con-
ducted. Other switches and diodes are off. In this case all three
capacitors are charged via each circuit Vi—-D,(and D3, Dyg)—
Ci(and G,, G3)-Sg(and So, S19), and the voltage across three
capacitors are increasing. The equivalent circuit resistance is
Rpn = 15+ r¢ and the voltage deduction is Vp in each circuit.
State-off is shown in Fig. 14.77b: switches Ss, Sg, and Sy are
closed and diode D is on. Other switches and diodes are open.
In this case all capacitors is discharged via the circuit V;-S;—
C3-S¢—C,—S5—C1—D1—VH, and the voltage across all capacitors
is decreasing. Mode B implements the voltage-lift technique.
The voltage and current waveforms are shown in Fig. 14.77c.
All three capacitors are charged in parallel during state-on.
The input voltage is applied to the three capacitors symmetri-
cally, so that the voltages across these three capacitors should be
same. They are discharged in series during state-off. Therefore,
the output voltage is lifted by three times.

The variation of the voltage across capacitor C is:

_ k(1 — k)[4(VL — Vp) — Vyl
fCRpN

Aver (14.244)

Sg, Sg, 810, D2, D3, D4 On

S7, SG' 85, D1 On

After calculation
1—k
Ver = k(Vp — Vp) + T(VH — Vi +Vp) (14.245)

The average input current is

kT T
1
I = T 3/ic1(t)dt+/ic1(t)dt
0 kT
Vi — Ve — Vi 3V, Vi — Vg — V)
%3kL C1 D+(1_k) a1+ VL H D
RBN RBF

(14.246)

The average output current is

T
1 3V, Vi — Vg =V,
IHz—fia(t)dm(l—k) it Vi Vi Vo
T Rpr
kT

(14.247)

From this formula, we have 41y = Ij.
Input power is

Pr=ViI;
Vi—Vec—V, 3Ve+ V=V -V,
=VL[3k 1=Ve=Vb c+Vi—Vu D]
BN Rpr
(14.248)
Output power is
3V, Vi — Vg —V,
Po = Vigly = Viy(1 — k)22 L= VHZ VD 4 540

Rpr

- N _a—a_”_a—a_”_o—a__”—[>|_ kTE T - ;t
D4 DSSL D, S7 C3 S¢ Co S5 Cy Dy Co f
A N .
+ + + + + +
03 CZ:: C1 l
A ~ Viooov,

3 N

(©

FIGURE 14.77 Mode B operation: (a) state-on; (b) state-off; and (c) voltage and current waveforms.
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The efficiency is

_Po  Vu

= = (14.250)
P 4Vy

B

14.8.2 Four-quadrant Switched-capacitor
DC/DC Luo-converter

Four-quadrant switched-capacitor DC/DC Luo-converter is
shown in Fig. 14.78. Since it performs the voltage-lift technique,
it has a simple structure with four-quadrant operation. This
converter consists of eight switches and two capacitors. The
source voltage V; and load voltage V> (e.g. a battery or DC
motor back EMF) are usually constant voltages. In this paper
they are supposed to be £21V and £14 V. Capacitors C; and
C, are same and C; = C, = 2000 wE The circuit equivalent
resistance R = 50m$2. Therefore, there are four modes of
operation for this converter:

1. Mode A: energy is converted from source to positive
voltage load; the first-quadrant operation, Qp;

2. Mode B: energy is converted from positive voltage load
to source; the second-quadrant operation, Qiy;

3. Mode C: energy is converted from source to negative
voltage load; the third-quadrant operation, Qq;

4. Mode D: energy is converted from negative voltage load
to source; the fourth-quadrant operation, Qyy.

The first-quadrant (Mode A) is so called the forward motor-
ing (Forw. Mot.) operation. Vi and V, are positive, and
I} and L, are positive as well. The second-quadrant (Mode
B) is so called the forward regenerative (Forw. Reg.) braking
operation. Vi and V, are positive, and I; and I, are negative.
The third-quadrant (Mode C) is so-called the reverse motor-
ing (Rev. Mot.) operation. V; and I; are positive, and V, and
I, are negative. The fourth-quadrant (Mode D) is so-called the
reverse regenerative (Rev. Reg.) braking operation. V| and I,
are positive, and I; and V), are negative.

Each mode has two conditions: V; > V, and V; < V; (or
| V2| for Qqp and Qry). Each condition has two states: “on” and

F. L. Luo and H. Ye

TABLE 14.6  Switch’s status (mentioned switches are not open)

Quadrant No.  Condition State Source side Load side
and mode
ON OFF

Ql, Mode A Vi>Vy 51,4,6,8 82,4,6,8 Vi+ Vo+
Forw. Mot. Vi<W S1,468 S2,4,7 L+ L+
QIL, Mode B Vi>VWV 52,4,6,8 S1,47 Vi+ o+
Forw. Reg. Vi<W S2468 Sia68 Ii— L—
QIII, Mode C Vi > |V sl,4,6,8 S3)5,6)g Vi+ Vo—
Rev. Mot. Vi <IVal S1a68 S357 L+ L—
QIV Mode D Vi>1IVal S3568 S147 Vi+ Vo—
Rev. Reg. Vi<IVal S3s6s8 Siaes I1— L+

“oft.” Usually, each state is operating in various conduction
duty k for different currents. As usual, the efficiency of all SC
DC/DC converters is independent from the conduction duty
cycle k. The switching period is T where T' = 1/f. The switch
status is shown in Table 14.6.

As usual, the transfer efficiency only relies on the ratio of
the source and load voltages, and it is independent on R, C, f,
and k. We select k = 0.5 for our description. Other values for
the reference are f = 5kHz, V1 = 21V, V, = 14V, and total
C = 4000 uE R = 50 mS2.

For Mode Al, condition V; > V, is shown in Fig. 14.78a.
Since V] > V,, two capacitors C; and C, are connected in
parallel. During switch-on state, switches S, Ss4, Sg, and Sg
are closed and other switches are open. In this case, capaci-
tors C1/C, are charged via the circuit V1-S;-C1/C,-Sy4, and
the voltage across capacitors C; and C; is increasing. During
switch-off state, switch Sy, Sy, Sg, and Sg are closed and other
switches are open. In this case capacitors C;/C, are discharged
via the circuit Sp—V>-S4—C1/ C;, and the voltage across capac-
itors C; and G, is decreasing. Capacitors C; and C, transfer
the energy from the source to the load.

The average capacitor voltage

Ve=kVi+ 10 -KkV, (14.251)

A

v,

S4

FIGURE 14.78 Four-quadrant sc DC/DC Luo-converter.
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(ii) (iii)

FIGURE 14.78a Mode Al (QI): forward motoring with V; > V,: (i) switch on: S;, S4, S¢, and Sg on; (ii) switch off: Sz, S4, Se, and Sg, on; and

(iii) waveforms.

The average current is

Vz

= —/zc(t)dt (- (14.252)

and

1 (. Vi—Vc
I = ?/1c(t)dt ~ le (14.253)
The transfer efficiency is
P, 1—kV, Ve =V, 1%
Al = — 2z 2 _2 (14.254)

Pk iVi—Ve W

For Mode A2, condition Vi < V; is shown in Fig. 14.78b.
Since V7 < V3, two capacitors C; and C, are connected in
parallel during switch on and in series during switch off. This
is so-called the voltage-lift technique. During switch-on state,
switches S;, S4, S¢, and Sg are closed and other switches are
open. In this case, capacitors C;/C, are charged via the circuit

V1-S1—C1/ C,-S4, and the voltage across capacitors C; and C,
is increasing. During switch-off state, switches S,, S4, and S7
are closed and other switches are open. In this case, capacitors
C; and G, are discharged via the circuit S;—V,-S4—C1-S7—-C,,
and the voltage across capacitor C; and C, is decreasing.
Capacitors C; and G, transfer the energy from the source to
the load.
The average capacitor voltage is

0.5V + V-
Ve 221t 2, (14.255)
2.5
The average current is
1%
= —fzc(t)dt (1 —k)—2 (14.256)
and
kT
1

- ?/ic(t)dt ~ k (14.257)

0

Vi . . .
—oS1 O S ¢ — 1 V
Se T + + A
L ' '
+ . . . »
¢ S7 C, Ss : — >
vi_| + Vo Sg V, v, | KT T
IE \! h k
S4 - - S4 T >
) = X

(i) (iii)

FIGURE 14.78b Mode A2 (QI): forward motoring with V1 < V,: (i) switch on: S;, S, Se, and Sg, on; (ii) switch off: S, S4, and S7, on; and

(iii) waveforms.
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v

ic1

v

(i)
FIGURE 14.78c Mode B1 (QII): forward regenerative braking with V;
on; and (iii) waveforms.

The transfer efficiency is

Po_l—szZVc—Vz_ Vv,
P] o k V1 Vl—VC _2V1

N2 = (14.258)

For Mode B1, condition V; > V; is shown in Fig. 14.78c.
Since V1 > V;, two capacitors C; and C, are connected in
parallel during switch on and in series during switch off.
The voltage-lift technique is applied. During switch-on state,
switches S, S4, Sg, and Sg are closed. In this case, capaci-
tors C1/C, are charged via the circuit V,-S,—C/C,-S4, and
the voltage across capacitors C; and G, is increasing. During
switch-off state, switches Sy, S4, and S7 are closed. In this case,
capacitors C; and C, are discharged via the circuit S;—V;—
S4—C—S;—Cy, and the voltage across capacitor C; and G, is
decreasing. Capacitors C; and C, transfer the energy from the
load to the source. Therefore, we have b, = 21;.

The average capacitor voltage is

0.5V, + V.
Ve = 225 L 112 (14.259)
_T_o—o_i._ _
. S5 c, S, ¢ | V+ Ss ¢
C1 \Y V.
Vo e Sg - 2

(i) (iii)

> V5: (i) switch on: S;, S4, Sg, and Sg, on; (ii) switch off; Sy, S4(Ss), and S

The average current is

v
= —/1C(t)dt ~(1— k) ! (14.260)
and
kT
1 [, Vs — Ve
b= / ic(t)dt ~ kZT (14.261)
0
The transfer efficiency is
Po 1—kVi2Ve—V, V,
g = — = A8 b ACAniS (14.262)

2 k Vs Vi—Ve 2V,

For Mode B2, condition V; < V; is shown in Fig. 14.78d.
Since V1 < V,, two capacitors C; and C, are connected in
parallel. During switch-on state, switches S, S4, S¢, and Sg are
closed. In this case, capacitors C;/ C, are charged via the circuit

V2=8,—C1//C—S4, and the voltage across capacitors C; and C,

Vel A

v

'\f \

FIGURE 14.78d
Sg on; and (iii) waveforms.

k

(i) (iii)

Mode B2 (QII): forward regenerative braking with V; < V3: (i) switch on: Sz, S4, Se, and Sg, on; (ii) switch off: Sy, S4(Ss), Se, and
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is increasing. During switch-off state, switches Sy, S4, S, and
Ss are closed. In this case capacitors C;//C; is discharged via the
circuit S;—V1-S4—C1/C,, and the voltage across capacitors C
and G, is decreasing. Capacitors C; and C, transfer the energy
from the load to the source. Therefore, we have I, = I;.

The average capacitor voltage is

Ve=kvVa+(1—-kW (14.263)
The average current is
-V
S / ic(t)dt ~ (1 — k) ! (14.264)
and
_v
= —/1C(t)dt ~ 2= Ve (14.265)
The transfer efficiency is
P 1—kV